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Preface

Owing to rapidly increasing energy costs and global interest in reducing carbon
dioxide emissions, electric motors have recently become one of the most impor-
tant prime movers that produce mechanical power. Recently, in many mechanical
systems, traditional prime movers such as a hydraulic system, a steam turbine, a
gas turbine, and an internal combustion engine are being rapidly replaced by elec-
tric motor drive systems, which are more efficient, controllable, and environment-
friendly. Currently, electric motor drive systems are playing an important role in
improving convenience in many areas of our lives including home appliances,
office machines, transportation, and industrial machines.

The main aim of this book is to introduce practical drive techniques of electric
motors for supporting stable, efficient control of such application systems, cover-
ing basic principles to high-performance motor control techniques.

Nowadays, the most widely used motors are classic direct current (DC) and
alternating current (AC) motors (induction motor and synchronous motor).
Besides these motors, there is a brand new brushless direct current (BLDC)
motor. To control these motors efficiently, we will do a comprehensive study of
fundamental operating principles, driving methods of electric motors, related con-
trol theories, and power converters for driving a motor. Many people do not have
the background knowledge in these areas and may need to obtain these contents
from various books. Therefore, this book is designed optimally for studying these
contents at once and easy learning of difficult control principles. Furthermore,
this book provides simulation examples for key subjects using MATLAB/
Simulink tool and offers practical control techniques for industrial motor drive
applications currently in use.

This book is the English version of my book titled DC, AC, BLDC Motor
Control, which was first published in August 2007, in Korean. This book is based
on my wide research experience in the electric motor control field over the past
20 years. During 20 years of teaching at my university, I realized that many stu-
dents struggled with mastering the control of electric motors due to the complex-
ity and difficulty of existing textbooks. Therefore, the main goal of this textbook
was to address this issue by presenting the material in a straightforward way for
the students to understand. As a result, this book gained popularity, and I received
many appreciation letters from students and engineers after publishing the book,
expressing gratitude for presenting the material well. I have also been invited
many times to speak at seminars regarding the materials presented in the book.

The contents of this book are as follows.

Chapter 1, Fundamentals of electric motors, introduces the fundamental oper-
ating principle needed to understand electric motors and describes clear differ-
ences among the motors by comparing their operating principles.

Chapter 2, Control of direct current motors, describes DC motors, which used
to be the typical motor for speed control and torque control, and the concept of
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torque control for DC motors, which will be helpful for understanding the vector
control for torque control of AC motors. Furthermore, this chapter goes into detail
about the design of the current and speed controllers of DC motors, which is read-
ily applicable to the current and speed controllers of AC motors.

Chapter 3, Alternating current motors: synchronous motor and induction
motor, discusses the basic characteristics of AC motors, including synchronous
and induction motors, which are widely used for industrial motors. These charac-
teristics can provide a basis for studying high-performance motor control, which
will be described later in the book.

Chapters 4—8 discuss the high-performance motor control systems of AC
motors for industrial motor drive applications as follows:

Chapter 4, Modeling of alternating current motors and reference frame
theory—the modeling of AC motors and d—gq reference frame theory for control
of AC motors,

Chapter 5, Vector control of alternating current motors—the concept of the
vector control and its implementation for AC motors,

Chapter 6, Current regulator of alternating current motors—the design of cur-
rent controller for the vector control system,

Chapter 7, Pulse width modulation inverter—the PWM inverter and its various
techniques for AC motor drives,

Chapter 8, High-speed operation of alternating current motors—the field-
weakening control for high-speed operations of AC motors.

Chapter 9, Speed estimation and sensorless control of alternating current
motors, describes the position/speed sensors and speed estimation required for the
motor control. In additional, sensorless control, which is a state-of-the-art tech-
nique in the motor control area, is explored briefly.

Chapter 10, Brushless direct current motors) deals with BLDC motors, which
are not classical motors but mostly used in small motor drive systems. The opera-
tion principle, drive methods, PWM methods, and sensorless control schemes of
BLDC motors are also explored in detail.

Chapters 1—3, and 10 will be adequate for providing technical background of
motor control for undergraduates in a one-semester course, while Chapters 4—9
will be suitable for graduate students and engineers with the necessary back-
ground for understanding high-performance motor control systems.

I am certain that this book will be able to equip one with complete techniques
for controlling electric motors required for industrial applications.

The companion web site of the book can be found at: https://www.elsevier.
com/books-and-journals/book-companion/9780128121382

Sang-Hoon Kim
Seoul, November 2016
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CHAPTER

Fundamentals of electric
motors

A moving object that has either a linear motion or rotary motion is powered by a
prime mover. A prime mover is an equipment that produces mechanical power by
using thermal power, electricity, hydraulic power, steam, gas, etc. Examples of
the prime mover include a gas turbine, an internal combustion engine, and an
electric motor. Among these, the electric motors have recently become one of the
most important prime movers and their use is increasing rapidly. Nearly 70% of
all the electricity used in the current industry is used to produce electric power in
the motor-driven system [1].

Electric motors can be classified into two different kinds according to the type
of the power source used as shown in Fig. 1.1: direct current (DC) motor and
alternating current (AC) motor. The recently developed brushless DC motor is
hard to be classified as either one of the motors since its configuration is similar
to that of a permanent magnet synchronous motor (AC motor), while its electrical
characteristics are similar to those of a DC motor.

The first electric motor built was inspired by Michael Faraday’s discovery of
electromagnetic induction. In 1831, Michael Faraday and Joseph Henry simulta-
neously succeeded in laboratory experiments in operating the motor for the first
time. Later in 1834, M. Jacobi invented the first practical DC motor. The DC
motor is the prototype of all motors from the viewpoint of torque production. In
1888, Nikola Tesla was granted a patent for his invention of AC motors, which
include a synchronous motor, a reluctance motor, and an induction motor. By
1895, the three-phase power source, distributed stator winding, and the squirrel-
cage rotor had been developed sequentially. Through these developments, the
three-phase induction motors were finally made available for commercial use in
1896 [2].

Traditionally among the developed motors, DC motors have been widely used
for speed and position control applications because of the ease of their torque
control and excellent drive performance. On the other hand, induction motors
have been widely used for a general purpose in constant-speed applications
because of their low cost and rugged construction. Induction motors account for
about 80% of all the electricity consumed by motors.

Until the early 1970s, major improvement efforts were made mainly toward
reducing the cost, size, and weight of the motors. The improvement in magnetic
material, insulation material, design and manufacturing technology has played a

Electric Motor Control. DOI: http://dx.doi.org/10.1016/B978-0-12-812138-2.00001-5
© 2017 Elsevier Inc. All rights reserved.



http://dx.doi.org/10.1016/B978-0-12-812138-2.00001-5

2 CHAPTER 1 Fundamentals of electric motors

Permanent magnet |

Wound field

Separately excited

—1{ DC
| Self-excited
|
|
|
|
|
Electic r- Brushless DC BLACmoto
motors }
|
1
! SPM
|
|
(B
Synchronous Synchronous
reluctance
Switched
— AC reluctance
Wound rotor |
|| Asynchronous
(induction motor)
Squirrel-cage rotor
FIGURE 1.1

Classification of electric motors: AC motor and DC motor.

major role and made a big progress. As a result, a modern 100-hp motor is the
same size as a 7.5-hp motor used in 1897. With the rising cost of oil price due to
the oil crisis in 1973, saving the energy costs has become an especially important
matter. Since then, major efforts have been made toward improving the efficiency
of the motors. Recently, rapidly increasing energy costs and a strong global inter-
est in reducing carbon dioxide emissions have been encouraging industries to pay
more attention to high-efficiency motors and their drive systems [1].

Along with the improvement of motors, there have been many advances in
their drive technology. In the 1960s, the advent of power electronic converters
using power semiconductor devices enabled the making of motors with operation
characteristics tailored to specific system applications. Moreover, using microcon-
trollers with high-performance digital signal processing features allowed the engi-
neers to apply advanced control techniques to motors, greatly increasing the
performance of motor-driven systems.



1.1 Fundamental Operating Principle of Electric Motors

FUNDAMENTAL OPERATING PRINCIPLE
OF ELECTRIC MOTORS

CONFIGURATION OF ELECTRIC MOTORS

An electric motor is composed of two main parts: a stationary part called the
stator and a moving part called the rofor as shown in Fig. 1.2. The air gap
between the stator and the rotor is needed to allow the rotor to spin, and the
length of the air gap can vary depending on the kind of motors.

The stator and the rotor part each has both an electric and a magnetic circuit.
The stator and the rotor are constructed with an iron core as shown in Fig. 1.3,
through which the magnetic flux created by the winding currents will flow and
which plays a role of supporting the conductors of windings. The current-carrying

(A) (B) ©)

Conductors

FIGURE 1.2

Configuration of electric motors. (A) DC motor, (B) AC synchronous motor, and (C) AC
induction motor.

Iron core

Rotor
Stator

Stator sheet Conductors Rotor sheet

FIGURE 1.3

Electric and magnetic parts of electric motors.
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conductors inserted into slots in the iron core form the electric circuit. When the
current flows in these conductors, a magnetic field is created through the iron
core, and the stator and the rotor each becomes an electromagnet.

To obtain a greater magnetic flux for a given current in the conductors, the
iron core is usually made up of ferromagnetic material with high magnetic perme-
ability, such as silicon steel. In some cases, the stator or the rotor creates a mag-
netic flux by using a permanent magnet.

BASIC OPERATING PRINCIPLE OF ELECTRIC MOTORS

All electric motors are understood to be rotating based on the same operating
principle. As shown in Fig. 1.4A, there are generally two magnetic fields formed
inside the motors. One of them is developed on the stationary stator and the other
one on the rotating rotor. These magnetic fields are generated through either ener-
gized windings, use of permanent magnets, or induced currents. A force produced
by the interaction between these two magnetic fields gives rise to a torque on the
rotor and causes the rotor to turn. On the other hand, some motors, such as the
reluctance motor, use the interaction between one magnet field and a magnetic
material, such as iron, but they cannot produce a large torque (Fig. 1.4B). Most
motors in commercial use today including DC, induction, and synchronous motors
exploit the force produced through the interaction between two magnetic fields to
produce a larger torque.

The torque developed in the motor must be produced continuously to function
as a motor driving a mechanical load. Two motor types categorized according to
the used power source, i.e., DC motor and AC motor, have different ways of
achieving a continuous rotation. Now, we will take a closer look at these methods
for achieving a continuous rotation.

A) ®)

Stator
magnetic field

Rotor

Magnetic
magnetic field J

material

FIGURE 1.4

Rotation of electric motors. (A) Two magnetic fields and (B) one magnetic field and
magnetic material.




1.1 Fundamental Operating Principle of Electric Motors

1.1.2.1 Direct current motor

The simple concept for the rotation of a DC motor is that the rotor rotates by
using the force produced on the current-carrying conductors placed in the mag-
netic field created by the stator as shown in Fig. 1.5A. Alternatively, we can con-
sider the operating principle of a DC motor from the viewpoint of two magnetic
fields as shown in Fig. 1.4A as follows.

There are two stationary magnetic fields in a DC motor as shown in Fig. 1.5B.
One stationary magnetic field is the stator magnetic field produced by magnets or
a field winding. The other is the rotor magnetic field produced by the current in
the conductors of the rotor. It is important to note that the rotor magnetic field is
also stationary despite the rotation of the rotor. This is due to the action of
brushes and commutators, by which the current distribution in the rotor conduc-
tors is always made the same regardless of the rotor’s rotation as shown in
Fig. 1.5A. Thus the rotor magnetic field will not rotate along with the rotor.
A consistent interaction between these two stationary magnetic fields produces a
torque, which causes the rotor to turn continuously. We will study the DC motor
in more detail in Chapter 2.

1.1.2.2 Alternating current motor

Unlike DC motors that rotate due to the force between two stationary magnetic
fields, AC motors exploit the force between two rotating magnetic fields. In AC
motors both the stator magnetic field and the rotor magnetic field rotate, as shown
in Fig. 1.6.

As it will be described in more detail in Chapter 3, these two magnetic fields
always rotate at the same speed and, thus, are at a standstill relative to each other
and maintain a specific angle. As a result, a constant force is produced between
them, making the AC motor is to run continually. The operating principle of the

(A) (B)

Rotor
magnetic field

Stator
magnetic field

Field
winding
\ e N u:;_-:»" No position
= ] \/‘1 change of rotor |
FIGURE 1.5

Operating principle of the DC motor. (A) Rotor current and stator magnetic field and
(B) two magnetic fields.
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FIGURE 1.6
Operating principle of the AC motor.

AC motor is that the force produced by the interaction between the two rotating
magnetic fields causes the rotor to turn.

In AC motors, the rotating magnetic field on the stator is created by three-
phase currents. When a three-phase AC power source is applied to the three-phase
stator windings of the AC motor, the three-phase currents flowing in these wind-
ings create a rotating magnetic field. We will examine the rotating magnetic field
in more detail in Chapter 3.

There are two kinds of AC motors: a synchronous motor and an induction
(asynchronous) motor. They generate the rotor magnetic field differently, whereas
they generate the stator magnetic field in the same way. In a synchronous motor as
depicted in Fig. 1.2B, the magnetic field on the rotor is generated either by a per-
manent magnet or by a field winding powered by a DC power supply separated
from the stator AC power source. In this motor, the rotor magnetic field is station-
ary relative to the rotor. Hence, to produce a torque, the rotor should rotate at the
same speed as the stator rotating magnetic field. This speed is called the synchro-
nous speed. This is why this motor is referred to as the synchronous motor.

On the other hand, in an induction motor as shown in Fig. 1.2C, the rotor
magnetic field is generated by the AC power. The AC power used in the rotor
excitation is transferred from the stator by electromagnetic induction. Because of
this crucial feature, this motor is referred to as the induction motor. In an induc-
tion motor, the rotor magnetic field rotates relative to the rotor at some speed. To
produce a torque, the stator and the rotor rotating magnetic fields should rotate at
the same speed. This requires that the rotor itself rotate at the speed difference
between the stator and rotor rotating magnetic fields. More precisely, the rotor
rotating magnetic field rotates at the speed difference between the stator rotating
magnetic field and the rotor. To use the rotor excitation by electromagnetic induc-
tion, the rotor speed should always be less than the synchronous speed. Thus the
induction motor is also called the asynchronous motor.

Among the motors, DC motors have largely been used for speed and torque
control because of their simplicity. Their simplicity comes from the fact that the
speed of a DC motor is proportional to the voltage, and its torque is proportional



1.2 Requirements for Continuous Torque Production

to the current. However, since DC motors require periodic maintenance of the
brushes and commutators, the trend has recently moved toward employing
maintenance-free AC motors as they can offer high performance at a reasonable
price.

As mentioned earlier, electric motors can operate on the fundamental principle
that the torque produced from the interaction between the magnetic fields gener-
ated in the stator and the rotor causes the motor to run. Now, we will take a look
at the requirements that ensure continuous torque production by the motor.

REQUIREMENTS FOR CONTINUOUS TORQUE
PRODUCTION [3]

An electric motor is a type of electromechanical energy conversion device that
converts electric energy into mechanical energy. The principle of torque produc-
tion in a motor can be understood by analyzing its energy conversion process.
Electromechanical energy conversion devices normally use the magnetic field as
an intermediate in their energy conversion processes. Thus an electromechanical
energy conversion device is composed of three different parts: the electric system,
magnetic system, and mechanical system as shown in Fig. 1.7.

Now, we will examine the mechanism of torque production of a motor by
looking at how the force (or torque) is being produced inside the electromechani-
cal energy conversion device.

To evaluate the force (or torque) produced inside the energy conversion devices,
we will apply the law of conservation of energy: “within an isolated system, energy
can be converted from one kind to another or transferred from one place to another,
but it can neither be created nor destroyed.” Therefore the total amount of energy
is constant. Fig. 1.8 shows an application of the law of conservation of energy
when the electromechanical energy conversion device is acting as a motor.

Suppose that electric energy dW, is supplied to the energy conversion device
during the differential time interval dr. The supplied electric energy dW, is con-
verted to field energy dW; in the magnetic system, and to mechanical energy dW,
in the mechanical system.

Electric system Magnetic system Mechanical system

Electric Magnetic Mechanical

energy energy energy

Electromechanical energy conversion device

FIGURE 1.7

Electromechanical energy conversion.
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8 CHAPTER 1 Fundamentals of electric motors
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FIGURE 1.8
Equation of energy conservation for a motor.

Magnetic flux
---------- o ¢
i

c\\\>

T TP A=N¢

a i [P —1— lron
o— P core

Coil
-

FIGURE 1.9

Coil wound on an iron core.

In addition a small amount of electric energy dW, is converted into losses in
each of the three parts: copper losses in an electric system, core losses such as
hysteresis and eddy current losses in a magnetic system, and mechanical losses
such as friction and windage losses. Since these losses may be dissipated in the
form of heat or noise, we can leave out these losses in the process of evaluating
the force or torque production in the energy conversion process. Therefore the
energy conversion equation in Fig. 1.8 may be written as

dW, = dW; + dW,, (1.1)

MAGNETIC ENERGY

In electric machines, including a motor, the magnetic flux is normally produced
by the coil wound on an iron core as shown in Fig. 1.9. Because ferromagnetic
materials such as an iron core have high permeability, much greater magnetic
flux can be developed in the iron core for a given current than when the magnetic
flux is developed in the air. Now, we will take a look at magnetic energy Wy
stored in the magnetic system, where magnetic flux ¢ is developed in the iron
core as shown in Fig. 1.9.
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Flux—current characteristic.

First, we need to know the relationship between the magnetic flux ¢ produced
in the core and the coil current i in this magnetic system. Fig. 1.10 demonstrates
this relationship, which is the B-H characteristic called magnetization curve.
In the beginning of the curve, the magnetic flux ¢ increases rapidly in proportion
to the increase in the coil current i until it reaches a certain value. The region
where the magnetic flux is linearly related to the applied current like this is called
the linear region or unsaturated region.

However, above that certain value, further increases in the current produce rel-
atively smaller increases in the magnetic flux. Eventually an increase in the cur-
rent will produce almost no change at all in the magnetic flux. The region where
the curve flattens out is called the saturation region, and the iron core is said to
be saturated. When the saturation occurs, any further increase in the current will
have little or no effect on the increase of the flux. In electric machines, the mag-
netic flux is designed to be produced as much as possible because their torque is
directly proportional to the magnetic flux. Thus most electric machines normally
operate near the knee of the magnetization curve, which is the transition range
between the two regions.

Electric machines produce the magnetic flux by using coils, which normally
consist of many turns. Thus, instead of the magnetic flux ¢, the concept of flux
linkage A as a product of the number of turns N and the magnetic flux ¢ linking
each turn is introduced. The flux linkage of N-turn coil can be given by

A=N¢ (Wb-turns) (1.2)

The flux linkage A can also be related to the coil current i by the definition of
inductance L through the following relation.
L=2 =N (H or Wb/A) (1.3)
1
A larger inductance value of the magnetic system implies that the same cur-

rent can produce a larger flux linkage. Eq. (1.3) shows that the slope of the curve
in Fig. 1.10 is the inductance of this magnetic system as shown in Fig. 1.11.

9



10 CHAPTER 1 Fundamentals of electric motors
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FIGURE 1.12

Flux—current characteristic according to the variation of an air-gap length.

The inductance is large and relatively constant in the unsaturated region but grad-
ually drops to a very low value as the core becomes heavily saturated.

Now, we will take a look at magnetic energy Wy stored in the magnetic sys-
tem, where magnetic flux ¢ is developed in the iron core as shown in Fig. 1.12.

The A\ — i characteristic of the magnetic system varies with the air-gap length
x. Thus the inductance L(x) of the coil is expressed as a function of the air-gap
length x. As the air-gap length x increases, the slope of the A —i curve becomes
smaller and results in smaller inductance as shown in Fig. 1.12.

The inductance L of the magnetic system is inversely related to its reluctance
R, which is defined as the ratio of magnetomotive force (mmf) F( = Ni) to mag-
netic flux ¢, as in the following relation.

L="="T=—ox_— (F=R¢=Ni) (1.4)

Now, assume that the source voltage v is applied to the terminals of the
N-turn coil on the iron core during df as shown in Fig. 1.13. Then, the current i
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FIGURE 1.13
Magnetic system connected to source voltage.

will flow in that coil. The resulting mmf F( = Ni) will produce a magnetic flux ¢
in the core and establish flux linkage A( = N¢) in the coil. Now, we will discuss
the energy stored in the magnetic system.

MAGNETOMOTIVE FORCE (MMF) AND MAGNETIC FLUX

Magnetic flux ¢ is indispensable in producing torque in motors. The force that is capable of
producing a magnetic flux is called magnetomotive force or mmf F. In general, mmf is generated
by current, so the source of magnetic flux is the current. When the current / is flowing through an
N-turn coil, the mmf F is expressed by NI (A-turn), i.e., F = NI. For a given mmf, the magnitude
of the developed flux depends on the length of the closed-path through which the flux passes. The
longer the length, the lower the flux density will be. Thus the magnetic field intensity H, which
represents mmf per length, will be used instead of the mmf.
mmf = F = NI = ii;Hdl - H= @ = ¥ (A/m)

Also, for a given magnetic field intensity, the flux density will be different depending on the
material through which the flux passes. For example, high flux density can be created in iron or
steel but not in air gap as in the following figure.

(o}

By = 1yH <<B, = o1, H

This magnetic characteristic can be described in terms of relative permeability y, in reference
to permeability 1, of free space. Thus the magnetic flux density B produced by the current can be
represented as

B= o, (Wh/m’)

(Continued)

11



12 CHAPTER 1 Fundamentals of electric motors

MAGNETOMOTIVE FORCE (MMF) AND MAGNETIC FLUX (CONTINUED)

The total magnetic flux flowing through the cross section A of a magnetic circuit in an
uniform magnetic flux density B can be expressed as

10} :J B - ndA = BAcos § (Wb)
A

where 6 is the angle between the magnetic field lines and the surface A. Similar to the relation
between the current and the voltage by Ohm’s law in the electric circuit, there is a following
relationship between the mmf F and the flux ¢ in the magnetic circuit.

F=R¢

where R is called reluctance and is inversely proportional to permeability.

In the system of Fig. 1.13, the electric energy dW, supplied during the differ-
ential time interval is expressed from input power P( = vi) as

dW, = Pdt = vidt (1.5)

The supplied electric energy after subtracting the copper loss produced by cur-
rent in the coil is stored as the magnetic field energy. i.e.

dWy = (vi — Ri®)dt = (vi — Ri)dt = eidt (1.6)

where e is back-EMF voltage induced in the coil.
Since the back-EMF voltage e on the N-turn coil is proportional to the rate of
change of flux linkage A with time, i.e., e = d\/dt, Eq. (1.5) can be given by

AWy = eidt = id\ (1.7)

When the flux linkage is increased from zero to A, the total energy stored in
the magnetic system is

A
dW; = | id\ (1.8)
Jo

This magnetic energy is the area to the left of the A —i curve as shown
in Fig. 1.14. On the other hand, the area to the right of A —i curve is known as
coenergy Wy, which is a useful quantity for the calculation of force and can be
expressed as

A
W= J Adi (1.9)
’ 0

For the linear system in which the A —i curve is a straight line, the magnetic
energy is equal to the coenergy. The magnetic system that has an air gap in the
flux path becomes a linear system.
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system.

BACK-ELECTROMOTIVE FORCE (BACK-EMF), OR INDUCED VOLTAGE e

Faraday’s law states that the voltage e induced in the turn of a coil is directly proportional to the rate of
change in the flux ¢ passing through that turn with respect to time. If there are N turns in the coil and
the same flux passes through each turn of the coil, then the total voltage induced on the coil is given by

dé _ d\

a4t dr

According to Lenz’s law, the direction of the induced voltage opposes the change of the flux
that causes it, and thus a minus sign is included in the equation above.

LINEAR MOTION DEVICE

Now, we will look at the force developed inside a movable energy conversion
device. Before looking into rotating machines, we will first study the linear

motion device, which consists of a fixed part (also called stator) and a moving
part as shown in Fig. 1.15.
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FIGURE 1.16
Movement of the movable part.

If a magnetic flux is produced by the current flowing through the coil of N
turns in this device, then, as seen in everyday experiences, we can easily know
that the movable part will move toward the stator as shown in Fig. 1.16. Now, we
will discuss the force that causes this motion.

The current I of the coil is assumed to remain the same before and after the
movable part moves. Suppose that the movable part moves from position x; to
position x;. The length of the air gap is changed as a result of the movement.
This also changes the A —i characteristic of the system as shown in Fig. 1.17.
The air gap decreases according to the movement, resulting in a decrease of reluc-
tance so that the flux linkage increases from A; to \,. The operating point
will move from A to B. The trajectory of the movement depends on the moving
speed. So, we will find the force acting on the movable part for the two extreme
moving speeds.
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FIGURE 1.17

Flux linkage—current characteristic (rapid movement of the movable part).

First, suppose that the movement occurs very rapidly. In this case, the move-
ment is so rapid that it may be completed before any significant change has
occurred in flux linkage A. Thus, during the movement, the flux linkage )\, remains
constant so that the operating point moves from A to C as shown in Fig. 1.17.

After the completion of the movement, the flux linkage will be changed from
A1 to X, and the operating point will move from C to B. During the movement,
the flux linkage does not change and this results in zero back-EMF, so the electri-
cal energy input will be zero, i.e. dW, = eidt = id\ = 0. Therefore Eq. (1.1) can
be written as

dw,, = — dw; (1.10)

This equation indicates that the mechanical energy needed for the movement
is supplied entirely by the magnetic energy. The amount of the reduced magnetic
energy for the movement corresponds to the shaded area OAC of the A\ —i
characteristic.

Considering the force to be defined as the mechanical work done dW,, per
displacement dx, the developed force during this movement from Eq. (1.10) is

_aW,, _ dW(i,»)

fo= S =

1.11
dx dx ( )

A=constant

This implies that the force acts in the direction at which the magnetic energy
of the system is decreasing.

Now, we will express the force of Eq. (1.11) in terms of the coil current.
Assume for simplicity that the A\ — i characteristic is linear. The magnetic energy
of Eq. (1.8) can be expressed as

oA N
W, = sz/\—deA—ZL(x) -

1 2
3 L(x)i (1.12)
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By substituting Eq. (1.12) into the force of Eq. (1.11), we obtain

__d(x
A=constant dx 2L(x)

N dL) 1 ,dL(x)
T 2I2(x) dx !

_dW(i,x)
dx

Jn=

A=constant (113)

2" T dx

Eq. (1.18) indicates that the force acts in the direction that increases the
inductance of the magnetic system. Since the direction that increases the induc-
tance is the direction that decreases the length of the air gap, the force is exerted
on the movable part moving toward the stator.

From this, we can explain the attractive force between an electromagnet (or
magnet) and magnetic materials. When an electromagnet and a magnetic material
cling to each other without an air gap, the system has the greatest inductance.
Thus an attractive force between the two objects is developed to move them
toward each other.

Next, suppose that the movable part moves very slowly. In this case, the
current [ = (v —e)/R remains constant during the movement. This is because
the back-EMF e( = d)\/dr) is negligibly small. Therefore the operating point on
the A — i characteristic moves upward from A to B as shown in Fig. 1.18.

During this movement the change in the electric energy is given by

dW, = eidt = idA =i\ — A1) (1.14)

This corresponds to the area ABEF. In this case, the amount of change in the
stored magnetic energy from Eq. (1.8) is given by

A2 A
AWy = J id\ — J id\ = Area OBE — Area OAF (1.15)
0 0

Air gap decrease

“-» Constant current
during movement

T Coenergy
dW]}

\J

FIGURE 1.18

Flux linkage—current characteristic (very slow movement of the movable part).
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Therefore, from Eq. (1.1), the mechanical energy required for the movement is
dW,, = dW, — dW; (1.16)

By substituting Eqs. (1.14) and (1.15) into Eq. (1.16), it can be readily seen
that the mechanical energy corresponds to the shaded area OAB of the A — i char-
acteristic and is equal to the increments of coenergy dW}. Consequently, the used
mechanical energy for the movement is equal to the increments of coenergy dWJQ
during the movement as shown in the following.

dwW,, = dW, (1.17)
Therefore the developed force during this movement is

_aw,, _dWi(i,x)
dx dx

S (1.18)

i=constant

This force acts in the direction of the increasing coenergy of the system.

The force for a slow movement is expressed in the same way as for a rapid
movement. For a linear system dWy = dWy, by substituting Eq. (1.12) into (1.18),
we obtain

_ de’»(i,x) _ dWs(i, x)
" dx i=constant dx i=constant
s L (1.19)
L(x
=" 2L 2 —__2
dx<2 (x)’) o 2" Tdx

This is the same conclusion as was reached in Eq. (1.13), meaning that the
force is the same regardless of the moving speed.

This force can also be expressed in terms of the reluctance R. The magnetic
energy of Eq. (1.8) expressed as a function of reluctance R is

A . o 4 1 2
Wy = Jo id\ = Jo Fdp = Jo Rodp = E?{(x)(zﬁ (1.20)

From Eq. (1.20), the force of Eq. (1.11) is

__4d(1 2 __ 1 ,dRM)
fm - dx (2 m(X)¢ ) Lconstam 2 ¢ dx (121)

This means that the force acts in the direction that decreases the reluc-
tance of the magnetic system. Since the decrease in the air-gap length causes
the reluctance to decrease, the force is exerted on the movable part moving
toward the stator. Next, we will discuss the torque production in rotating
machines.

17
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ROTATING MACHINE

We will first start examining the machine in Fig. 1.19, which produces a rota-
tional motion. The rotating machine consists of a fixed part (called stator) and a
moving part (called rotor).

The rotor is mounted on a shaft and is free to rotate between the poles of the
stator.

The force that causes a rotor to rotate can be expressed as torque, which is the
mechanical work done per rotational distance or angle 6 as follows:

dW,,
T=—+ 1.22
70 (1.22)

In the machine shown in Fig. 1.18, when current i; flows in the stator coil, a
magnetic flux is produced, and the developed torque from Eqs. (1.12) and (1.22)
acting on the rotor can be expressed as

_1,dL@) _ 1 ,dR(6)
“2%Ta0 T 29 a0

This torque results from the variation of reluctance (or inductance) with rotor
position, and thus is called the reluctance torque. A machine using this torque is
known as the reluctance motor. For motors of a cylindrical rotor configuration,
since the reluctance does not vary with the rotor position, the reluctance torque
cannot be produced.

Now, we will take a look at the necessary condition for ensuring that this machine
continuously rotates to serve as a motor. First of all, it is not hard to consider that, if
there is a DC current flowing in the coil, this machine never operates as a continu-
ously rotating motor. Therefore we will consider the case in which the winding is
excited from an AC current i;( = I,,cosw;t). In this case, the torque of Eq. (1.23) can
be expressed in terms of the stator current i; and the stator self-inductance Ly, as

_ 1 ,dLy()

T2 ag
where the inductance Lg( = \;/iy) is defined as the ratio of the total flux linkage
A in the stator coil to the stator current i; generating the flux.

(1.23)

(1.24)

Power
supply

FIGURE 1.19

Rotating machine.
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FIGURE 1.20

Self-inductance Lgs profile with respect to the rotor position.

The self-inductance Ly in the machine of Fig. 1.19 varies with the angular
position 6 of the rotor as shown in Fig. 1.20.

There are two cycles of inductance during one revolution of a rotor. When
0 = 0°, the air gap is the smallest and the inductance Ly becomes the maximum
value Ly,x. When 6 =90°, the air gap is the largest and the inductance becomes
the minimum value Lp;,. In this way, the stator self-inductance Ly, varies with the
rotor position 6 in a sinusoidal manner and can be expressed as

Ly (6) =Ly + L, cos 20 (1.25)
where Ly= (Lmax + Lmin)/2> L, = (Lmax - me)/2
Substitution of Eq. (1.25) into Eq. (1.24) yields
1 ,dLy(0) _
2" a0
If the rotor is rotating at a constant angular velocity w,,, then the angular posi-
tion 6 of the rotor can be given by

— Ifan sin 20cosw;t (1.26)

0=wnt+6 (1.27)

where ¢ is the initial angular position of the rotor.

19

SELF-INDUCTANCE AND MUTUAL-INDUCTANCE

The inductance L of a coil is defined as the flux linkage per ampere of current in the coil.

¢ Self-inductance: Self-inductance is the flux linkage produced in the winding by the current in
that same winding divided by that current.

N N.
¢x -§4- ¢r - 1
Lss_ﬁz N b L,= Nr¢y
i i l_&/ / i, lrf /

(Continued)
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SELF-INDUCTANCE AND MUTUAL-INDUCTANCE (CONTINUED)

* Mutual-inductance: Mutual-inductance is the flux linkage produced in one winding by the
current in the other winding divided by that current.

Also, we consider w,, to be positive when the position @ is increasing (clock-
wise motion). Substitution of Eq. (1.27) into Eq. (1.26) yields

1+ cos 2wt
T=- Iibzsin 2wyt + 0)#
(1.28)

1 1 1
=-— Elfl{Lgsin 2(wpt + 6) + Esin 2([wp + wslt +6) + Esin 2([wp, — wi]t + 5}

The three sin terms on the right side of Eq. (1.28) are functions of time ¢
whose average value is zero. The average value of this torque is, therefore, zero.

This means that a constant torque cannot be developed in this machine for any
direction. Therefore this machine cannot operate as a continuously rotating motor.
However, if w, =0 or w,, = *w;, then a nonzero average torque can be pro-
duced. The case of w,, =0 will be excluded since this indicates nonrotating.
Consequently the requirement for a continuous rotation is w,, = w,. This requires
that the rotor must rotate at the speed equal to the angular frequency w; of the
exciting current, which is also called synchronous speed. In this case this machine
can operate as a continuously rotating motor and its average torque becomes

1 1 X
Tog = — Zlflesin 26=— gl,i(L,W — Lyyin)sin 26 (1.29)

The average developed torque depends on the inductance difference
(Lypax — Liin) and the initial rotor position 6. The maximum torque occurs when
6 = —45°. Since the torque in this motor caused by the variation of reluctance (or
inductance) with rotor position can be developed only at the synchronous speed,
this motor is called synchronous reluctance motor.

Next, we will examine the necessary condition for a continuous rotation of the
doubly fed machine in which both the stator and the rotor have windings carrying
currents as shown in Fig. 1.21. Typical electric motors such as a DC motor, an
induction motor, and a synchronous motor belong to the doubly fed machine.
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i Stator
i winding g

FIGURE 1.21

Doubly fed machine.
Modified from G.R. Slemon, A. Straughen, Electric Machines, Addison-Wesley, 1980 (Chapter 3); P.C. Sen,
Principles of Electric Machines and Power Electronics, John Wiley & Sons, 1996.

Assume that this machine is a linear system, in which the magnetic energy
and the coenergy are the same, i.e., Wy = WJQ. Similar to the force of Eq. (1.19),
the torque of this machine can be obtained from

_dW}(i,0) _dW(i,0)

0 a0 (1.30)

i=constant i=constant

To evaluate this torque, we need to obtain the magnetic energy Wy in this
machine. When the magnetic field is established by winding currents i; and i,, the
stored magnetic energy W can be easily derived by locking the rotor at an arbi-
trary position, which makes it produce no mechanical output. If there is no
mechanical output, then the magnetic field energy increment during dt is

dWr = dW, = esigdt + e, i dt = igd X +ird), (1.31)

Here, the stator flux linkage A, consists of A produced by the stator current i
and )\, produced by the rotor current i,. This stator flux linkage can be expressed
as functions of currents and inductances of windings as

/\5 = /\ss + /\sr = Lyis + Lyiy (1.32)

where Ly (= \/is) is the self-inductance of the stator winding, and Ly, ( = A /i))
is the mutual-inductance between the stator and rotor windings.

The flux linkage )\, in the rotor winding also consists of ), produced by the rotor
current i, and ), produced by the stator current i;. This rotor flux linkage ), is
expressed by

>\r = )\rr + )\r.\' = erir + eri.\' (] 33)

where L,.( = ), /i) is the self-inductance of the rotor winding, and L,,( = A /i)
is the mutual-inductance between the stator and rotor windings. For a linear mag-
netic system, Ly = L.

21
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In the doubly fed machine in Fig. 1.21, both self-inductances Ly, L, and
mutual-inductances L., L,; vary with the rotor position §. For example, when
0 =0°, at which the length of the air gap is the minimum, the reluctance of the
system is the minimum and the inductance becomes the largest. Thus A; and A,
are functions of rotor position 6.

Substitution of Eqs. (1.32) and (1.33) into Eq. (1.31) yields

de = l'sd(Lssis + irdLsrir) + ird(Lxris + irderir)

. o . (1.34)
= Lygisdi + Lyyiydiy + Lod(isiy)

Assuming that the rotor current is increased from zero to i, after the stator
current is increased from zero to i, the total stored magnetic energy will be

Wy =L, [ isdis + L,y J irdiy + L, J i)
Jo 0 0
1 1 (1.35)
= zLssif + 5L,,if + Ly ii,
By substituting Eq. (1.35) into Eq. (1.30), the torque is expressed by
/X))
g i=constant
1.36
1 2 dLss 1 2 der .. dLsr ( )
= —] + —i + i, ———
2% do 27" do do

This torque expression is derived in the condition in which the rotor is locked
to produce no mechanical output. Even if the rotor is rotating, we can obtain the
same torque expression [3].

In Eq. (1.36), the first two terms on the right side represent reluctance torques
involving a change of self-inductances according to the rotor position . The last
term involving a change of mutual-inductance expresses the electromagnetic tor-
que formed by the interaction of two fields produced by the stator and rotor cur-
rents i; and i,. Typical rotating motors such as a DC motor, an induction motor,
and a synchronous motor are based on this torque.

In the previous section, we saw that the reluctance motor must run at the
speed equal to the angular frequency of the exciting current for developing an
average torque. In the doubly fed machine, if the stator and the rotor currents dif-
fer in their operating frequency, then the motor will need to be synchronized at
two different speeds for producing an average torque. Only one of the two can be
satisfied at a time, and the other torque term will be oscillatory. This will result
in an unwanted speed oscillation. However, we can solve this problem by elimi-
nating one or both of the reluctance torque terms in Eq. (1.36).

First, we will eliminate the reluctance torque term involving a change in the
stator self-inductance. We can realize this by making the rotor configuration
cylindrical as shown in Fig. 1.22.
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FIGURE 1.22

Cylindrical rotor configuration.
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FIGURE 1.23
Cylindrical stator and rotor configurations.

In the cylindrical rotor configuration, the stator self-inductance Ly, becomes
constant since the magnetic path becomes constant for the flux produced by the
stator winding regardless of the rotor position. Thus

dLg,
df

Therefore the reluctance torque term due to the stator excitation will disappear
from Eq. (1.36).

Furthermore, if we make the stator into a hollow cylinder coaxial with the
rotor as shown in Fig. 1.23, then the rotor self-inductance L, becomes constant
regardless of the rotor position. Thus

der
do

This will lead to a disappearance of the second reluctance torque term due to
rotor excitation.

=0 (1.37)

=0 (1.38)
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We can see that no reluctance torque production results in a cylindrical
machine that has both the stator and the rotor in the cylindrical configuration.
This cylindrical machine produces only the torque involving a change of mutual-
inductance between the stator and the rotor windings as given by
dLsr
do

Even in the cylindrical machine, this mutual-inductance can be varied by
changing the relative positions of the stator and the rotor windings according to
the rotor position.

Now, we will look at the necessary condition for the cylindrical machine to
produce a torque continuously. Suppose that the currents in the stator and the
rotor windings are

T =i,

(1.39)

iy = Isucos wqt (1.40)
i, = I,cos (wyt + ) (1.41)
If the axes of the two windings are aligned, i.e., when § =0° as in Fig. 1.23,
then the linking flux of the two windings will become a maximum, which will
make the mutual-inductance its maximum as well. Thus the mutual-inductance
according to the position of the rotor can be expressed as
Ly = L,,cos 0 (1.42)
where L, is the maximum mutual-inductance and 6 is the angle between the sta-
tor and the rotor winding axes. The position of the rotor at instant ¢ with the angu-
lar velocity w,, of the rotor is
O=wnt+06 (1.43)
where ¢ is the initial rotor position at t = 0.
Substitution of Eqs. (1.40), (1.41) and (1.42) into Eq. (1.39) yields
dL,,

T= '5 rT ;5
Igl a0

— Lgnd Ly cOs wit-cos (w,t + ) sin (wy,t + 0)
— IsmIrmLm
4

[sin{(wn + (W +w)r +a+6)} (1.44)

+sin{(wy — (wy +w)t +a+6)}
+sin{(wy + (w; w1t +a+6)}
+sin{(wy — (W, —w)t +a+6)}]

Since averaging over one period of the sinusoidal function is zero, the average
torque of Eq. (1.44) will also be zero. However, an average torque can be devel-
oped if the coefficient of ¢ in sinusoidal terms of Eq. (1.44) is zero. This needs to
satisfy the following condition.

lwm| = lws = w, (1.45)
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Typical electric motors such as a DC motor, an induction motor, and a syn-
chronous motor meet this condition in different ways, and thus, can rotate
continuously.

Now, we will take a look at how each of these three motors meets this require-
ment for the average torque production. First, we will neglect the case in which
both the stator and the rotor windings are excited by the DC (w; = w, =0),
because Eq. (1.45) results in w,, = 0, which indicates the state of nonrotating.

1.2.3.1 Direct current motor

If the stator is excited with a DC power (w; = 0) and the rotor is excited with an
AC power of an angular frequency w,, then the necessary condition of Eq. (1.45)
for the development of an average torque is

|wWin| = lwy| (1.46)

This implies that the rotor needs to rotate at the same frequency as the fre-
quency w, of the rotor current. A DC motor as shown in Fig. 1.24A is the one
that satisfies this condition. In the DC motor, by the action of the commutator
and brush, a rotor current becomes an AC, whose angular frequency is naturally
equal to the rotor speed. Thus, the DC motor has a special mechanical structure,
which allows it to always meet the condition of Eq. (1.46). From Eqgs. (1.44) and
(1.46), the average torque in this motor is

Toavg = — %Lm sin § (1.47)

In the DC motor, §, which indicates the angle between the stator field flux
and the rotor mmf, is always 90° electric angle structurally, so the maximum tor-
que per ampere can be obtained as

Lm
—Lgnlim 1.48
2 (148)

Tuvg = -

(A) o ®

excitation

DC
excitation

FIGURE 1.24

Doubly fed motors. (A) DC motor, (B) synchronous motor, and (C) induction motor.
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1.2.3.2 Synchronous motor

If the stator is excited with an AC power source of an angular frequency w, and
the rotor is excited with a DC power as shown in Fig. 1.24B, then Eq. (1.45) can
only be satisfied if

|wWin| = levs] (1.49)

To achieve this, the rotor must rotate at an angular frequency synchronized to
the frequency w; of the stator current. A motor satisfying this condition becomes
a synchronous motor. The name “synchronous motor” is due to this fact. From
Eq. (1.44), the average torque in this motor can be given as

_ Ism I rm

Tave = Ly, sin & (1.47)

Unlike in the DC motor, the average torque in this motor varies according to
the angle 6 between the stator and the rotor field fluxes even though the same cur-
rents are flowing. We can easily see that a synchronous motor has no starting tor-
que because it cannot meet the requirement of w,, # w,; when starting.

1.2.3.3 Induction motor

When the stator and the rotor windings are excited with AC power of different
frequencies wy and w,, respectively, a necessary condition should be

W = Ws — Wy (1.50)

This means that the rotor has to rotate at the angular frequency of wy; — w;.
This can be achieved in an induction motor as shown in Fig. 1.24C. In an induc-
tion motor, the frequency w, of the currents induced in the rotor windings by
electromagnetic induction becomes naturally ws; — w,,, which is the difference
between the stator current and the rotor speed in the angular frequency. Thus, an
induction motor always satisfies Eq. (1.51). From Eq. (1.44), the average torque
in this motor can be given as

_ Ixmlrm

Tovg = Ly, sin (a + 6) (1.51)

Unlike in the DC motor, the average torque in the induction motor varies
according to the angle ¢ between the stator and the rotor field fluxes even though
the same currents are flowing.

As we saw previously, electric motors can be classified into cylindrical motors
and reluctance motors. Cylindrical motors exploit the torque produced by varying
the mutual-inductance between the windings as mentioned before. These cylindri-
cal motors with windings on both the stator and the rotor can produce a larger tor-
que even though they are more complex in construction. Therefore, most motors
are of the cylindrical type. In comparison, reluctance motors of noncylindrical
configuration utilize the torque produced by the variation of inductance (or reluc-
tance) of the magnetic path. Reluctance motors are simple in construction, but the
torque developed in these motors is small.
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MECHANICAL LOAD SYSTEM

An electric motor is an electromechanical device that converts electrical energy
into mechanical torque. When the torque developed by the motor is transferred to
the load connected to it, the load variables such as speed, position, air-flow, pres-
sure, and tension will be controlled. Now, we will discuss the characteristics of
the load connected a motor and the mathematical representation that describes the
motor-driven system.

DYNAMIC EQUATION OF MOTION

Consider that a driving force Fj, acts on an object of mass M as shown in
Fig. 1.25A, so that the object moves at a speed v[4]. From Newton’s second law,
which states that the rate of change of momentum of an object is directly propor-
tional to the applied force, we have

dv  dM
== AT .
Fy—F, = (M) M v (1.53)

where F is the load force, which acts in a direction opposite to Fs, and Mv is
the object’s momentum.

If the mass M of the load is constant, then the second term of the derivative in
Eq. (1.53) is zero. Thus, Eq. (1.53) is given by a well-known equation derived
from Newton’s second law as

FM—FL:M@ =Ma (1.54)
dt
where a( = dv/dt) is the object’s acceleration.
Next, for a rotational motion in Fig. 1.25B, the rotational analogue of
Eq. (1.53) is given by
dw dJj

Tu TL——(Jw) JE WE (1.55)

where Tj; and T, are driving and load torque, respectively, and w is the angular
speed of the rotating object. J denotes the moment of inertia of the rotating object
and Jw is the object’s angular momentum.

T — ® 7.
FL ’ )
rrrrrrrrr > Qr o -
vy ¥ M
FIGURE 1.25

(A) Linear motion and (B) rotational motion objects.
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When the moment of inertia J is assumed to be constant, we can rewrite
Eq. (1.55) as

dw
Ty—T,=J =Ja (1.56)

where o = dw/dr) is the object’s angular acceleration.

We can see that if T,,>T;, then the object will accelerate, and if T, <Tj,
then it will decelerate. In the case of T =T, the speed will not be changed.
Thus, when driving a load, to keep the load speed constant, the motor torque
must be equal to the load torque.

MOMENT OF INERTIA: J (kg m?)

The tendency of a rotating object to continue in its original state of rotary motion is referred to as
the moment of inertia J. The rotational kinetic energy of a rigid object with angular velocity w is
expressed as %Jw2 in terms of its moment of inertia. The moment of inertia of an object is also the
measure of how fast the object can be accelerated or decelerated.

The moment of inertia in a rigid object is related to the distribution of mass as well as the
mass m of the object. Therefore the moment of inertia of an object can depend on its shape. For
example, if two objects have the same mass but are different in radius as shown in the following
figure, then they may have different moments of inertia.

If the radius of an object is larger, then the moment of inertia is larger. The reason for this is as
follows. A rotating object consists of many small particles at various distances from the axis of
rotation. When the object is rotating, the particles which are far away from the axis of rotation will
move faster than the ones which are located near the axis of rotation. Thus, the particles which are
far away from the axis of rotation require more kinetic energy for a rotation. The moment of inertia
I for each particle is defined as its mass multiplied by the square of the distance r from the axis of
rotation to the particle, i.e., [ = mr?. Thus, for the same object mass, the further out from the axis of
rotation its mass is distributed, the larger the moment of inertia of the object is. For solid or hollow
cylinders, the moment of inertia can be calculated by the equations shown in the next figures.

(Continued)
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MOMENT OF INERTIA: J (kg m?) (Continued)

Instead of J, GD?( = 4J), also known as flywheel effect, is generally used in industrial
applications. Here, G is the mass (kg) and D is the diameter (m).

There is maximum permissible load inertia to a motor. It is important to ensure that the inertia
of the motor matches the inertia of the driven load. Ideally, it is desirable to have a 1:1 inertia
ratio between the load and the motor. For traction motors, the motor inertia should be large
enough to drive the load of a large inertia. To have a large inertia, the motor will be designed
with a rotor configuration of a large diameter and a short axial length. On the other hand, for
servo motors operated in frequent acceleration/deceleration, the inertia of the rotor should be
small. Thus, the rotor will be designed to have a small diameter and a long axial length.

Fig. 1.26 shows a simplified configuration of a motor drive system consisting
of a driving motor and a driven mechanical load, in which the torque of the motor
is transferred to the load through the shaft and coupling.

From the motor’s viewpoint, a mechanical load can be seen as a load torque
T, connected to its shaft. Thus, from Eq. (1.56), the equation of motion of a
motor drive system can be expressed as

dw
TM:(JM +JL)E +TL (157)

where Jy; and J; are the motor inertia and the load inertia, respectively.

When the motor is driving a mechanical load, the torque required to run the
load is the load torque T}, which varies with the type of load.

In addition to Eq. (1.57), when a load begins to move and is in motion, a fric-
tion force occurs, resisting the motion. Therefore, the equation of motion needs to
include the friction force T as

d.
Ty =(um +JL)7C: +Tp+ T (1.58)

The friction force is usually proportional to the speed, given by Tr = Bw,
where B is the coefficient of friction. Finally, we have an equation of motion,
which expresses the dynamic behavior of a motor drive system as

d
Tszd—‘tu FBu+T, (1.59)

where J = Jy + J;.

Motor Load

FIGURE 1.26
Simplified motor drive system.
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A motor-driven system has mechanical transmission devices such as shaft, gearbox,
or coupling to connect the motor and the load. In a real system, the stiffness of these
components is limited, and the transmissions are flexible. Therefore, if the coupling or
shaft between the motor and the load is long or elastic, then it may be subjected to tor-
sion. In this case, we need to add the torque term K6 produced by torsional deforma-
tion of the shaft to Eq. (1.59), where K;, (Nm/rad) is the coefficient of stiffness.

LOAD TORQUE T7;

There are several types of loads driven by a motor. In most loads, the required torque is normally
a function of speed. There are three typical loads whose speed-torque characteristics are shown in
the following figure.

Load torque A

TL TLoca)2

T; = constant

1. Constant torque load

The torque required by this type of load remains constant regardless of the speed. Loads
such as elevators, screw compressors, conveyors, and feeders have this type of
characteristic.

2. Constant power load (77, = 1 /w)

This load requires a torque, which is inversely proportional to the speed, so this load is
considered a constant power load. This type is most often found in machine tool industry
and drilling, milling industry.

3. Load proportional to the square of the speed (T % w?)

The torque of this load increases in proportion to the square of the speed. This is a
typical characteristic of a fan, blower, and pump, which are the most commonly found in
industrial drive applications.

The load in traction drives such as electric locomotives and electric vehicles shows the combined
characteristic of a constant torque load in low speeds and a constant power load in high speeds.

1.3.1.1 Combination system of translational motion and rotational motion
Many motions in the industry such as an elevator, a conveyor, or electric vehicles
are a combination of translational motion and rotational motion as shown in
Fig. 1.27. In this case, we need to convert the load parameters such as load inertia
to the motor shaft.
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Motor
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@) —v
()/ Ty, ®

FIGURE 1.27

Combination system of translational motion and rotational motion.

The expression for the translational motion in Fig. 1.27 is given by

dv
Fy—FL,=M— 1.60
M~ I ar (1.60)
The relationships between force and torque, and velocity and angular velocity

are

TL:}’FL (162)
w="Y (1.63)

,
By substituting Eqgs. (1.61)—(1.63) into Eq. (1.60), we obtain

dw dw
Ty—To=Mr*—=J,— 1.64
m—TL o Tl (1.64)
where J, = Mr? represents the equivalent moment of inertia, which is reflected to

the motor shaft side of the mass M in translational motion.

1.3.1.2 System with gears or pulleys

Often, the speed required by the load is too low compared to the nominal speed
of the motor. Gears or pulleys between the motor and the load being driven are
most often used to change the speed. In this case, we need to know how the load
will be seen through the gears or pulleys at the motor side.

We will look at an example of two meshed gears as shown in Fig. 1.28.

The equation of motion at the load side is given by

d
TLZJL% +BOJL (165)

Because the two gears will travel at an equal distance, we have

N
w, = F; Wt (1.66)
where N; and N, are the number of teeth on the gears of the motor and load sides,
respectively.
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Motor

FIGURE 1.28
System with gears.

When neglecting friction and losses of the gears, the power is the same at the
input and at the output of the gear, i.e.,

N
1

Substituting Eqgs. (1.65) and (1.66) in Eq. (1.65) yields

Nl de Nl N2
To=dp () 2L 4, ()0, = (227, 1.
L JL(N2) i L(N2)WL (N1> M (1.68)

Finally, the equation of motion at the motor side is given by

N1 zde N1 2
Ty=Ji(— ) == +B.(—
M L(Nz) dt L N, WM
(1.69)

d
=y +J) —‘;:4 + Buy

where J = J; (N /N2)2 and B = B;(N, /Nz)2 are the load inertia J; and the friction
coefficient By converted to the motor side, respectively. It can be seen that the load
parameters reflected back to the motor are a squared function of the gear ratio Ny /N;.

OPERATING MODES OF AN ELECTRIC MOTOR

Operation of a motor can be divided into two modes according to the direction of
the energy transfer.

When the motor rotates in the same direction as its developed torque in
Fig. 1.29A, the motor will supply mechanical energy to the load. In this case,
the motor operates as a typical motoring mode. On the other hand, when the



1.3 Mechanical Load System

(A) Power # (B) h Power
w; Wy
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FIGURE 1.29

Operation mode of the motor. (A) Motoring mode and (B) generating (braking) mode.
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FIGURE 1.30
Four-quadrant operation modes.

motor is rotating in a direction opposite to its developed torque in Fig. 1.29B,
the mechanical energy of the load is supplied to the motor. In this case, the motor
is acting as a generator. It corresponds to the gemerating mode, in which the
motor absorbs the load energy, providing a braking action.

When braking, the mechanical energy of the load is converted into electrical
energy through the motor, and the generated electrical power can be returned to
the power source. This method called regenerative braking is the most efficient
braking method, but it requires a high-cost power converter. An alternative
method for dealing with the generated electrical power is to dissipate it as heat in
the resistors. This is called dynamic braking, which is inefficient but inexpensive.

Similarly, there are also operation modes of motoring and generating in the
reverse driving. Consequently, four-quadrant operation modes are available in vari-
able speed drive systems as shown in Fig. 1.30. Quadrants 1 and 2 are the motoring
and generating operation modes, respectively, in the forward drive, while
Quadrants 3 and 4 are the two operation modes in the reverse drive. Braking occurs
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in Quadrants 2 and 4. To achieve the four-quadrant operation modes in motor drive
systems, the torque should be controlled in the positive and negative direction, and
the speed should be controlled in the forward and reverse direction.

As an example of the four-quadrant operation, let us take a look at an elevator
drive system as shown in Fig. 1.31. In an elevator system, the car carrying people
or goods is connected to and is driven by a traction motor through ropes and
gears. As a traction motor, induction motors are most widely used. In recent
times, however, permanent magnet synchronous motors are used as well.

A counterweight attached to the opposite side of the ropes reduces the amount of
power required to move the car. The weight of the counterweight is typically equal
to the weight of the car plus 40—50% of the capacity of the elevator. When the car
goes up or down, we can see the four-quadrant operation of the driving motor occur-
ring due to the weight difference between the car and the counterweight as follows:

* Quadrant 1 operation: the forward motoring mode (+7, + w)
When the car carrying people goes up and is heavier than the counter-
weight, the traction motor is needed to produce the forward direction torque,
so it operates in the forward motoring mode.

I Traction motor Gear &
— rope

Car

Counter
% weight

FIGURE 1.31

Four-quadrant operation in an elevator drive.
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¢ Quadrant 2 operation: the forward braking mode (—7, + w)
When an empty car goes up and is lighter than the counterweight, the trac-
tion motor is needed to produce the braking torque of the reverse direction, so
it operates in the forward braking (generating) mode.

* Quadrant 3 operation: the reverse motoring mode (—7, — w)
When an empty car goes down and is lighter than the counterweight,
the traction motor is needed to produce the reverse direction torque, so
it operates in the reverse motoring mode.

* Quadrant 4 operation: the reverse braking mode (+7, — w)
When the car carrying people goes down and is heavier than the counter-
weight, the traction motor is needed to produce the braking torque of the for-
ward direction, so it operates in the reverse braking (generating) mode.

Here, the going-up of the car is assumed as the forward direction.

COMPONENTS OF AN ELECTRIC DRIVE SYSTEM

For a given mechanical load, an adequate design of the motor drive system is
essential to meet its required performance criteria such as speed-torque character-
istic, operation speed range, speed regulation, efficiency, cost, duty cycle, etc.

A motor drive system consists normally of five parts as shown in Fig. 1.32.
Within the available power supply, we have to choose these components appropri-
ately to achieve the requirements of the drive performance. We will now briefly
take a look at these five parts.

i converter,

DCAC | { chopper { bc, PMSM, IM, |
e || e |
....... .. , , — —
‘~: Motor
source > electronic > > Load
equipment Torgue
A Mechanical
_,_I ......................... . system
PR— . Voltage, current ...+ Current sensors: §
i DSP, 16bit/8bit & Digital ™3 Shunt, Hall CT £
i M-processor controller Speed, position

Position sensors: {mamamassssasassnanenes
Motor drive system

FIGURE 1.32

Configuration of a motor drive system.
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POWER SUPPLY

Single-phase or three-phase AC voltage sources are most commonly used as a
power supply that provides electric energy for motor drives. The three-phase AC
voltage source is generally used for motors of several kilowatts or higher. In
many cases, the AC voltage sources are converted into a DC source, which is
converted into the form of power needed by a motor through using power elec-
tronic converters such as an inverter or a chopper. Recently, DC power has often
been provided by renewable energy sources such as solar cells and fuel cells.

ELECTRIC MOTORS

For driving motors, we have to choose the one that meets the required speed-
torque characteristic of the driven mechanical load. In addition, important perfor-
mance criteria like efficiency, size, cost, duty cycle, and operating environment
need to be considered. As mentioned earlier, there are two basic types of a driving
motor: DC motor and AC motor. Some applications use special types such as a
BLDC motor or a stepping motor, which cannot be classified into the basic types.

DC motors have an advantage of a simple speed/torque control for their
excellent drive performance. However, due to the wear associated with their com-
mutators and brushes, DC motors are less reliable and unsuitable for a
maintenance-free operation. On the other hand, AC motors are smaller, lighter, and
have more power density than DC motors. AC motors also require virtually no
maintenance and thus are better suited for high speeds. However, AC drives with a
high performance capability are more complex and expensive than DC drives.

POWER ELECTRONIC CONVERTERS

Power electronic converters play the role of taking electrical energy from the
power system and turning it into a suitable form needed by a motor. The power
electronic converter may be determined according to the given power source and
the driving motor.

For DC drives, power electronic converters such as a controlled rectifier or a chop-
per can be used to adjust the DC power, which will be described in more detail in
Chapter 2. In contrast, AC drives mostly use an inverter to adjust the voltage and
frequency in the AC power, which will be also described in more detail in Chapter 7.
In this case, a rectifier is often included to convert the AC power in the mains power
system into the DC power.

These power electronic converters use power semiconductor devices such as gate
turn-off (GTO) thyristor, integrated gate-commutated thyristor (IGCT), insulated
gate bipolar transistor (IGBT), power metal oxide semiconductor field effect transis-
tor (MOSFET), and power bipolar junction transistor (BJT). These switching devices
are determined according to their power handling capability and their switching
speed. The power handling capability can be ranked in an increasing order of
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MOSFET, IGBT, and GTO thyristor, while the switching speed can be ranked in an
increasing order of GTO thyristor, IGBT, and MOSFET. All these switching devices
described above are based on the silicon (Si) semiconductor material. Recently,
switching devices based on wide bandgap materials such as silicon carbide (SiC) or
gallium nitride (GaN) are being recognized as a promising future device.

DIGITAL CONTROLLERS

The controller in charge of executing algorithms to control the motor is the most
important part in the motor drive systems. This controller manipulates the operation
of the power electronic converter to adjust the frequency, voltage, or current pro-
vided to the motor. Nowadays, digital controllers are usually used. A digital control-
ler is based on microprocessor, microcontroller, or digital signal processor (DSP),
which can be a 16-bit or 32-bit, and also either a fixed-point or floating-point.

There is a trade-off between the control performance and the cost. DC motor
and BLDC motor drives requiring relatively simple controls may use 16-bit pro-
cessors, while AC motor drives requiring complex controls such as a vector con-
trolled induction or synchronous motors may need high-performance 32-bit
processors or DSP.

SENSORS AND OTHER ANCILLARY CIRCUITS

To achieve a high-performance motor drive, a closed-loop control of position,
speed or current is often adopted, and in this case, speed/position or current infor-
mation is required.

Sensors are essential for obtaining this information. Shunt resistances, Hall
effect sensors, or current transformers are mainly used as the current sensor. The
shunt resistance is more cost effective, while the Hall effect sensors can usually
give a high resolution and isolation between the controller and the system.
Encoders and resolvers are widely used as speed/position sensors, which will also
be discussed in Chapter 9.

In addition to these components, several circuits for protection, filtering,
power factor correction, or harmonics reduction may be necessary to improve the
reliability and quality of the drive system.
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CHAPTER

Control of direct current
motors

Direct current (DC) motors have been widely used in adjustable speed drives or
variable torque controls because their torque is easy to control and their range of
speed control is wide. However, DC motors have a major drawback in which they
need mechanical devices such as commutators and brushes for a continuous rota-
tion. These mechanical parts require regular maintenance and hinder high-speed
operations. Recently due to a major development in alternating current (AC)
motor control technology, power electronics technology, and microprocessors,
AC motors have been used instead of DC motors, but DC motors are still used in
lower power ratings below several kilowatts.

In this chapter, we will study the current and the speed control of DC motors.
Understanding the current and speed control techniques for DC motors is very
important because these techniques are directly applicable to the AC motor
control, which will be discussed in Chapter 6.

CONFIGURATION OF DIRECT CURRENT MOTORS

A DC motor has two windings as shown in Fig. 2.1. One is found in the stator
and produces a field flux. This winding is called a field winding. The other one
resides in the rotor and is called an armature winding. The armature current inter-
acts with the stator field flux to produce torque on the rotor shaft. Small DC
motors commonly have a permanent magnet instead of a field winding to produce
the stator flux. A DC motor also has a mechanical commutation device consisting
of brushes and commutators, which converts the DC current given from the DC
power supply to AC current in the armature winding.

The DC motors can be mainly classified into two different categories:
a separately excited DC motor and a self-excited DC motor. In a separately
excited DC motor, the armature winding and field winding each have separate
DC power supplies, while in a self-excited DC motor, the two windings share
one DC power supply.

The self-excited DC motors can also be categorized into a shunt motor, series
motor, and compound motor depending on the ways in which the two windings
are connected to the DC power supply. Nowadays the DC motors mostly use a

Electric Motor Control. DOI: http://dx.doi.org/10.1016/B978-0-12-812138-2.00002-7
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tao " 3 = "Conductor

FIGURE 2.1

DC motor configuration.

Alternate

FIGURE 2.2

Force on a one-turn coil.

permanent magnet to produce the field flux and the DC power supply thus applies
only to the armature winding.

Now we will learn about the roles of brushes and commutators, which
are essential for the continuous rotation of DC motors. First, we will take a look at
Fig. 2.2, which shows a one-turn coil in a rotor winding. When the coil is connected
to the DC power supply, a current flows in the coil. We will assume that, in the ini-
tial stage, the flux distribution and the current flowing in the coil are formed like
the figure on the left. In this condition, the force on the conductors on both sides
makes the coil rotate in the clockwise direction according to the direction of the
force given by Fleming’s left-hand rule.

When the coil rotates and comes to the position as in the figure on the
right, the force produced on the conductors on both sides will return the coil
again to its initial position as shown in the left side of Fig. 2.2. Since the
force produced on the coil is not produced continuously in one direction, the
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FIGURE 2.3

Continuous rotation by the use of brushes and commutators.

coil also cannot rotate in the same direction continuously. However, when the
coil is at the position shown on the right, if the direction of its current is
reversed, then the force produced on the conductors on both sides is reversed
and thus, the force on the coil will remain in the same direction of clockwise.
Thus the coil will rotate continuously in that direction. By the commutation
actions of the brush and the commutator, the coil current can be reversed as
shown in Fig. 2.3. It should be noted that the current that flows in the coil
must be an alternating current in DC motors. The frequency of this alternating
current is always the same as the angular velocity of the coil, which indicates
the speed of the rotor. In Section 1.2.3, we have already seen that this meets
the necessary condition for the continuous torque production in the doubly
fed machine.

The armature winding of the DC motor has many coils to increase the aver-
age torque and reduce torque ripple as shown in Fig. 2.4. Each coil
is connected to the DC power supply through a brush and its own isolated
commutator.
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Torque

Commutators

FIGURE 2.4

Armature winding.

As described earlier, in order for a DC motor to rotate continuously, it must
have brushes and commutators in its structure. However, due to the wear and the
arcing associated with their brushes and commutators, DC motors require much
more maintenance and are limited in high-speed operation.

MODELING OF DIRECT CURRENT MOTORS

A complete dynamic model of the DC motor drive system can be expressed as the
following four equations: armature circuit, back-electromotive force (back-EMF),
torque, and mechanical load system.

ARMATURE CIRCUIT

The voltage equation for the armature winding of a DC motor is given by
di,
V, =R, + L, =% + e, 2.1
i a e 2.1

where i, is winding current, L, is winding inductance, R, is winding resistance,
and e, is back-EMF induced by the rotation of the armature winding in a
magnetic field. The equivalent circuit of a DC motor derived from Eq. (2.1) is
shown in Fig. 2.5.

We need a back-EMF e, to obtain the current flowing through the armature
winding for a voltage V, applied to a DC motor from Eq. (2.1).

BACK-ELECTROMOTIVE FORCE

As shown in Fig. 2.6, when a conductor of length / meters is moving with a
constant velocity v in the presence of a uniform magnetic field B, a voltage
e = Blv (called back-EMF) will be induced in the conductor. Similarly, in a DC
motor, when the conductors of the armature winding with an angular velocity w,,
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FIGURE 2.5
Equivalent circuit of a DC motor.
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FIGURE 2.6
Induced voltage for a moving conductor.

are moving in the presence of the uniform stator magnetic flux ¢, the back-EMF
in the armature winding will be expressed as

eq = ke@pwm (e =Blv) 2.2)

where k, is the back-EMF constant (Vs/rad/Wb). Commonly, since the flux
remains constant, the back-EMF is proportional to the angular velocity.

With the armature current i, calculated from the applied input voltage V,
and the back-EMF ¢,, we can obtain the developed torque of a DC motor as the
following.

TORQUE

As shown in Fig. 2.7, when a conductor of length / meters carrying a current of i
amps is placed in a uniform magnetic field B, the force acting on the conductor
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Force
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Magnetic field
B
i
Current

FIGURE 2.7

Force for a current carrying conductor.

will be F =Bli. Similarly, in a DC motor, the torque experienced by the
conductors of the armature winding carrying a current i, in the uniform stator
magnetic flux ¢, is given by

T,=kr-¢-ia (—F =Bli) 2.3)

where k7 is the torque constant (Nm/Wb/A). The numerical values of k7 and k,
constants are equal in SI units (the International System of Units), i.e., kr = k,.

It is interesting to note that the torque of a DC motor can be expressed as
a simple arithmetical product of the stator magnetic flux ¢, and the armature cur-
rent i,. This is because the stator magnetic flux ¢, and the conductors carrying
current i, are always perpendicular to each other. Thus the DC motors inherently
have a maximum torque per ampere characteristic.

The speed of a rotor can be determined by the developed torque as the following.

MECHANICAL LOAD SYSTEM

When a DC motor with the output torque in Eq. (2.3) is driving a mechanical
load system, the rotor speed can be determined from the equation of motion in
Eq. (2.4) as mentioned in Chapter 1.

dw,,

T.=J
¢ dt

+Bw, + T, (2.4)

where w,, is the angular velocity of the rotor, 77, is the load torque, J is the moment
inertia and B is the friction coefficient of the DC motor drive system, respectively.
From the above dynamic model represented by Eqs. (2.1)—(2.4), we can under-
stand the steady-state as well as the transient characteristics of the current and the
speed in the DC motor drive system. First, on the basis of this model, we will exam-
ine the speed—torque characteristic of the DC motor in the steady-state condition.
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STEADY-STATE CHARACTERISTICS OF DIRECT
CURRENT MOTORS

The term “steady-state” refers to a condition that exists after all initial transients
or fluctuating conditions have damped out. The steady-state behavior of the DC
motor is easily determined by making the time derivatives of the variables in
Egs. (2.1) and (2.4) zero, i.e., di,/dt=0, dw,/dt=0. From the steady-state
equations, the speed—torque relation may be written as
Va Ra
Wn Koy (o) T, (k=kr=k) 2.5

Here, the friction coefficient B is neglected.

We can see that, from this torque—speed relation, the speed of the DC motor
decreases steadily with increasing load torque (or armature current) as shown in
Fig. 2.8. Here, N is the speed expressed in terms of revolution per minute (r/min)
for angular speed w,,. From the curve, we can find the speed and the current at
a certain load.

Eq. (2.5) implies that the steady-state speed of a DC motor can be adjusted
by the armature voltage V, or the stator field flux ¢;. Thus there are two
speed control methods for the DC motor: armature voltage control and field flux
control. In addition to the two methods, we can see from Eq. (2.5) that the speed
can be controlled by varying the armature resistance R,. However, this inefficient
method is no longer in use.

Speed N A AN
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.
o

Current [,
<\Torque—current

Speed—torque

- curve
.~ curve
Rated speed f———-—-—-—-—--—
Rated current }—-—-—-—-—-——— y i
2
(k9,)
No-load f -
i current
P Torque 72
Rated torque
FIGURE 2.8

Speed—torque characteristic of a DC motor in the steady-state.
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Now, we will take a look at the speed control characteristics of the DC motor
by armature voltage control and field flux control.

ARMATURE VOLTAGE CONTROL

With a constant stator field flux, Eq. (2.5) expressing the torque—speed characteristic
can be reduced to

R

Va a
- 2T,
(ko) "

wﬂl =
ks

where Ky =V, /k¢; and K =R,/ (k(bf)2

From this expression, we can see that the speed w,, of the DC motor changes
linearly with the armature voltage V,. Thus, for a constant torque load such as
elevators and cranes, the speed of the load can be controlled linearly by adjusting
the armature voltage V,, of the DC motor as shown in Fig. 2.9.

To employ the armature voltage control, variable DC power supplies such as
phase-controlled rectifiers or choppers are needed. Because a voltage higher than
the rated voltage should not be applied to the motor, this armature voltage control
method can provide a speed control range only up to the rated speed. To operate
in a speed range above the rated speed, the DC motor has to adopt the field flux
control, which will be described later. Permanent magnet DC motors, however,
cannot use the field flux control method, so they are incapable of an operation
above the rated speed.

= K] Vu - KZTL (26)

Applied voltage
= rated voltage

/
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rated current
Rated speed ——— T T
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B Operaing 1
@, points |
L » T
Full torque
FIGURE 2.9

Armature voltage control.
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FIELD FLUX CONTROL

Under a constant armature voltage, Eq. (2.5) can be rewritten as a function of
field flux:

_ V. R _K K
ke Ke? o @
where K; =V, /k and K, = R, /K>

From Eq. (2.7), we can see that the speed of the DC motor varies inversely with
the field flux. Fig. 2.10 shows the torque—speed characteristic of the DC motor
using the field flux control. When using this field flux control method, the field
flux has to be controlled below the rated value to avoid magnetic saturation of iron
core because the rated flux is commonly given as a value near the knee of the mag-
netization curve as shown in the left side of Fig. 2.10. If the field flux is reduced
below the rated value, then the speed can increase above the rated speed.

When the speed of the DC motor can be controlled above the rated value by
adjusting the field flux control, there are potential problems that can arise. When
the field flux is reduced to increase the speed, the developed torque will also be
reduced for the same armature current. If the armature current is increased to pro-
duce the same torque, then the efficiency will be lowered due to the increased
copper losses. The armature current also may not be fully increased due to the
thermal limit and the capacity of the DC power supply. Moreover the inductance
of the field winding is normally designed to be large to produce the flux effec-
tively. Thus the field flux cannot be changed rapidly, and this will result in a
slow response of the speed regulation. In addition, in a high-speed range, the
speed regulation will be poor for the applied load, and the resultant lower field
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‘\\ rated current
\\
\
\

2.7)
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FIGURE 2.10
Field flux control.
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flux will be easily influenced by the armature reaction. Besides these electrical
problems, the DC motors also suffer from speed limitations due to mechanical
commutation devices. On this account, the achievable speed range of this field
flux control is generally limited up to three times the rated speed.

OPERATION REGIONS OF DIRECT CURRENT MOTORS

The operating speed range of the DC motor is divided into two regions as follows:
constant torque region and constant power region. The operation in these two regions
can be achieved through the armature voltage control and the field flux control.

2.3.3.1 Constant torque region (0 < w, < base speed w;)

In the operating region below the rated speed, the field flux is maintained at a
constant and the torque production is controlled only by the armature current I,.
This region is called the constant torque region because the same torque can be
developed by the same armature current at any speed within this region.

As the operating speed is increased, the back-EMF is increased. Thus the
applied motor voltage should also be increased to maintain the same armature
current, i.e., the same torque. Like this, in this region, the terminal voltage of
the DC motor varies with its speed. Because the voltage applied to the motor
should not exceed the rated value, the range of this region is normally limited to
the speed at which the terminal voltage of the DC motor reaches the rated value.
This speed may be different from the rated speed depending on the operating
conditions. Thus it is usually referred to as the base speed wy.

2.3.3.2 Constant power region (w, = base speed): field-weakening
region

Once the motor voltage reaches the rated value, the speed can no longer be
controlled by the voltage. At speeds higher than the base speed, the applied
voltage remains constant. Thus, instead of the voltage control, the speed can be
increased by the reduction of the field flux (is called field-weakening operation).
The reduction of the field flux can make the back-EMF constant regardless of
the speed increase. This allows the armature current, which produces a torque, to
flow. However, even though the same current is flowing, the output torque will
be decreased with the operating speed due to the reduced field flux. Because the
terminal voltage and the current remain constant in this region, the motor operates
in a constant power, P=(V, I, =T, w,). Thus this speed region is called the
constant power region.

Fig. 2.11 shows the speed—torque characteristic of the DC motor, which is
commonly called the capability curve. The capability curve demonstrates the
achievable speed range and the output torque of a motor under the available
voltage and current. For DC motor drives with the four-quadrant operation modes
as described in Section 1.3.2, this speed—torque characteristic appears in all four
quadrants. Considering the voltage drop in armature resistance and losses, the out-
put torque in Quadrants 2 and 4 are somewhat larger than those in Quadrants 1
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FIGURE 2.11
Capability curve of the DC motor.

and 3. For the four-quadrant operation, the direction of the output torque needs to
be reversed to change the direction of the rotor rotation. In this case, changing the
polarity of the armature current will be more effective. Even though the direction
of the torque may be changed by reversing the polarity of field flux, its response
is slow due to a large inductance of the field winding, and thus the stability of the
drive system may be deteriorated.

EXAMPLE 1
The rated values for a separately excited DC motor are 5 kW, 140V,
1800 r/min and the efficiency 7 is 91% (the losses such as mechanical
losses and iron losses are ignored). The armature resistance is 0.25 €.
Evaluate the following questions.

1. the armature current and the rated torque
2. the speed at full-load when the armature voltage is reduced by 10%

3. the speed at full-load current when the flux is reduced by 10% and
the output torque available by armature current at this speed
Solution
1. From the relation of the input and output powers as

P()Mt = ﬁ = Va.la
n n
the armature current is
P, 5 kW
L= = "7 =4496 A

From the output power P,,; = T, - w,,, the rated torque is
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2. The armature voltage reduced by 10%, Ve, is 112.5V.
At this voltage, the speed is

_ Ea _ Vnew_RaIa _ 101.25
key ky 0.60344

Wm
=167.8 rad /s (= 1602.2 r/min)

Here, k¢ = E,/wm = View — Raly)/wm = 0.60344.
3. The speed at the flux reduced by 10% is

_ Ea _ (Vnew - Rala)
0.9ke; 0.9k

11375
(0.9 - 0.60344)

Wm

= 209.44 rad /s( = 2000 r/min)

At this speed, the output torque available by armature current is

To@2000 = 0.9k I, = 23.87N m.

TRANSIENT RESPONSE CHARACTERISTICS OF DIRECT
CURRENT MOTORS

In Section 2.3, we studied the steady-state characteristics of DC motors,
which demonstrate the speed control by the armature voltage or the field flux. The
steady-state characteristic shows what the final speed is, whereas the transient
response shows how to reach the final speed. In addition to the steady-state character-
istic, the transient characteristic is very important for high-performance motor drives.
This is because the transient response characterizes the dynamics of the drive system.
As an example, transient responses to a step speed command are shown in Fig. 2.12.

Even though all three responses reach the same final speed, their response
times and moving trajectories to reach the final speed are different. Although an
oscillatory or slow response can ultimately achieve the speed command, it has no
practical use. Therefore we need to take into account the transient characteristic
as well as the steady-state characteristic for high-performance motor drives.

Now, let us take a look at the transient response of reaching the final speed
by the applied armature voltage for a DC motor. An easy way to examine the
transient response is to use the transfer function of the system. We can obtain the
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FIGURE 2.12
Transient response to a step speed command.
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FIGURE 2.13

Block diagram for a DC motor.

transfer function for the DC motor drive system by taking the Laplace transform
of the differential equations of Eq. (2.1) and (2.4) as follows.

di

Vg =Rgiy + Ly,—= + e, Vu(s) = (Ry + sLy)1,(s) + E (s
fa LG €0 = Vil®) = (Ra +SLOL(S) + Enl) 08
= (Ry + sLo)l(s) + ke¢fwm(s)
dw,,
T, = J% + B + 1, = Tols) = (Us + B)wn(s) + T = krdylu(s) 2.9)

Here, s denotes the Laplace operator. Eqgs. (2.8) and (2.9) together can be
represented by the closed-loop block diagram as shown in Fig. 2.13.

From the block diagram in Fig. 2.13, the transfer function from the input
armature voltage V,(s) to the output angular velocity wy(s) is given by

1 1
- ke ———
L.s+R, T B

win(s)
Vals) T L N S St
Los+ R, O I BT
2.10
P (2.10)
JL,

= B RE B (k= krdp = key)
2+ 4= )s+ (| 2=+
L, J L,J JL,
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FIGURE 2.14
System pole locations and the corresponding transient responses.

This transfer function is a second-order system including two poles, which
are important factors in determining the transient response of the system.
Fig. 2.14 shows the pole locations of a system in the s-plane and the corre-
sponding transient responses. The imaginary axis location of the pole deter-
mines the frequency of oscillations in the response. Thus, if the poles are
complex roots, the response is oscillatory. The real axis location of the pole
determines the speed of the exponential decay of the transient situation.
Therefore, the farther the distance of the pole from the origin is to the left in
the s-plane, the faster the transient situation disappears, i.e., the system reaches
the final value faster.

CLOSED-LOOP TRANSFER FUNCTION

A system with a feedback loop has the following transfer function:

Yis) _ Gl
R(s) 1+ G(s)H(s)

R(s) Y(s)
G(s) >

H(s) |
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From the locations of the two poles in Eq. (2.10), we can predict the transient
response of the speed to the applied armature voltage. Thus the transient response
depends heavily on the system parameters such as motor parameters R, and L,
and mechanical parameters J and B, as shown in the following.

Assuming that B =0 in Eq. (2.10) to analyze the system easily, we can obtain
a simplified transfer function as

; 1(R, K
W JL, k\L, JR,

m = =
V[l Rll k2 Ra Rll k2
s+ = )s+ s+ = s+ (=
L, JL, L, L, JR,

Letting the electromechanical time constant T, =JR,/k> and the electrical
time constant T, = L,/R,, Eq. (2.11) can be rewritten as

1/ 1
k Tm Ta
, . 1 1
§5+ —s+
T, T, T,

2.11)

(2.12)

Wm
Va

The poles can be obtained from the roots of the denominator (also called the
characteristic equation) of Eq. (2.12) as

1 1

- *

1
I, T.V4

&

- (2.13)

S12 =

N
=
3

If T,, =4T,, then the characteristic equation has two real roots. A DC motor
drive system with a large J or R, corresponds to this case, and its response is
either ©® or @ in Fig. 2.14. If T,, <4T,, then the characteristic equation has two
complex roots. In this case, the system response is oscillatory such as @ in
Fig. 2.14.

We can also find out the response characteristic from the damping ratio for
this second-order system. To do so, we compare this equation with the following
prototype of the second-order system.

wZ

G(s) = 52 4 2¢w,s + W2 219

Given Eq. (2.14), the undamped natural frequency w, and the damping ratio
¢ for the DC motor drive system are given by

—_
=~

n= = 2.15
o T, JIL @19
1 Tmi 1R, |J
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FIGURE 2.15

System responses according to the damping ratio. (A) Underdamping (¢ < 1), (B) critical
damping (¢ = 1), and (C) overdamping (¢ > 1).

There are three typical responses of the system according to the value of the
damping ratio (: underdamping (0<(<1), critical damping (( = 1), or overdamp-
ing (¢>1) [1]. As shown in Fig. 2.15, in the case of underdamping (0<<(<1), the
system comes rapidly to equilibrium but has a slight oscillatory response. As ( is
increased, the oscillation is reduced. In the case of overdamping ((>1), the sys-
tem is not oscillatory but has a very slow response. A critically damped system
response ((=1), which comes to equilibrium as fast as possible without oscillat-
ing, is the most desirable.

Eq. (2.16) implies that the damping ratio ¢, which implies the dynamic perfor-
mance of the speed to the applied armature voltage, depends on the electrome-
chanical time constant value 7,, and the electrical time constant value 7.
If T,,<4T,, then (<1 and its speed response will be oscillatory. By contrast,
in the case of T,,=4T,, the system will have a stable speed response without
oscillation.

Normally, small motors have T,>4T,, while servo motors or high power
motors have T,,<4T,, resulting in an oscillatory response. Even though the
system response is inherently oscillatory, we can achieve the desired response by
adopting an adequate controller, which will be described later.

In most motor drive systems, the time response of an electric system is faster
than that of a mechanical system. In that case, we can ignore the transient of the
electric circuit so that L, = 0. Thus Eq. (2.11) can be written as

k 1 K
Wn _ =Y (L= 2.17)
V. RJs+K? ks+uw, R.J

This equation implies that, in a DC motor, the relationship between the speed
wy, and the armature voltage V,, can be considered as a first-order, low-pass filter
with a cut-off frequency w,. This means that the speed w,, is directly proportional
to the armature voltage V, with its changing rate below the w,., though there is a
time delay between the two. Generally it can be assumed that the rotational speed
of a DC motor is proportional to the voltage applied to it.
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EXAMPLE 2

Consider a separately excited DC motor with the following parameters.
The armature resistance is 0.28 €2, the armature inductance is 1.7 mH, the
inertia of moment J of this motor is 0.00252, and kqﬁf =0.4078.

1.

Calculate the locations of the two poles and predict the transient
response of the speed to an armature voltage at no-load.

2. Predict the transient response when this motor is driving the load with
the inertia of moment of 6J.
Solution
1. From Eq. (2.13), the two poles are
1 1 /1 T,
=——* —4/- — —=—76.47 £j181.57.
2m o T, \Nd T T, J

Speed (r/min)

Since the system has two complex poles, we can expect an
oscillatory system response. Also, from Eq. (2.16), the damping ratio is

1 [T, 1R, [T _
¢= 5,/7a— 57,/L—a—o.3881.

Because ( <1, we can expect the system to have an under-damped
response and an overshoot. From Figure A, we can see the oscillatory
speed response of this system to the step applied voltages.

. When this motor is driving the load with the inertia of moment of 6J,

the system has two real poles of —152 and —0.0002. Thus the system
response is not oscillatory. Also, since ¢ = 1.0269, we can expect the
critically damped system response to be as Figure B.

A B
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MOTOR CONTROL SYSTEM

An electric motor is an electromechanical device that converts electrical energy
into mechanical torque. As a torque-producing device, the electric motor needs to
have its torque controlled as a priority. When the torque produced by the motor is
applied to a mechanical load, the torque will change the speed w,, of the driven
load and, in turn, change its position 6,, as shown in Fig. 2.16.

Therefore, in motor drives, the most effective way for controlling the position
or speed of the load connected to the motor is to control the torque of the
motor directly. However, the torque control is expensive due to the high cost of
the torque sensor for motor torque feedback. We can see from Eq. (2.3) that the
torque is directly proportional to the current under a constant field flux. This
tells us that we can control the torque by using the current instead of the torque
itself. Thus the current control is important for the speed or position control of
a motor.

CONFIGURATION OF CONTROL SYSTEM

Fig. 2.17 illustrates the typical configuration of controllers in the motor drive
systems, in which the controllers required for position, speed and current control
are usually connected in a cascade.

Among these, the current controller must be placed at the most inner loop and
has the widest bandwidth. As mentioned above, since the speed and position can
be controlled through the current control, the response time for the current control
must be the fastest among the three. Likewise, the response for the control of the
inner loop should be sufficiently faster than that of the outer loop to improve
the response performance and the stability of the outer control loop. For example,
the bandwidth of the current loop needed to be at least five times wider than that
of the speed loop to ensure that the current control will not have any influence on
the speed control performance.

Voltage » ﬁ

Speed Position
= o, =) 0,
=
Motor
do
T =(J,+J 2 4+T,
L=+ )T,

FIGURE 2.16
The motor drive system.
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FIGURE 2.17

Configuration of the motor control system.
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System

FIGURE 2.18
Open-loop control.

TYPES OF CONTROL

The aim of control is to adjust the control input so that the state or output of the
system reaches the required goal. In the motor drive systems, the state or output
may be the current, flux, speed, position, or torque, while the control input is only
the input voltage. For control performance, the ability of reference tracking, i.e.,
the system output follows the reference input as accurately as possible, is the
most important factor. The control system is also needed to have the disturbance
rejection capability while tracking the reference input. This means that no distur-
bance can affect the system tracking the reference input as much.

There are two basic types of control: open-loop control and closed-loop
control, also known as nonfeedback and feedback, respectively.

2.5.2.1 Open-loop control (or nonfeedback control)

Open-loop control is a type of control that determines the control input U(s) of a
system by using the system model G,(s) as shown in Fig. 2.18.

A drawback of the open-loop control is that it requires perfect knowledge of
the system. Since the open-loop control does not use the feedback of the system
output Y(s), the error between the reference R(s) and the output Y(s) cannot
be reflected in determining its control input U(s). Therefore its output may be
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different from the desired goal due to the change in system parameters or
disturbances.

Because of its simplicity and low cost, the open-loop control is often used in
systems where it has the well-defined relationship between input and output and
are not influenced by disturbances. However, this open-loop control is inadequate
for the high-performance motor drive systems, which are easily affected by
parameter variations and disturbances such as the back-EMF and load torque.

2.5.2.2 Closed-loop control (or feedback control)

Closed-loop control is a type of control that adjusts the control input U(s) by
the feedback of the output Y(s), as shown in Fig. 2.19. The closed-loop control
is generally used to control the position, speed, current, or flux in the motor drive
systems.

The controller G.(s) adjusts its control input U(s) to reduce the error between
the output and the desired goal. Thus the role of the controller G.(s) in the closed-
loop control is very critical to the system’s performance. There are several types of
widely used types of the feedback controller in the motor drive systems as follows.

2.5.2.2.1 Feedback control

Proportional controller (P controller)
In this type of controller, which is illustrated in Fig. 2.20, the controller output
is proportional to the present error e(¢)( = r(f) — y(¢)) as given by

U(t) = Kpe(t) (2.18)

where K, represents the proportional gain.

Reference Error System input System output
R(s) E(s) U(s) Y(s)
" G(s) ~ G -
h Controller System
Sensor |€¢———

Measured output

FIGURE 2.19

Closed-loop control.

R E U Y
(s) - (s) © (s) G.5) (s)

\

+
T P controller System

FIGURE 2.20
Proportional control.




2.5 Motor Control System

An advantage of the proportional control is its immediate response to errors.
The larger the proportional gain is, the faster the response is. Thus it should be
noted that the proportional gain determines the control bandwidth. However, there
is a limit to increasing the proportional gain because a large gain can lead
to system instability or may require unrealizable control input. A drawback of
the proportional control is that the error can never be zero. In other words, there
exists a steady-state error in the P control. This is because when the error comes
to zero, the output of the P controller becomes zero. Thus the system will have an
error again. We can evaluate the steady-state error of the P controller from
its close-loop transfer function of the block diagram in Fig. 2.20 as,

@ _ G°(s) _ K,G,(s)
Y(s) 1+G°(s) 1+K,Gy(s)

(2.19)

where G°(s)( = K,G,(s)) is the open-loop transfer function of the system including
the proportional controller.

From Eq. (2.19), if the proportional gain K, is very large, then R(s)/Y(s) will
be close to one and the error will be very small, but it will never reach zero.

Integral controller (I controller)

In this type of controller, the controller output is the integral of the error as
shown in Fig. 2.21, so the past errors as well as the present error have an effect
on the control input as given by

U@t)=K; Je(z)dt = % J e(t)dt (2.20)
pi
where K; represents the integral gain and 7,;( = K,/K;) represents the integral
time constant.

The integral controller can remove the steady-state error completely for the
non-time varying reference R(s). This is because it continuously produces nonzero
control input from the accumulated past errors even though the present error is
zero. However, due to the accumulated errors in the integral term, it responds
slowly to change in errors. For this reason, the integral controller is not normally
used alone but is combined with the P controller.

Proportional—integral controller

A widely used controller in motor drive systems is the proportional —integral
controller (PI controller), which is a combination of a proportional controller and
an integral controller to achieve both a fast response and a zero steady-state error.
The block diagram of a proportional—integral controller is shown in Fig. 2.22.

E )
R(s) - () k5 | Y o 66 (s)

\/

+ 3 s
T | controller System

FIGURE 2.21

Integral control.
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FIGURE 2.22

Proportional—integral control.
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FIGURE 2.23

Control inputs for an error.

Fig. 2.23 compares the control inputs for an error in the three controllers
described earlier.

2.5.2.3 Feedforward control

Disturbances are always present in the control process. In motor drive systems,
e.g., the back-EMF acts as a disturbance on the current control, and the load
torque acts as a disturbance on the speed and position control. We can see
from the Section 2.5.2.2.1 that the feedback control operates to reduce the
error between the output and the desired goal. Thus the feedback control can
react to the disturbance only after the disturbance has an effect on the output.
Accordingly, the feedback control cannot achieve a fast response to the
disturbance.

Feedforward control is an effective way to rapidly eliminate the effect of the
disturbance on the output. The feedforward control predicts and compensates
for the disturbance by adding it to the control input in advance.
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Feedforward .
———— D(s) Disturbance
Uy
R(s) Feodback Un + Us) L Y(s)
+ O controller =© G(s) >
- T System
FIGURE 2.24

Feedforward control.

The feedforward control is always used along with the feedback control.
Fig. 2.24 shows the block diagram of a typical system with the feedback control
and the feedforward control. This control system can reduce the effect of the
disturbance D(s) on the output Y(s) more than the system with the feedback
control alone. For the feedforward control, accurate system parameters are
required to predict the disturbance correctly.

In motor current control systems, the performance of the current control could
be significantly improved by the feedforward control, which compensates for the
back-EMF that acts as a disturbance on the current control. This feedforward
control for current control of DC motors and AC motors will be described in
detail later. For motor speed control, the performance of the speed control could
also be significantly improved by feedforward control for the load torque.

DESIGN CONSIDERATION OF CONTROL SYSTEM

The PI controller has been widely used in motor drive systems as the controller
for the current, speed, or flux linkage control because it could give a satisfactory
performance. The performance of the PI controller depends heavily on its selected
gains. Thus it is very important to select appropriate gains of the PI controller for
obtaining a satisfactory performance in a given system.

Now, we will discuss the gain selection method for the current and speed PI
controllers. Through the frequency response of the whole system including the
PI controller, we will determine the P and I gains for achieving the desired
transient and steady-state characteristics.

WHAT IS FREQUENCY RESPONSE?

The output of a linear system to a sinusoidal input is a sinusoid of the same frequency but with a

different amplitude and phase. The frequency response refers to a system’s open-loop responses at

the steady state to sinusoidal inputs at varying frequencies as shown in the following figure.
(Continued)
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WHAT IS FREQUENCY RESPONSE? (CONTINUED)

System

Sinusoidal input Steady-state output
> G(s) >
r(t) = Asin wt c() = Bsin(wt+ @)

The frequency response is used to characterize the dynamics of a system and measure the
ability of the system following an input reference. The frequency response is characterized by
the magnitude and phase of the system’s response as a function of frequency, which are
calculated from the transfer function G(s) of the system as

€o)

R(S) i = G(S)|A':jw = |G(]w)| L¢(]W)

where {G(jw)‘ and / ¢(jw) represent the amplitude and phase angle between the input and output
signals, respectively.

We can easily see the frequency response of a dynamic system through a Bode plot, which
displays the magnitude (in dB) and the phase (in degrees) of the system response as a function
of frequency.

When designing a control system, we should consider the three specifications:
stability, response time, and steady-state error. We will begin with briefly reviewing
these specifications.

2.5.3.1 Stability

First of all, the whole system, including the controller, must be stable. Therefore
the stability is the most important requirement for the design of a control system.
The response of an unstable system to a bounded input signal will continue to
oscillate, but the magnitude of this oscillation will never diminish or get larger.

The stability of linear systems can be assessed by checking the poles of the
transfer function of the system, i.e., the roots of the characteristic equation in
the s-plane as we already saw in Fig. 2.14. A linear system is stable if all the
poles lie in the left-half s-plane.

However, merely knowing whether a system is stable or unstable is not
sufficient. We need to find out how stable the system is. We can measure the
relative stability of a system by examining the gain margin and the phase margin
obtained from the Bode plot of the frequency response. A brief description of the
gain margin and the phase margin is presented below.
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2.5.3.1.1 Gain margin and phase margin

Phase

margin and gain margin are the measures of closed-loop control systems

stability. They are illustrated in Fig. 2.25.

1.

In

Gain margin

Gain margin is defined as the amount of change in open-loop gain needed
to make a closed-loop system unstable. The gain margin is the difference
between 0 dB and the gain at the phase cross-over frequency that gives a
phase of —180°. If the gain |GH(jw)| at the frequency of
L GH(jw) = — 180° is greater than 0 dB as shown in the left of Fig. 2.25,
meaning a positive gain margin, then the closed-loop system is stable.

Phase margin

Phase margin is defined as the amount of change in open-loop phase
needed to make a closed-loop system unstable. The phase margin is the dif-
ference in phase between —180° and the phase at the gain cross-over fre-
quency that gives a gain of 0 dB. If the phase / GH(jw) at the frequency
of |GH(jw)| =1 is greater than —180° as shown in the left of Fig. 2.25,
meaning a positive phase margin, the closed-loop system is stable.

general, as the gain of a system increases, the system becomes less stable.

The gain margin and the phase margin indicate how much the gain increases until
the system becomes unstable.

Let us take a look at the relationship between the gain and phase margins and
the stability of a system. For example, assume that the phase margin of a system
is zero degree, i.e., / GH(jw) = 180° at a frequency w of |G(jw)] =1 dB. In this
case, as shown in Fig. 2.26, the phase difference between Y(s) and R(s) is 180°,

|G|(dB) |G|(dB)

[

Stable system Unstable system

Negative
i gain margin i

A

—180°

£G4
-90°

‘“““““““7
\
e

-180

>

»

Positive \
phase margin

: >
Negative
phase margin

FIGURE 2.25

Gain margin and phase margin.
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FIGURE 2.26
Example of an unstable system.
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FIGURE 2.27

Speed of response versus system bandwidths. (A) Frequency responses and (B) step
responses.

and this closed-loop system thus becomes a positive feedback system. This sys-
tem will continue to amplify its output and become unstable.

If a closed-loop system is stable, both the gain margin and the phase margin
need to be positive. In general, the phase margin of 30—60 degrees and the gain
margin of 2—10 dB are desirable in the closed-loop system design. A system with
a large gain margin and phase margin is stable but has a sluggish response, while
the one with a small gain margin and phase margin has a less sluggish response
but is oscillatory.

2.5.3.2 Response time/speed of response

How quickly a system responds to the change in input is an important measure of
the system’s dynamic performance. The speed of response of a closed-loop
system may be proportional to its control bandwidth. Thus the control bandwidth
is a measure of the speed of response.

We can see the system responds according to its control bandwidth from
Fig. 2.27, which is showing the responses to a step command versus system band-
widths. Generally, the wider the system’s control bandwidth, the faster the speed
of response is. However, if the control bandwidth of a system is too large, the
system may be sensitive to noise and become unstable.
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This control bandwidth is mainly dependent on the proportional gain of the
controller. Thus we need to adjust the P gain to obtain the desired response speed.

WHAT IS BANDWIDTH?

Bandwidth describes how well a system follows a sinusoidal input. We can easily find the
bandwidth from the system’s closed-loop frequency response. As in the following figure,

the bandwidth is the range of frequencies for which the magnitude |G| of the frequency response
is greater than 3 dB, i.e., 0 = w = wj,.

The bandwidth is a measure of the feedback system’s ability to follow the input signal.
Sinusoidal inputs with a frequency less than the bandwidth frequency wj, are followed reasonably
well by the system, whereas sinusoidal inputs with a frequency greater than the bandwidth
frequency are attenuated in magnitude by a factor of 1/10 or greater (and are also shifted in
phase). The concept of the bandwidth is very important in control systems because it describes
how quickly a system follows its command.

|G|(dB) 4

~3dB
h Bandwidth '\

2.5.3.3 Steady-state error

A steady-state error is defined as the difference between the desired value and
the actual value of a system when the response has reached the steady state.
We can calculate the steady-state error of the system using the final value
theorem. This theorem is given for the unit feedback system in Fig. 2.28 as

lim s R(s) (2.21)

Final value theorem: e, = lim e(r) = lim sE(s) = 1T+ GO)

(Error: E(s) =R(s) — Y(s) = %)

As an example, let us evaluate the steady-state error for a step input command
in the control system for a DC motor, where the speed or current command is

...... R(s) E(s) Y(s)
; G(s) |——>

Command - Controller + system

FIGURE 2.28

Unit feedback system.
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generally given as a step signal. Assume that the control system for the DC motor
is a unit feedback system as in Fig. 2.28, and the transfer function of the current
control system is G(s). For the unit step input ( #(t) =1—->R(s)=1/s) to this
system, the steady-state error is given from the final value theorem by

(s) = (2.22)

. s . s o
¢ = I e RO = M 6m s ~ M 60
The steady-state error depends on the system type (0, I, or II).

First, suppose a control system of type O expressed as G(s)=K/(Ts + 1).

In this system the steady-state error is given as

1 1
““T15G60) 1+K

(2.23)

The magnitude of the error depends on the system gain K and will be never zero.
Next, suppose a type I system of G(s) = K/s(Ts + 1). This control system has
no steady-state error as

bp=——=—" =0 (2.24)

From this, it can be seen that if a control system includes an integrator 1/s,
then the steady-state error to a step reference will be zero.

CURRENT CONTROLLER DESIGN

The PI controller is the most commonly used in the DC motor drive systems for
current control. In this section we will introduce how to design a current control-
ler, i.e., how to select the P and I gains of a PI current controller for the desired
performance.

The PI controller consists of a proportional term, which depends on the pres-
ent error, and an integral term, which depends on the accumulation of past and
present errors as follows:

K;
Gyi(s) =K, + — (2.25)
S

where K, and K; are the proportional and integral gain, respectively.

Fig. 2.29 shows the frequency response of the PI controller. The PI controller
has an infinite DC gain (i.e., gain when w = 0) due to an integrator.

The transfer function of Eq. (2.25) can be rewritten as

1
s+ —
1 T
Gu(s) =K, ( 1+ — | =K, ~—L% (2.26)
Tp,'S
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Frequency response of the Pl controller.
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FIGURE 2.30
Block diagram of the DC motor including a current controller.

where T,; = K, /K; is the integral time constant of the PI controller and 1/ T,; is
called the corner frequency of the PI controller.

From Eq. (2.26), we can see that the PI controller can add one pole at s =0
and one zero at s = — K; /K, to the transfer function of the system. The location
of this zero has a strong influence on the system performance, which will be
described in detail later. If the zero is correctly placed, then the damping of the
system can be improved. As mentioned earlier, the pole at s = 0 of the PI control-
ler causes the system type to be increased by adding an integrator 1/s to the
transfer function, improving the steady-state error. However, the increased system
type may make the system unstable when gains are large. In general, the PI
controller can improve the steady-state error but at the expense of stability.
In addition, the PI controller can reduce the maximum overshoot and improve the
gain and phase margins as well as the resonant peak, but it reduces the bandwidth
and extends the rise time. The PI controller also has a characteristic of a low-pass
filter that reduces the noise.

Now, let us evaluate the performance of the PI controller for current control
of a DC motor. The transfer function of a DC motor system that includes a
PI current controller as shown in Fig. 2.30 is given as

Kpes + K;e X s

I(s) = I'(s)—
O Sy Kyo)s + Ko Sy g K5 + Ko

E(s) (2.27)

where K,. and K;. represent the proportional and integral gains of the current
controller, respectively.

We can see from Eq. (2.27) that the back-EMF E(s) of the DC motor will
act as a disturbance to the current control system. If the current reference of the
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DC motor remains a constant value (i.e., s = 0), then E(s) will have no influence
on the current control performance. However, when the current reference I (s) is
changed, E(s) may have an influence on the dynamic performance of the actual
current I(s) following its reference.

For a large system inertia, the effect of E(s) on the current control can be
ignored since the variation of E(s) due to the speed variation is very small.
However, for servo motors designed with a small inertia for a fast speed
response, the effect of E(s) cannot be ignored. To obtain a good performance of
the current control by eliminating this undesirable effect of the back-EMF, we
can adopt the feedforward control as described in the Section 2.5.2.3. Since the
back-EMF of a DC motor is e, =k, Wy, WE can easily estimate it from the
speed information. When the disturbance E(s) is compensated by the feedfor-
ward control as in Fig. 2.31A, the DC motor will be simplified as a R-L circuit
shown in Fig. 2.31B.

For the case of Fig. 2.31B, the current control will be easier and its
performance will be improved. In this case, Eq. (2.27) becomes

I(s) Kpes + Kie
I'(s) Lus>+ R+ Kpe)s + Kic

(2.28)

From Eq. (2.28), it can be seen that the current control characteristic depends
on the performance of the current controller, which will be determined by the P
and I gains selected for the PI controller.

Now, we will look at how the proper gains are selected to achieve the desired
performance of the current control. Here, we will introduce a gain selection
method based on the frequency response of the system.

Back-EMF N S, K |=
compensation ) a
I' + Current ' i » K T; 1 (gm
’ ? ’ controller Js+ B
Motor + load
(A)
* * .
I+ Current vV - 1 l ol K T‘ 1 L
’ OT ’ controller o sL+ R o o Js+ B @,
(B)
FIGURE 2.31

Current control system. (A) Feedforward control of the back-EMF and (B) system after
compensating the back-EMF.
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PROPORTIONAL—INTEGRAL CURRENT CONTROLLER

A current control system containing a PI controller is shown in Fig. 2.32. Here,
assume that the feedforward control compensates the back-EMF of the DC motor
perfectly.

In this PI current controller, the relationship between the current error and its
output voltage is given as

1

Ve =K, (1 7 (2.29)

pis

), -1)

where T)i( = K¢ /Ki.) is the integral time constant of the PI current controller and
K. is the integral gain.

There are several PI gain tuning rules such as the famous Ziegler—Nichols
method. Here, we will adopt the technique called the pole-zero cancellation
method. By using the pole-zero cancellation, we can remove the current control
characteristic of the DC motor itself so that the PI controller may determine the
performance of the current control.

The open-loop transfer function G/(s) of this system is given by

L

(i)
s+
. ‘a
R
to()
L,

Kpe
If the zero (— Ki./K,.) of the PI controller is designed to cancel the pole
(= R,/L,) of the DC motor by the pole-zero cancellation method, i.e.

s+ L i
Ty

1

. 2.30
L.,s + R, ( )

G?(S) = Kpc = Kpc

(2.31)

then, Eq. (2.30) becomes

(2.32)

N

(&)
Fig. 2.33 shows the bode plot of the open-loop frequency response from

G?(s). The phase is —90° at the gain cross-over frequency w. where the magni-

tude ’G;’(jw)| =(0dB. Thus the gain margin is positive and the system will be

*

Vv, =V

a a

—>

1
Ls+R,

K,
KPC + <
S

I —»(O)—»

FIGURE 2.32
Pl current control system.

PI1 controller Motor
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Open-loop frequency response.

stable. Also, in this case, the transfer function of Eq. (2.32) becomes the system
of type = 1 and, thus, we can expect the steady-state error to be zero as

1
ey, = lim =0 (2.33)

ST+ Gos) 1+
From Eq. (2.32), the gain cross-over frequency w,. can be determined by

1
Ly .
24 i,
Ko

>

=1 5 wee = & (2.34)

G| = e

The gain cross-over frequency w,.. of the open-loop frequency response is
equal to the gain cut-off frequency of the close-loop frequency response, which
indicates the bandwidth of the current control system. Let us check the bandwidth
of this current control system.

The closed-loop transfer function of this system is given by

1) _
r's)

GO(s) 1 Wee
c = = 2.
1+ Go(s) (La ) S+ Wee (2.35)
¢ — |s+1

pc

Ge(s) =

Its frequency response is shown in Fig. 2.34. We can see that the bandwidth
of this system is given as w,. by letting |Gﬁ( jw)’ equal to 1/ \/§(= —3dB) as
1
= — 2.36
NG (2.36)
Thus the bandwidth is equal to the gain cross-over frequency of the open-loop
frequency response.

wL‘C

G| = ‘

Jw + wee
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Closed-loop frequency response.

Like this, if the zero of the PI controller is designed to cancel the pole of the
system, the current control system is expressed simply as a first-order system
with a cut-off frequency w,., which is stable. In this case, there will be no over-
shoot in the response and the time required for the response to reach the final
value will be about four times the time constant of the system.

Based on the explanation given above, the proportional and integral gains of
the current controller needed to achieve the required bandwidth can be determined
as follows.

If the required control bandwidth is w,., then the proportional gain K. can be
obtained from Eq. (2.34) and the integral gain K, can be obtained from
Eq. (2.31) as

Proportional gain: Kj,c = L, - We, (2.37)

Integral gain: K, = %Kpc =R, - Wee (2.38)
‘a

It is important to note that the gains of the controller depend on the motor
parameters L, and R,. Therefore the gain values to achieve the same current
control performance may differ from motor to motor. For example, a motor with
a large value of winding inductance, whose current is difficult to change, needs a
larger proportional gain to obtain an equal bandwidth of the current control than
that with a small value of winding inductance, whose current is easy to change.
Therefore, accurate information about the motor parameters is essential to achieve
the required current control performance.

2.6.1.1 Selection of the bandwidth for current control

The value of the proportional gain K, determines how fast the system responds,
whereas the value of the integral gain K;. determines how fast the steady-state
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error is eliminated. When the value of these gains is larger, the control perfor-
mance is better. However, large gains may lead to an oscillatory response and
result in an unstable system. As can be seen in Eq. (2.37) and (2.38), since the
gains of a current controller are determined by its bandwidth w,., we first need to
select an appropriate bandwidth w,. for the target current control system. A wider
bandwidth will lead to a faster response but an unstable system.

The bandwidth w. of a current controller is limited by the following two
factors: the switching frequency of the power electronic converter realizing the
output of the current controller and the sampling period for detecting an actual
current for feedback in the digital controller. Since a motor current cannot change
faster than the switching frequency of the power electronic converter, the switch-
ing frequency limits the bandwidth of the current control. If the current is
sampled twice every switching period, as a rule of thumb, the maximum available
bandwidth can be up to 1/10 of the switching frequency. On the other hand, if it
is sampled once every switching period, the maximum available bandwidth can
be up to 1/20 of the switching frequency. For this case, it is desirable to restrict
the bandwidth to 1/25 of the sampling frequency [1,2].

As an example, suppose that the switching frequency of a chopper, which
provides the voltage applied to a DC motor, is 5 kHz. In this case, the maximum
available bandwidth of the current controller can be up to at most 1/10 of
the switching frequency, i.e., 5 kHz/10 =500 Hz(~ 3100 rad/s). However, for a
stable current control or if the current is sampled once every switching period, it
is better to restrict to 1/20 of the switching frequency, i.e., 5 kHz/20 =250 Hz
(&~ 1550 rad/s).

Fig. 2.35 compares the current control performances according to the gains,
which are determined by the gain selection method as described earlier. We can
identify the different responses according to the control bandwidth.

25 - - - - - 25 - -
®,,=500 Hz : : : @,,=1000 Hz
200 e ....... : : M v e
15 ,,,,,,, .................
(A) : :
10 - R Dol 0
5 .................................................................
0 LI SO AU SR 0 S WO SR U

0  0.002 0004 0006 0.008 001 0.012 0 0002 0004 0.006 0.008 001 0012
Time (s) Time (s)

FIGURE 2.35
Current control performance according to the control bandwidth.
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ANTI-WINDUP CONTROLLER

As stated before, we can see that the integral controller can effectively eliminate
the steady-state error. This is because of the nature of the integral controller
producing its output from the accumulated past errors. However, this nature is
often the cause of control performance degradation in cases where the output of
the controller is limited.

The output of the PI current controller, which indicates the voltage reference
applied to a DC motor, should be limited to a feasible value by the following
reasons. First, a voltage exceeding its rated value should not be applied to a
motor. Furthermore, power electronic converters, which produce the voltage
applied to the motor, normally have a restricted output voltage due to the limited
availability of the input voltage and the voltage rating of switching devices.

Once the output of the PI controller exceeds its limit due to sustained error
signals for a significant period of time, the output will be saturated, but the
integrator in the controller may have a large value by its continual integral
action. This phenomenon is known as integral windup. When the windup
occurs, the controller is unable to immediately respond to the changes in the
error due to a large accumulated value inside the integrator. It is required that
the error have an opposite sign for a long time until the controller returns to
the normal state. This system becomes an open-loop system because the output
remains at its limit irrespective of the error. As a result, the system will exhibit
a large overshoot and a long setting time. To avoid such integrator windup,
the magnitude of the integral term should be kept at a proper value when the
saturation occurs, so that the controller can resume the action as soon as
the control error changes.

There are several methods to avoid the integrator windup such as back calcu-
lation, conditional integration, and limited integration [3,4]. The anti-windup
scheme of back calculation as shown in Fig. 2.36 is widely used because of its
satisfactory dynamic characteristic.

Anti-windup controller
- Na
K, = @
+A -
Current
error -
+ K, - +. Va | *
€ —r—> s O > | > Va—ref
+ + AS
Limiter )
> KP EA'a »Output limit )
FIGURE 2.36

Anti-windup control by the back calculation method.

73



74

CHAPTER 2 Control of direct current motors

(A) B)

* ok
1 1
o N
i 1
Value of integrator Limit Value of integrator
fx value
0 Time 0 Time
FIGURE 2.37

Anti-windup control. (A) Without anti-windup control and (B) with anti-windup control.

In this scheme, when the output is saturated, the difference between the
controller output and the actual output is fed back to the input of the integrator
with a gain of K, so that the accumulated value of the integrator can be kept at a
proper value. The gain of an anti-windup controller is normally selected as
K, =1/K, to eliminate the dynamics of the limited voltage.

Fig. 2.37 shows the phenomenon of integrator windup for a PI current control-
ler, which is generated by a large change in the reference value. Fig. 2.37A shows
the performance of a current controller without an anti-windup control. Due to its
saturated output voltage, the actual current exhibits a large overshoot and a long
setting time. On the other hand, Fig. 2.37B shows a current controller with an
anti-windup control. When the output is saturated, the accumulated value of the
integrator can be kept at a proper value, resulting in an improved performance.

2.6.2.1 Gains selection procedure of the proportional— integral
current controller

1. Find the switching frequency f;,, of the system.

2. Select the control bandwidth w,,. of the current controller to be within 1/10—1/
20 of the switching frequency f,, and below 1/25 of the sampling frequency.

3. Calculate the proportional and integral gains from the selected bandwidth
Wee a8

Proportional gain: K, = L, - we,
Integral gain: K;; = R, - wec
4. Select the gain of the anti-windup controller as K, = 1/K),,.

The procedures 1 and 2 are interchangeable with each other, i.e., the switching
frequency can be determined by the required bandwidth w,,. for current control.
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SPEED CONTROLLER DESIGN

When controlling the speed of a motor, the speed controller must be placed in
the outer loop of the current controller as shown in Fig. 2.38. In this case, if the
bandwidth of current control is chosen to be sufficiently wider than that of speed
control, then the current control will not have any influence on the speed control
performance, and the stability of the speed control will be improved.

Like the current controller, a PI controller is widely used for speed control.
Now, we will explain how the PI speed controller is designed, i.e., how to select
the proper gains to achieve the desired speed control performance.

PROPORTIONAL—INTEGRAL SPEED CONTROLLER [5]

The transfer function of a PI speed controller is given by

Ki\'
Gpi(s) = Ky + =2 (2.39)

where K, and K;, are the proportional and integral gains of a PI speed controller,
respectively.

From the block diagram in Fig. 2.38, the open-loop transfer function of the
speed control system is given by

Ki ) e Kr (2.40)

G{(s) = Gpi(5)Gil(s)" % = (Kps + ) sren Ts

This open-loop characteristic is the sum of the frequency responses of three parts:
a PI speed controller, a PI current controller, and a mechanical system of a motor
and a load. Here, we assume that the current controller is a first-order system with a
bandwidth of w,.. Also, the load torque 7}, is neglected and K = kT(;Sf.

The bode plot of the open-loop frequency responses for a speed control system
is shown in Fig. 2.39. Here, w,, is the gain cross-over frequency, which is equal to
the bandwidth of the speed controller, and w,;(=Kj, / K)s) is the PI corner frequency.
As a rule of thumb, w); is selected as one-fifth of we,. If wy; is too small, the

.
s+,
¥ LA
[0)
+ l a l 1 m

* O Speed | Current a_ K
m controller | controller = T

FIGURE 2.38
The speed control system.
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FIGURE 2.39

Bode plot of the open-loop frequency responses for a speed control system.

steady-state performance will be degraded, but if it is too large, the system will
exhibit an overshoot.

As stated before, in order for current control to not exert any influence on
speed control, the current control bandwidth w,.. should be at least five times
wider than the speed control bandwidth w.,. Under this condition, the gain of the
current controller around the cross-over frequency w.; becomes almost one, i.e.,

Wee
Gi(s)= ——=~1 2.41
(8) ST o (241)
Also, if the PI corner frequency w,; is much smaller than the speed control

bandwidth w,, then the transfer function of the PI current controller around wg,
can be reduced as

K.
Gpi(s) = Kps + T ~ Kpy (2.42)

Consequently the open-loop transfer function of Eq. (2.40) around the cross-
over frequency w,; can be simplified as

Kr
Gi(s) ~ Kjs - — 243
1)~ Ky o @43)
The gain of this open-loop transfer function at frequency w,, is 0 dB, i.e.,
|G2(jwes)| = 0 dB (2.44)

From this, we can obtain the proportional gain K,,; and the integral gain Kj; as

Jwes
Proportional gain: K,; = s (2.45)
Kr
. Wes  JuW?
Integral gain: Ki; = K5 - wpi = Kpy - — = =2 (2.46)
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It is important to note that the gains of a speed controller depend on the
system inertia J and the torque constant Ky of the target motor. Since J and Kr
can be different from each system, the gains of a speed controller may vary
with the applied system. From Eq. (2.45), it can be seen that, to achieve an equal
bandwidth of speed control, the value of the proportional gain needs to be large
for a large J and small for a large Kr.

Like the current controller, the PI speed controller needs to include an
anti-windup controller to prevent integrator saturation.

2.7.1.1 Selection of the bandwidth of speed control

The speed control bandwidth w,, that determines the dynamic performance of
the speed controller is limited by the bandwidth of the current controller and the
sampling frequency of speed (i.e., the period of the speed control). As mentioned
before, the bandwidth of speed control should be five times less than that of
current control, and the sampling frequency of speed should also be considered.
It is natural that the bandwidth of a speed controller cannot be larger than the
frequency measuring the speed. We can select the speed control bandwidth within
the limit of 1/10 or 1/20 of the sampling frequency.

As an example, suppose that the bandwidth of a current controller is 500 Hz
and the sampling period to measure the speed is 2 ms. In this case, the available
bandwidth of the speed controller can be up to one-fifth of the current controller,
i.e., 500 Hz/5 = 100 Hz(~ 628 rad/s). However, since the sampling frequency of
speed is 500 Hz(=1/2 ms), it is desirable that the bandwidth of the speed controller
be less than 50 Hz (=500/10).

Gains selection procedure of the proportional—integral speed controller
1. Identify the bandwidth of the current controller.

2. Select the bandwidth w,, of speed control to be five times less than the band-
width of current control and ten times less than the sampling frequency of speed.

3. Calculate the proportional and integral gains from the selected bandwidth w,; as

. . Jweg
Proportional gain: K, = ——
Kr

. Wes  Jw?

Integral gain: K;, = K, w,; = K+ — = —<=

g g A} y2y pl pS 5 SKT

4. Select the gain of an anti-windup controller as K, = 1/K;

We can normally obtain appropriate gains of the speed controller using the
design method as stated just above. However, inaccurate information of the sys-
tem parameters, J and Ky, may lead to incorrect gains for achieving the required
bandwidth, so we may need to adjust additionally the gains by monitoring the
transient response as shown in Fig. 2.40. If the system has an oscillatory response,
we need to decrease the gains. On the other hand, if the system has a very slow
response, we need to increase the gains.
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Transient responses according to different controller gains.

2.7.1.3 Drawback of a proportional— integral speed controller

From the open-loop transfer function G9(s)of Eq. (2.40), the closed-loop transfer
function G¢(s) of the speed control system is given by

K7Kp KrKis
+
k 1+ G‘C’(S) 24 (KT;(PS)S 4 (KTK,'S>

(2.47)
J

Here, the gain of the current controller is assumed to be 1.
By comparing this transfer function with the prototype form, s> + 2¢w,s + w%,
of the second-order system, the damping ratio ¢ can be obtained as

KTKis . Kps — 1 Wes (2 48)
J O Ke 2\ wy :

We can see that the damping ratio ¢ depends on the ratio of we to wy,;.
The condition of w,; = wy./5 given in the Section 2.7 results in ¢ = V/5/2. Because
( is greater than 1, we expect the system response by the PI controller to be over-
damped and have no overshoot. However, the zero of s = —Kj,/K), in the PI con-
troller causes an overshoot in the system response. The closer the zero is located to
the imaginary axis in the s-plane, the greater its effects will be [1]. We can easily
see the effect of this zero by dividing Eq. (2.47) into two parts as:

KTKi.\‘ (KT[(]).\‘)
E— — ]S

J J
K7K K7K * K7K K7K
ThBps This ThBps TRis
s2+( yi )s+( 7 ) s2+< 7 )s+( yi ) (2.49)
w? 2Cwps

+
§% + 2Cwy,s + W2 §% + 2Cwy,s + W2
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The responses of these two parts to a unit step command are shown in Fig. 2.41.
It can be seen that the second term of Eq. (2.49) gives an overshoot to the system
response. It is interesting to note that, in current control, this zero has no effect on
the system response because the zero is canceled out by the system pole.

The overshoot problem by the zero in the PI controller can be solved by an
integral and proportional (IP) controller.

INTEGRAL-PROPORTIONAL CONTROLLER

We can remove the zero from Eq. (2.47) by adjusting the position of the P control
part in the PI controller as shown in Fig. 2.42. This controller is known as the
IP controller.

The transfer function of the IP control system is given as

K7Kis
W _ Js
— = (2.50)
Wy, S2+ KTKps s+ KTK,'
J J
2w,s+w; 1
Command «  S+2los+al s
2
I/ \ /' ﬁ 1
s s +28w,s+w, s
X
TN e
VAN 2fw,s L A major cause of |
',/ ‘\\/ s +2los+ @} s the overshoot '
././ \‘
K AN
¢/ \\\\
ot eeea.. Time
FIGURE 2.41
Response to a unit step command.
T,
* . *  _
a)m + is + la Te + l 1 a)m
— > T —»? > K, —>(O—> " >
IP controller KPS
FIGURE 2.42

Block diagram of the IP controller.
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The poles of this transfer function are the same as those of the PI controller
but this transfer function has no zero. Thus the IP controller has no problem with
the overshoot caused by the zero.

In the IP controller, the system response to the speed reference depends only
on the damping ratio in Eq. (2.50). The critical damped response (i.e., ( = 1) is
obtained by allowing wy; = w;/4.

From reconstructing Fig. 2.42 as Fig. 2.43, we can see that an IP controller is
equivalent to a PI controller except for the first-order, low-pass filter with the
time constant of K,;/K;, on the input side. Therefore, an IP controller exhibits no
overshoot due to low-pass filtering of its input command, but its response will be
slower than that of a PI controller.

Although the speed responses to speed reference of PI and IP controllers are
different from each other, the speed responses to disturbance torque are the same.
The transfer function of the speed response to a disturbance torque 7;, for an IP
controller can be obtained from Fig. 2.42 as

W _ N
TL JS2 + KTKpSS + KTKps

2.51)

It is not hard to ascertain that the transfer function of the PI controller is the
same as Eq. (2.51). Therefore the speed responses to a disturbance torque for
the two controllers are identical. The speed responses of the PI and IP controllers
under an equal control bandwidth are shown in Fig. 2.44A. It can be seen that the
IP controller exhibits no overshoot, but its response is slower than that of the PI
controller. On the other hand, the speed responses to a disturbance torque for the
two controllers are the same, as we would expect. If the bandwidths are adjusted
for the two controllers to have the same overshoot in their response to speed
reference, the IP controller can achieve a larger bandwidth than the PI controller.
For the same overshoot, the bandwidth of the IP controller can be set as 5.44
times larger than that of the PI controller. In this condition, the IP controller will
exhibit an improved speed response to the disturbance torque as shown in
Fig. 2.44B.

T,
—>1+I<pss_>o_> pr+T’S > KT '() > I L
4 T
§:'First order, low-pass filter‘:i P controller
FIGURE 2.43

Equivalent block diagram of the IP controller.
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Speed responses of Pl and IP controllers. (A) Same bandwidth and (B) same overshoot.

By combining these two controllers, we can make a compromise between the
response to speed reference and the response to disturbance torque. This com-
bined controller is shown in Fig. 2.45. The characteristic of the combined control-
ler depends on the control variable o. When o =0, it becomes an IP controller,
whereas if oo =1, it becomes a PI controller. In case of 0 <o <1, a combined
characteristic of the two controllers can be obtained.

A PI speed controller will exhibit a satisfactory performance if its bandwidth is
large enough. In many applications such as elevators that are susceptible to mechani-
cal resonance and flexible joint robots, a speed controller often cannot have a large
enough bandwidth, so we cannot expect a satisfactory response. In this case, we need
to improve the control performance by combining a PI controller with other control
schemes such as acceleration feedforward compensation or Fuzzy algorithm [6].
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FIGURE 2.46

Simple driving circuit for a DC motor.

POWER ELECTRONIC CONVERTER FOR DIRECT
CURRENT MOTORS

The voltage applied to a DC motor can be controlled by using a power electronic
converter. Fig. 2.46 shows a simple driving circuit for the forward motoring mode
operation. Commonly, in a driving circuit, the switching states of the power
devices are determined by the pulse width modulation (PWM) technique to
achieve the required voltage command. The voltage command is given by the
current controller as described earlier.

A four-quadrant chopper (or H-bridge circuit) is often used to operate a DC
motor in both motoring and braking modes for both forward and reverse direc-
tions. The H-bridge circuit is implemented with four power switching devices as
shown in Fig. 2.47.
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FIGURE 2.47
H-bridge circuit.

This circuit is widely used in DC servo drive systems because it can provide
high-performance current control with a bandwidth up to several thousand (rad/s).
In this circuit, there are two PWM techniques for adjusting the output voltage:
bipolar and unipolar switching schemes.

SWITCHING SCHEMES

2.8.1.1 Bipolar switching scheme

The switching states of devices are determined by comparing the voltage refer-
ence V, with the triangular carrier wave as shown in Fig. 2.48.

In this scheme, if the voltage reference V; is larger than the triangular carrier
wave, then both 7'} and T, will be turned on, and the output V, will become + V.
On the other hand, if the reference voltage V; is less than the triangular carrier wave,
both T, and T3 will be turned on, and the output V,, will become — V. In this man-
ner, two switching devices (7', and T4, T» and T3) placed diagonally will be turned on
or off simultaneously. Since these switching actions give an output voltage of either
positive or negative DC voltage (i.e., + V. and — V), this scheme is called the bipo-
lar switching scheme.

In this scheme, the switching frequency equals to the frequency (1/7;)
of the triangular carrier wave. This scheme has an advantage of smoothly
changing the average output voltage from +V,. to —V,. as shown in Fig. 2.49.
However, the instantaneous output voltage becomes as wide as 2V, resulting
in a large current ripple of the motor.

2.8.1.2 Unipolar switching scheme

In this scheme, the switching of the devices is also determined by comparing the
voltage reference with the triangular carrier wave as in the bipolar switching
scheme, but the switching in the H-pole and the L-pole is performed indepen-
dently according to its own reference as shown in Fig. 2.50. The reference voltage
Vi of the H-pole is given as V;. Meanwhile, the reference voltage Vi of the
L-pole is given as —V,. The output voltage (i.e., the motor voltage) V, is given
by the voltage difference between the H-pole and the L-pole, i.e., Vg — V;. Since
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Bipolar switching scheme.
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this switching action gives an output voltage of 0 and + V. or 0 and — V., this
scheme is called the unipolar switching scheme.

In this scheme, the output voltage fluctuates by V., so the current ripple of the
motor will be two times smaller than that of the bipolar switching scheme and the
torque ripple will also be smaller as shown in Fig. 2.51. Furthermore, the output
voltage changes effectively with the doubling of the switching frequency.
However, since this scheme is difficult to provide a small average voltage, the sign
transition of the average voltage may be discontinuous as described in Fig. 2.52.
As aresult, it is difficult to change the rotational direction of the motor smoothly.
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Comparison of the current ripple for the two switching schemes.
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Output voltage of unipolar switching.
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FIGURE 2.53
Block diagram of a permanent magnet DC motor drive system.

SIMULATION OF DIRECT CURRENT MOTOR DRIVE
SYSTEM: MATLAB/SIMULINK

Now, we will examine the performance of the current and speed controllers as
mentioned in the Sections 2.6 and 2.7 through a simulation of a DC motor drive
system using MATLAB/Simulink.

A block diagram of a DC motor drive system is shown in Fig. 2.53. The
system consists of a DC motor part and a mechanical load part.

The modeling of these parts for MATLAB/Simulink simulation is as follows:

DIRECT CURRENT MOTOR MODELING

In the electric circuit of a DC motor, the input is the applied armature voltage,
and the output is the armature current. Thus, to obtain the armature current, the
voltage equation of Eq. (2.1) can be rewritten as
. di,
Va=Rala+LaE +ea
(2.52)

aum=%ﬁwmf&Mﬂ7mmw
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Simulink block diagram of the electric circuit in a DC motor.
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Simulink block diagram of the mechanical load system.

o |-

From this equation, the simulation model of the electric circuit of a DC motor
is given as Fig. 2.54.

MECHANICAL SYSTEM MODELING

In the mechanical system, the input is the developed torque of the DC motor, and
the output is the speed of the load. To obtain the speed, the motion equation of
Eq. (2.4) can be rewritten as

dw,y,
T, = kydiy = J =" 4 By + T,
di
(2.53)

() = Hm(r) — Bun(r) — Tu(nldr

From this equation, the simulation model of the mechanical load system is
given as Fig. 2.55.
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Fig. 2.56 shows a complete model for a DC motor drive system, which
combines the electric circuit, mechanical system, torque, and back-EMF equations.

Here, we assume K =k, = kr¢ and T, = 0. To apply a step input voltage to
a DC motor, the step block (V,) is added to the simulation model.

Now, we will carry out a simulation by using this complete model. The para-
meters and the rating of the DC motor used for simulations are listed as M-file
in Fig. 2.57. We can set the simulation time and the solver option by using the
simulation/configuration parameters menu.

First, we will examine the speed response to a step input voltage. Fig. 2.58
compares the speed responses of this system to two different step input voltages.
The final speed depends on the voltage applied to the motor. The rotational speed

Electric system Mechanical system

{>Te—
> K Wm
1 > "
i 1J W 60/(2*pi) erm

Integrator1t ~ 1/J

<o [ox] (7]

OF

Va

Ea Integrator

FIGURE 2.56
Complete Simulink model for a DC motor drive system.

1 %-— DC Motor Parameters
2 — Power=3336; % Power [W]
3 - Va_rated=140; % Rated VYoltage [V]
4 — la_rated=25; % Rated Current [A]
5 — Wm_rated=3000%2*pi/60; % Rated Angular Velocity[rad/s]
6 — Te_rated=Power/Wm_rated; #% Rated Torque [Nm]
7
8 — Ra=0.26; % Amature Resistance [Ohm]
9 - La=1.7e-3; % Amature Inductance [H]
10 — J=.00252; % Moment of Inertia [kg-m"2]
11 = B=.0; % Coefficient of Viscous Friction [kam"2/sec]
12
13 — Kt=Te_rated/la_rated;
FIGURE 2.57

M-file for simulation.
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FIGURE 2.58
Speed response to a step input voltage. (A) V, =70V and (B) V, =140V.

W of the DC motor is proportional to the armature voltage V,, as can be
expected. The parameters of the motor give a damping ratio ( of 0.37. Because
(¢ <1, we can expect the system to have an under-damped response and an over-
shoot. This is verified by this simulation results.

Next, we will model a PI current controller and then connect it with the DC
motor drive system.

PROPORTIONAL—INTEGRAL CURRENT CONTROLLER
MODELING

The entire system containing a PI current controller is shown in Fig. 2.59.

The subsystem “PMDC” represents all the blocks in Fig. 2.56. This
system also includes an anti-windup controller, back-EMF feedforward
compensation, and a limiter. The limiter restricts the output of the current
controller to the rated voltage of the motor. The proportional and integral
gains can be obtained from Eqs. (2.37) and (2.38), and the anti-windup gain
is K, =1/K,.

Fig. 2.60 compares the responses to the step current command (i, = 20A) for
gains according to the control bandwidths of 500 and 1000 Hz. As we have
expected, the PI current controller does not give a steady-state error, and a larger
bandwidth can improve the response time.

The two responses show that the actual currents reach their references at 2
and 1 ms, respectively. This indicates that the current control system has band-
widths of 500 and 1000 Hz, respectively, as designed.

L
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Step response according to control bandwidth.

2.9.4 PROPORTIONAL—INTEGRAL SPEED CONTROLLER MODELING

The entire DC motor drive system containing a PI speed controller is shown in
Fig. 2.61. The subsystem “PMDC with CC” represents all the blocks in Fig. 2.59.
This controller also has an anti-windup controller.

The system responses to the step speed command of 2500 r/min according to
two different bandwidths are shown in Fig. 2.62. Again, we can make sure that a
larger bandwidth can lead to a faster response.
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DC motor drive system block containing a Pl speed controller.
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System responses according to two different bandwidths. (A) w.s =50 Hz and
(B) wes = 100 Hz.

2.9.5 FOUR-QUADRANT CHOPPER MODELING

The simulation block containing a four-quadrant chopper, which generates the
voltage applied to the DC motor, is shown in Fig. 2.63. We assume that this chop-
per adopts a unipolar switching scheme with a switching frequency of 5 kHz.

The switching signals produced by the unipolar switching scheme are shown
in Fig. 2.64A. The PWM output voltage of the chopper and the current of the
motor are shown in Fig. 2.64B.
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Unipolar switching scheme. (A) Switching signals and (B) PWM output voltage and
current.

For the step speed reference of 2500 r/min, the speed and torque of the motor
are shown in Fig. 2.65. When compared with Fig. 2.61, the current and torque
waveforms powered by the chopper exhibit ripple components due to PWM
switching.
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Speed, current, and output torque.
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CHAPTER

Alternating current motors:
synchronous motor and
induction motor

The rotation of alternating current (AC) motors exploits the force developed by
the interaction between two magnetic fields rotating at the same speed as stated
in Chapter 1. There are two classifications of an AC motor: synchronous motor
and asynchronous motor. An asynchronous motor is more commonly known as
an induction motor.

Synchronous and induction motors have the same stator configuration
for producing the rotating magnetic field. However, they have different rotor
constructions due to the difference in their ways of generating the rotor magnetic
field. In synchronous motors, typically, the rotor magnetic field is generated from
the field winding excited by a direct current (DC) power source. For small- to
medium-sized synchronous motors, permanent magnets are commonly used for
generating the rotor magnetic field. On the other hand, in induction motors,
the rotor magnetic field is produced by an AC power. It is interesting to note that
this AC power is transferred from a stator by electromagnetic induction.

Induction motors have several advantages such as simple construction,
reliability, ruggedness, low maintenance, low cost, high-speed operation capabil-
ity, and the ability to be operated by a direct connection to an AC power source.
On the other hand, synchronous motors are superior to induction motors in effi-
ciency, power density, dynamic response, and power factor.

In this chapter, we will study the basic operation principle and characteristics
of AC motors in more detail. We will begin by examining the more general type
of motor, the induction motor.

INDUCTION MOTORS

The fundamental principle of induction motors was first demonstrated by the
experiment known as Arago’s Disk in 1824. From this experiment, it was found
that, when a magnet rotates along the rim of a copper disk (a nonmagnetic
substance), the disk rotates in the direction of the magnet at a smaller speed
(Fig. 3.1). In 1832, Faraday demonstrated that this phenomenon is due to the
currents induced in the copper disk. The discovery of this phenomenon ultimately
led to the development of the fundamental concept of an induction motor. When a
magnet passes along the rim of a copper disk, an electromotive force (EMF) is

Electric Motor Control. DOI: http://dx.doi.org/10.1016/B978-0-12-812138-2.00003-9
© 2017 Elsevier Inc. All rights reserved.
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Rotating
magnetic field

FIGURE 3.1

Arago’s disk and the fundamental concept of an induction motor.

induced at the part in the disk that experiences a changing magnetic field.
The induced voltage causes an eddy current to flow in the disk. As a result,
since the current-carrying part is built under the magnetic field of the magnet,
a force (known as Lorentz force) is created on the current-carrying part. The direc-
tion of the force is the same as that of the magnet’s movement, and this force
makes the copper disk to rotate along with the magnet.

In an induction motor based on this fundamental concept, such rotating
magnet is realized by a rotating magnetic field generated from three-phase stator
windings connected to a three-phase AC power source. The rotor, then, follows
this rotating magnetic field.

Induction motors are most widely used as general-purpose motors in many
industrial applications because of their low cost and rugged construction.
Traditionally, induction motors had been connected directly to the line voltage of
60 or 50 Hz and operated at a nearly constant speed. However, recently, variable
speed drives have been made possible by power electronic converters such as
inverter, so induction motors are widely used in many applications requiring
speed control.

STRUCTURE OF INDUCTION MOTORS

The structure of a typical induction motor is shown in Fig. 3.2. An induction
motor has cylindrical stator and rotor configurations, which are separated by a
uniform radial air gap. The stator and the rotor are made up of an iron core,
which has windings inserted inside. The iron core is not a single solid lump
but consists of a stack of insulated laminations of silicon steel, usually with a
thickness of about 0.3—0.5 mm to reduce eddy current losses. The iron core is
made from a ferromagnetic material such as steel, soft iron, or various nickel
alloys to produce magnetic flux efficiently and reduce hysteresis losses.
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FIGURE 3.2
Structure of a typical induction motor.

Phase Connections of stator windings

Phase as Phase as

iaso.
ib:c »
O——

cs

Phase cs

FIGURE 3.3
Stator windings.

3.1.1.1 Stator

In an induction motor, only the stator windings are fed by the three-phase AC
power supply. It should be noted that the three-phase stator windings perform the
roles of both the armature and field windings of a DC motor. These three-phase
windings are placed in the slots that are axially cut along the inner periphery
of the iron core as shown in Fig. 3.3. They are displaced from each other by
120 electrical degrees along the periphery and are typically connected in delta
for low-supply voltage or in wye for high-supply voltage.

All turns in each winding are continuously distributed in the numerous slots
spread around the periphery, such that the winding density can be sinusoidal as
shown in Fig. 3.4. The purpose of this arrangement is to establish a sinusoidal
flux distribution in the air gap when currents flow through them. This winding
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FIGURE 3.4
Stator phase winding. (A) Stator core and (B) sinusoidally distributed winding and mmf.

Rotor
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FIGURE 3.5
Squirrel-cage rotor.

type is called distributed winding. The distributed winding configuration increases
the utilization of the iron core and reduces magnetomotive force (mmf) space
harmonics, resulting in a lower torque ripple compared to that of the concentrated
winding, in which all coils of the phase winding are placed in one slot under
a pole.

3.1.1.2 Rotor

Similar to the stator, a rotor has a cylindrical iron core that consists of silicon
steel laminations. It should be noted that the electric circuit (windings or conduc-
tors) in the iron core of the rotor is not fed by an external power source but its
current flows by the induced EMF.

There are two types of a rotor used in induction motors: squirrel-cage rotor
and wound rotor.

3.1.1.2.1 Squirrel-cage type

A squirrel-cage rotor has a laminated iron core with slots for placing skewed
conductors, which may be a copper, aluminum, or alloy bar. These rotor bars are
short-circuited at both ends through end rings as shown in Fig. 3.5.
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Wound-rotor.

This rotor gets its name from its structure’s resemblance to a squirrel cage.
The rotor conductors are not placed exactly parallel to the shaft but are skewed
by one slot-pitch to reduce cogging torque, and this allows the motor to
run quietly. Because of its simple and rugged construction, about 95% of the
induction motors use the squirrel-cage rotor.

3.1.1.2.2 Wound-rotor type

Similar to the windings on a stator, a wound-rotor as shown in Fig. 3.6 has a set
of three-phase windings, which are usually Y-connected. The rotor windings are
tied to the slip rings on the rotor’s shaft and thus can be accessible through the
brushes. Due to this configuration, in a wound-rotor type induction motor,
the rotor resistance can be varied by connecting external resistors to the rotor
windings via the brushes. This allows the torque—speed characteristics of the
induction motor to be varied as needed.

Now, we will discuss in detail the squirrel-cage induction motor, which is the
most common type of an induction motor.

FUNDAMENTALS OF INDUCTION MOTORS

In an induction motor, when a three-phase AC voltage source is applied to the
stator windings, which are displaced by 120 electrical degrees in space with
respect to each other, the three-phase currents flowing in these windings will pro-
duce a rotating magnetic field in the air gap as shown in Fig. 3.7. The speed of
this magnetic field is directly proportional to the frequency of the applied AC
source voltage.

When the rotating magnetic field is linking to the conductors in the rotor,
EMFs based on Faraday’s law are induced in the conductors. The induced
voltages cause currents in the shorted conductors. Torque is produced on
the current-carrying conductors in the rotating magnetic field. Through this
developed torque, the rotor will then start rotating in the same direction as the
rotating magnetic field.
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Rotating
magnetic field

Phase cs

Rotor
conductor

FIGURE 3.7

Rotation of an induction motor [1].
C.I. Hubert, Electric Machines, Theory, Operation, Applications, Adjustment, and Control, second ed.,
Prentice Hall, 2002, p. 135.

Supposing that the rotating magnetic field is moving counterclockwise, the
induced voltages make the currents in the shorted conductors to flow in the direc-
tion as depicted in Fig. 3.7 [1]. This is because the induced currents will establish
a flux that opposes the change imposed by the rotating magnetic field, in accor-
dance with Lenz’s law. When applying Fleming’s left-hand rule to the induced
currents and the rotating magnetic field, the force on the conductor is developed
in the same direction as the rotating magnetic field.

As explained above, an induction motor has no external source provided to its
rotor winding but exploits the rotor currents produced by electromagnetic induc-
tion. This is why it is called induction motor. When an induction motor is run-
ning, the rotor speed is always slightly less than the speed of the rotating
magnetic field, i.e., synchronous speed. If the rotor rotates in the same speed as
the rotating magnetic field, there will be no induced voltage and current in the
short-circuited rotor windings and thus no torque. In induction motors, the rotor
speed is just slow enough to cause the proper amount of the rotor current to flow
so that the developed torque may be sufficient to drive the load. Thus, an increase
in load will cause the rotor to slow down.

Now, we will take a look at the rotating magnetic field, which is the basis for
the rotation of AC motors.

3.1.2.1 Rotating magnetic field

The rotating mmf is created by three-phase currents flowing through three-phase
stator windings. To begin with, consider an mmf resulting from a current flowing
in the winding of phase as as shown in Fig. 3.8. We will consider only the cen-
tered coil on the magnetic axis of the phase as distributed winding for simplicity.
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Resultant air-gap mmf.

Here, a sign of ® indicates that the direction of the current is directed into the
page, while a sign of © indicates that the direction of the current is directed out
of the page. Also, the current flowing into the page is assumed to be positive.
When a current flows in the phase as winding, it will produce a sinusoidally dis-
tributed mmf F,; centered on its axis. The amplitude of the mmf F,; varies with
the instantaneous value of the current as shown in Fig. 3.8.

Similarly, the windings of the phase bs and phase cs produce their own mmfs,
pulsating along their axes according to their currents as shown in Fig. 3.9. If these
windings are displaced from each other by 120 electrical degrees in space and are
supplied by symmetric three-phase AC sine currents, the vector sum of the three
mmfs of these windings becomes a single rotating mmf vector F in the air gap.
This is called the rotating magnetic field, and its moving speed is directly propor-
tional to the frequency of the currents.
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FIGURE 3.10
Three-phase windings and currents.

Let us describe mathematically this resultant air-gap mmf generated by the
three-phase currents. The three-phase winding currents as shown in Fig. 3.10 are
assumed as Eq. (3.1).

iqs = IgnCOS Wyt
ips = Iymcos(wst — 120°) 3.1
ies = Igncos(wgt + 120°)
where wy( = 27f;) is the angular frequency of the currents and f; is the frequency
of the currents.

The mmfs resulting from the three-phase currents flowing in windings with a
total number of turns Ny are given by

F5(0) = Ngigscos 0
Fys(0) = Niipscos (0 — 120°) (3.2)
F.(0) = Nyi.cos (0 + 120°)
Here, the axis of phase as is chosen as 6 = 0°.
From Eqgs. (3.1) and (3.2), the resultant mmf is given as
F(e) = Fas(a) + Fbs(g) + ch(e)
= NI, [cos wst cos O + cos(wyt — 120°) cos(0 — 1200)}
+cos(wt + 120°) cos(6 + 120°) (3.3)

3
= ENSIW cos(wyt — 0)

Eq. (3.3) describes that the resultant mmf is rotating at the angular velocity wy
over time with a constant amplitude (%lexm) and is sinusoidally distributed in the
air gap as shown in Fig. 3.11.

Let us observe the movement of this resultant air-gap mmf according to the
three-phase currents. Fig. 3.12 shows the locations of the resultant mmf produced
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FIGURE 3.11
Resultant mmf.

FIGURE 3.12
Movement of the resultant air-gap mmf per cycle of the current.

by the spatial distribution of the three-phase currents at four instants of time,
which is shown in Fig. 3.10. Here, we will consider only the centered coils on the
axes of the three-phase distributed windings for simplicity. We can see that the
resultant air-gap mmf makes one revolution per cycle of the current. The direction
of the rotation of the mmf can be reversed by reversing the phase sequence of
the currents.

The resultant mmf produces one north magnetic pole and one south magnetic
pole in the air gap, i.e., the number of magnetic poles is two. In this two-pole
motor, the mmf makes one mechanical revolution per complete cycle of the
current. In the four-pole motor that has two sets of three-phase windings,
the mmf produces two north and south poles in the air gap as shown in Fig. 3.13.
In this case, one cycle of the current corresponds to a half mechanical revolution
of the mmf. Thus one revolution of the mmf needs two cycles of the current.
The number of electrical cycles required to complete a mechanical rotation is
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FIGURE 3.13
mmf Distribution by phase as current in the four-pole motor.

equal to the number of pole pairs. Thus, in a P-pole motor, there is a relationship
between the mechanical angle 6,, and the electrical angle 6, as

0,= =0 3.4

[Slhav

When dealing with the performance of the motor, all calculations for electric
quantities are carried out based on the electrical angle in radian. In a P-pole
motor, the rotating speed n; of the mmf by the three-phase currents with
a frequency fis expressed in terms of revolution per minute (r/min) as

2 _120f,
=5 -f-60= P (r/min) (3.5)

This speed of the rotating mmf is called the synchronous speed. For example,
for a two-pole induction motor fed by currents of 60 Hz, the synchronous speed
is 3600 r/min.

EQUIVALENT CIRCUIT OF INDUCTION MOTORS

To analyze the operating characteristic and performance of an induction motor,
we usually use an equivalent circuit based on voltage equations that describe
the behavior of the motor. In this section we will start with the steady-state
equivalent circuit, and in Chapter 4, we will introduce the equivalent
circuit that is useful for characteristics in the transient state as well as in the
steady state.

Consider a two-pole, three-phase, wye-connected symmetrical induction motor
as shown in Fig. 3.14.

It is assumed that the rotor windings, which may be a wound or a squirrel-
cage type, are approximated as three-phase windings. Both the stator and rotor
windings are distributed windings, but Fig. 3.14 shows only the centered coils
on the axis of each phase. We will initially explore the voltage equations for the
stator windings.
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FIGURE 3.14
Two-pole, three-phase, wye-connected symmetrical induction motor.

3.1.3.1 Stator circuit

The voltage equation for the stator windings consists of the voltage drop of the
winding resistance R, and the induced voltage proportional to the rate of change
over time of the stator flux linkage ;. Thus the voltage equation for the stator
windings is written by

dXg

s = Ryly + —— 3.6
1% l dr ( )

where R; is the resistance of the stator winding and ), is the flux linkage of the
stator winding.

When the stator voltage v, is applied to the stator winding with the effective
number of turns N, a stator current i; flows in the winding. The current i
produces a stator mmf (N,i;) and in turn produces a stator flux ¢, in the air
gap. Most of the stator flux ¢, crosses the air gap and links to the rotor winding.
This air-gap flux is termed mutual flux, which is often called magnetizing
flux. Only the mutual flux is contributed to energy conversion, i.e., torque
production. However, a small portion of the stator flux cannot cross the air gap
but links to only the stator winding itself. This is termed leakage flux. Thus the
stator flux linkage A; will be expressed as

A = Ny(¢yy + ) = Ny(@y, + 6) (3.7

where ¢ is the magnetizing flux and ¢, is the leakage flux.
Here, the flux linkage may be written as

)\s = Llsis + Lmim (38)

where L;; is leakage inductance, L, is magnetizing inductance, and i, is
magnetizing current.
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FIGURE 3.15
Equivalent circuit of the stator winding.
Substituting Eq. (3.8) into the voltage equation of Eq. (3.6) yields
di diy, . di
=Ryiy + Lig— + Ly —= = Ryis + Ly — + .
Vs Rsls Lls dt Lm dt Rxls le dt €y (3 9)
Here, e,(=L,(di,/dt)) is the induced voltage (called back-EMF) in the stator

winding.

Based on Eq. (3.9), the equivalent circuit of the stator winding can be
represented as shown in Fig. 3.15. Here, f; is the frequency of the stator voltage.

To take into account the core loss such as eddy current loss and hysteresis loss,
this circuit includes the equivalent resistance R, representing the core loss. This
resistance is connected in parallel with the magnetizing inductance. Accordingly,
the exciting current i; to produce the flux is comprised of a magnetizing current
i, and a core loss current i,.

Though an induction motor and a transformer have similar equivalent circuits
as shown in Fig. 3.15, they differ in their value of parameters. Because there must
be an air gap in induction motors, the magnetizing inductance L, in induction
motors will be a much smaller than that of a transformer. This means that a higher
magnetizing current is required to achieve a given flux level. For transformers,
the magnetizing current accounts for 1—5% of the rated current, while for
induction motors it accounts for 30—50% of the rated current.

We need to know the induced voltage e, to complete the voltage equation of
Eq. (3.9). The induced voltage is proportional to the rate of change over time of
the stator flux linkage. To obtain the induced voltage, we need to find out the sta-
tor flux, which also requires finding of the flux density.

The rotating magnetic field discussed in the Section 3.1.2.1 may be considered
simply as a magnet rotating in the air gap as shown in Fig. 3.16.

The rotating magnetic field will induce voltages in both the stator and rotor
windings. When the rotating magnetic field is aligned with the magnetic axis of
phase as (i.e., 8 =0°) as shown in Fig. 3.17, the flux density distribution in the
air gap can be expressed as

B(0) = B,jaxcos 0 (3.10)
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FIGURE 3.17
Flux density distribution in the air gap.

The air-gap flux per pole in the air gap is
/2
o= J B(O)lrd) = 2B yq.lr (3.11)
—r/2
where [ is the axial length of the stator and 7 is the radius to the mean of the air gap.
As the rotating magnetic field moves along the air gap, the flux linking the
windings will vary with its position as shown in Fig. 3.18.
The flux linkage A\, for Ng-turn coils of phase as will be the maximum N¢p
at # = 0° and zero at § = 90°. Thus A, will vary as the cosine of the position angle
0( = wyt) as

Aa = Ns¢ cos wqt (3.12)

The voltage induced in the phase as winding is obtained from Faraday’s law as

_d),
di

e, = = wWNg@ Sin wyt = Epaxsin wit (3.13)
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Similarly the voltages induced in the other windings are given by
ep = Epgy sin(wyt — 120°) (3.14)
e = Epar sin(wst + 120°) (3.15)

The root mean square (rms) value of the induced voltage is

E,ox  wsNsod
Epps = —% — 29 57 — 4 44F, N, 3.16

where Nj is the total number of the series turns per phase forming a concentrated
full-pitch winding. A full-pitch winding means that the coil-pitch (i.e., the dis-
tance between two sides of a coil) is equal to the pole-pitch (i.e., the distance
between two adjacent poles). If the coil-pitch is less than the pole-pitch, then it is
called fractional-pitch or short-pitch winding. In an actual distributed winding,
the voltages induced in coils placed in different slots are not in time phase, and
therefore the phasor sum of the voltages is less than their numerical sum when all
coils are connected in series for the phase winding. Considering this, a reduction
factor, called the winding factor K., is used. The winding factor K, for most
motors is about 0.85—0.95. Consequently, for a distributed winding, the rms-
induced voltage per phase is

Es =4 44fN;pK . (3.17)

It is important to note that the stator flux is directly proportional to the
ratio of the induced voltage to the stator frequency, i.e., ¢« E;/f;. This fact
gives a useful basis for the speed control of induction motors that will be
described later.

Next, let us acquire the equivalent circuit of the rotor winding.
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3.1.3.2 Rotor circuit

The rotating magnetic field in the air gap induces voltages in the rotor circuit as
well as the stator circuit. This induced voltage becomes the source voltage applied
to the rotor circuit. Similar to Eq. (3.17), the voltage induced in the rotor circuit
can be expressed as

E, = 444N, ¢ K. f; (3.18)

where N, is the total number of turns per phase, K, is the winding factor for the
rotor windings, and f, is the frequency of the voltage induced in the rotor
winding.

Since the rotor winding experiences a flux variation due to the difference
in speed between the rotating magnetic field and the rotor, the frequency f, of the
induced voltage in the rotor circuit becomes the difference f; —f between
the frequency f; of the rotating magnetic field and the rotating frequency f of the
rotor. Thus the induced voltage E, depends on the rotor speed as

E, =4.44N,¢K, . X f, = 444N, ¢ K, X (f; — f) (3.19)

At standstill (f=0), the frequency f, is the same as the stator frequency f;.
Thus the induced voltage in the rotor winding will be the maximum as

Ey = 444N, ¢ K., f, (3.20)

In this case, similar to a transformer, the ratio of the voltages induced in the
two windings is equal to the ratio of their number of turns.

The induced voltage in the shorted rotor winding produces a rotor current.
Torque in the rotor winding is developed by the interaction between this rotor
current and the stator rotating magnetic field. The rotor will then start rotating.
Assume that the rotor eventually reaches a steady-state speed n (r/min). This rotor
speed is always less than the speed of the stator rotating magnetic field (i.e., the
synchronous speed). The difference between the synchronous speed n; and
the rotor speed 7 is called the slip speed. The slip speed expressed as a fraction of
the synchronous speed is called the slip s and can be defined as

Slip: 5= 3.21)

s

It should be noted that the slip is a very important factor in the induction
motor because most of its performance characteristics of an induction motor, such
as the developed torque, current, efficiency and power factor, depends on the
operating slip. The operating slip depends on the load. An increase in the load
will cause the rotor to slow down and increase the slip. A decrease in the
load will cause the rotor to speed up and decrease the slip. A typical induction
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motor operates in the slip range of 0.01—0.05, i.e., 1—5%. For example, a four-
pole motor operated at 60 Hz has a synchronous speed of 1800 r/min. If the rotor
speed at full load is 1765 r/min, then the slip is 1.9%.

Now, let us examine the induced voltage in the rotor winding when the rotor
is rotating at a speed n (slip s). The frequency f, in the rotor circuit at the slip s is
called the slip frequency and is given as

fr=f—f= (3.22)
From Eq. (3.20), the induced voltages in the rotor circuit at the slip s becomes
E, = 444N, ¢K.,, X f, = 444N, K., X sf, = sEy (3.23)

We can see that the magnitude of the voltage induced in the rotor winding is
directly proportional to the slip. When the rotor is stationary (i.e., s = 1), the larg-
est voltage is induced in the rotor circuit. As the rotor speed is increased, the
induced voltage is decreased. If the rotor speed is equal to the synchronous speed,
then the induced voltage becomes zero.

Now, we are ready to discuss the equivalent circuit of the rotor winding.
From Eq. (3.23), we can see that the source voltage in the rotor circuit is sE,.
With the resistance R, and the leakage inductance L;, of the rotor circuit, the rotor
equivalent circuit is depicted as Fig. 3.19A. The rotor equivalent circuit of
Fig. 3.19A is at the rotor frequency f,. Thus we cannot combine this rotor circuit
with the stator equivalent circuit of Fig. 3.16 together in a single circuit because
the two circuits differ in the operating frequency. Therefore, we need to adjust
the rotor frequency to combine the two circuits. By dividing the voltage and the
impedance of Fig. 3.19A by the slip s, we will obtain the rotor equivalent circuit
of Fig. 3.19B. In the circuit, the rotor current is the same as in Fig. 3.19A, but its
operating frequency is equal to the stator frequency f;. Thus, this becomes the
rotor equivalent circuit as seen from the stator. These two circuits can now
be joined together by considering the turns ratio a( = Ny/N,) of the stator winding
and the rotor winding.

(A) B)
)([r = ZEﬁLIV Xv[r = 27[f:‘Lb
o_»_/VV\_ o_’_fYY\_
A AL
|
| . X
SE, R, § # E, : §
1 | N
| |
| |
| |
O O
FIGURE 3.19

Rotor equivalent circuit. (A) Referred to rotor side and (B) referred to stator side.



3.1 Induction Motors

The complete equivalent circuit per phase of a three-phase induction motor is
shown in Fig. 3.20.

This equivalent circuit is similar to that of a transformer, except for the effects
of varying speed. The quantities that are reflected from the rotor to the stator are
denoted by the prime symbol ('). From this point on, we will skip the prime
symbol.

Similar to the three-phase currents of the stator winding, the three-phase
currents induced in the rotor winding also produce a rotating magnetic field F, in
the air gap as shown in Fig. 3.21A. From the rotor structure’s point of view, this
rotor rotating magnetic field F, rotates at the speed n,( = n; — n). Since the rotor
itself is rotating at n, from the stator structure’s point of view, the rotor rotating
magnetic field rotates at the synchronous speed n,(=n, +n). Thus, both the
stator magnetic field and the rotor magnetic field always rotate in the air gap at

2
RS Xls Ir’ — I, la Ir a Xlr
O_»/\/\/\_Ww
I A
1 s Y !
I Lo .
Vs RS X, £, =k, § "
I R
| =a
| I s
O
Stator Rotor
FIGURE 3.20

Complete per phase equivalent circuit of a three-phase induction motor.

A) (B)
Rotating magnetic field
by rotor currents

Rotating magnetic field
by stator currents

FIGURE 3.21

Rotating magnetic fields. (A) Magnetic field by rotor current and (B) magnetic fields by
stator and rotor currents.
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the same synchronous speed. These stator and rotor magnetic fields, therefore,
remain stationary with respect to each other as shown in Fig. 3.21B. The interaction
between these two fields is considered to produce the torque.

CHARACTERISTICS OF INDUCTION MOTORS

In this section, we will discuss the characteristics of an induction motor such as
the current, input power factor, output torque, and efficiency from the equivalent
circuit of Fig. 3.20. We will see that these characteristics depend on the slip,
i.e., the operating speed.

3.1.4.1 Stator current
The stator current is the input current of an induction motor. From Fig. 3.20,
neglecting the core losses, the input impedance as a function of slip is given as
. R, | .
Zs = Rs +]Xl,s + [Xin/ (?‘ +]X1r):| = |Zs| Las (324)
where 6, is input impedance angle.
From the applied stator voltage and the input impedance of Eq. (3.24), the
stator current is given as
Vs
I, = 7 =1,+1, (3.25)
The stator current is the sum of the exciting current /4 and the rotor current /,..
With a constant stator voltage Vi, the stator current /; as a function of speed
(i.e., slip s) is shown in Fig. 3.22.
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FIGURE 3.22
Stator current as a function of speed (5-hp, four poles).
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At starting (s = 1), since the impedance is minimum, the stator current will
be the maximum value, which may be 5—8 times larger than the rated current.
As the speed increases, the slip s decreases. As the slip s decreases, the rotor
current /, decreases, and thus the stator current also decreases. At the synchronous
speed, i.e., s=0, R;/s & o0, so there is no rotor current, i.e., I, =0. Thus the
stator current I will be equal to the exciting current /.

3.1.4.2 Input power factor

From the input impedance angle 6, of Eq. (3.24), the input power factor of an
induction motor is written as

PF = cos 6 (3.26)

The power factor varies with speed as shown in Fig. 3.23. Since induction
motors inherently draw a lagging current to produce the magnetic flux, the power
factor is always smaller than one. The power factor also varies with the load
applied to the motor. The power factor is minimum at no load, and it increases
with the load. It usually reaches the peak at or near full load.

3.1.4.3 Output torque

We can derive a general expression for the output torque of an induction motor
from the power-flow diagram as shown in Fig. 3.24.

The input power P;,(=3V,l cos ) to an induction motor, excluding the
stator losses such as the stator copper loss and the core loss, will be transferred
to the rotor across the air gap and then transformed to mechanical power Pecp.
We can derive the output torque using the mechanical power P,

1
0.8 1
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0.4 1

Power factor

0.2 1

0 360 660 960 1 2'00 1 5'00 1 8'00
Speed (r/min)

FIGURE 3.23

Input power factor (5-hp, four-pole motor).
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FIGURE 3.24

Power-flow diagram in an induction motor.
Redrawn from http://images.slideplayer.com/14/4186646/slides/slide_32.jpg.

The power delivered through the air gap from the stator to the rotor is called
the air-gap power P,,. Referring to the equivalent circuit given in Fig. 3.20,
the air-gap power is written by

R,
P =1I? -~ (3.27)

Because the induction motors are operated typically at low slips of 0.01—0.05,
the air-gap power is considerably large. This air-gap power P,g, i.e., input power
to the rotor, will be dissipated in the resistance R, of the rotor circuit (i.e., rotor
copper loss) and converted into a mechanical output. Thus, Eq. (3.27) can be
divided into two components as

R
P = IR, + P ? (1—ys) (3.28)
Rotor c;pper loss Mechanical output
" Pmech
P, =I’R, =5 Py (3.29)
R
Pmech:IrzTr(l —s)=( _S)Pag (3.30)

The first term on the right-hand side of Eq. (3.28) represents the rotor copper
loss P,. The second term represents the mechanical output power P, that develops
the output toque. Fig. 3.25 shows this power distribution in the rotor circuit based
on Eq. (3.28).

We can see that the power distribution depends on the slip s. It is clear that
the lower the slip of the motor, the lower the rotor copper loss and the higher the
mechanical output power.

The mechanical power is equal to the output torque 7., times the angular
frequency wyecn as

R,
Preen = Ir2 ?(1 - S) = Tnech * Winech (3.3D)
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Distribution of the air-gap power.
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FIGURE 3.26
Approximated per phase equivalent circuit of an induction motor.

Thus the output torque of an induction motor is given by

1 1

Pme(:h _ ‘,) — _[2
ws "

R,
)

R,
r=1-
Wiech s

Tmech = (332)

Winech
where wyeen = (1 — s)wy and wy represents the synchronous angular frequency.

We need to express this torque equation in terms of the input voltage instead
of a nonmeasurable rotor current. The rotor current can be easily obtained from
the approximate equivalent circuit given in Fig. 3.26, in which the core loss
resistance is ignored and the magnetizing inductance is shifted to the input side
assuming Ry + jXjs < wsLy,.

From this circuit, the rotor current is given by

Vs

(3.33)
R, .

(Rs + _) +J(Xls +X[r)
N

L=

L
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By substituting this rotor current into Eq. (3.32), the output torque (per phase)
is expressed as

1 V2 R,
Torque:  Typeen = — 3 — (3.34)

2
W, R K
' (R.v - —f) +j(Xis + Xi,)?
N

This is the steady-state average torque per phase for a given input voltage Vi,
which is a function of the slip. The torque for a given slip is proportional to the
square of the stator input voltage. The torque calculated by using this approximate
circuit varies within 5% from that of the full circuit [2]. The shaft torque, which
is available to the load at the shaft of the motor, can be obtained by subtracting
the friction and windage torques from this output torque.

Let us examine the speed—torque characteristics of an induction motor based
on Eq. (3.34). In the low-slip region, which is the normal operating range of
an induction motor, the impedance of equivalent circuit parameters shows the
following relations as

R, R,
R+ —>X,+X, and — »R; (3.35)
s s

Thus the torque of Eq. (3.34) can be simplified as

V2
Tmech ~——Ls > Tmech s (336)

In this case, it is noteworthy that the output torque increases linearly
with the slip s. On the other hand, in the low-speed range with larger values of
the slip,

R
Ry + L «Xjs + Xp (3.37)
)

Thus the torque varies almost inversely with the slip s as

1 V2 R, 1
Theen = ——————— Tonech < — 3.38
mech ws (XI_S+X[r)2 E - nech s ( )

There is a speed at which the maximum torque, often referred to as pull-out
torque or breakdown torque, is developed. The slip at the maximum torque can
be obtained by solving dT..,/ds =0 as

R,

Sﬂlu)C =
\/ R+ (Xps +X,,)?

(3.39)
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Speed versus torque curve for an induction motor.

It is important to note that the rotor resistance R, is an important parameter
in determining the slip at which the maximum torque occurs. From sy,
the maximum torque can be given as

1 2
= Vs (3.40)

Tmax - 2
“s Ry + /R + (Xis +X,)

The value of the maximum torque is independent of the rotor resistance,
which determines the maximum slip value. The speed—torque curve of a typical
three-phase induction motor is shown in Fig. 3.27. This curve shows the speed
versus the output torque when an induction motor is started with full voltage.

The normal operating range of an induction motor is near the synchronous speed,
confined to less than 5% slip. In this low-slip region, the output torque increases
linearly with the increasing slip. The slip increases approximately linearly with the
increased load, and thus the rotor speed decreases approximately linearly with
the load.

3.1.4.4 Stable operating point

When a motor is driving a mechanical load, the motor will operate in a steady
state at a speed at which the torque developed by the motor is equal to the torque
required by the load. As it can be seen from the motion equation in Eq. (3.41),
when the motor torque 7., exceeds the load torque 7j,,s, the motor speed will
increase. When the motor torque is less than the load torque, the motor speed
will decrease. Thus the equilibrium point will be the speed at which the motor
torque equals to the load torque.

dw
Tmomr - Tload = (Jmomr + Jload) E (341)
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There are two kinds of an equilibrium operating point: stable point and
unstable point. At the stable operating point, the speed will be restored after a
small departure from the original equilibrium point due to a disturbance in the
input voltage or load. However, at the unstable operating point, the speed will not
be restored.

In the induction motor drives, a stable operating point is in the range above
the speed at which the maximum torque occurs in the speed—torque curve. As an
example, consider Fig. 3.28 that shows the speed—torque curve of the induction
motor along with two different load curves.

There exist three equilibrium operating points. Among these, point A is an
unstable operating point, whereas points B and C are stable operating points.
At point A, the system will not be able to maintain its original equilibrium state
when there is a disturbance in the drive system. For example, assume that, at point
A, there is a reduction in speed caused by a disturbance. In this case, a decrease in
the speed causes the motor torque to be less than the load torque. As a result, the
system will decelerate and eventually come to a stop. Similarly, an increase in
the speed caused by a disturbance will make the motor torque larger than the load
torque. Thus the operating point will move from point A to point B. Therefore
point A is an unstable operating point. On the contrary, points B and C are stable
operating points. At these points, the speed will return to their original points after
the deviation in speed by a disturbance. Criterion for the stability is given by

d(Tlaad B Tmm‘or)

> 42
1o 0 (342)

Hence a stable operation needs the following conditions: when the speed is
decreased, the motor torque developed needs to be greater than the load torque,

Torque A

{ Unstable | |
i point

I Maximum torque

points

» Speed
FIGURE 3.28
Operating points in motor drives.
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whereas when the speed is increased, the motor torque needs to be less than the
load torque.

3.1.4.5 Efficiency

Next, we will discuss the efficiency of an induction motor. Efficiency is defined
as the ratio of the output power to the input power of the motor expressed as

PUM Pou
p=row - Low 100 (%) (3.43)

As for a motor, the efficiency indicates how well the motor converts electrical
power into mechanical power. The input power of an induction motor is given by

Pin = 3Vsls cos 95 (344)

As shown in Fig. 3.24, the losses in induction motors are typically grouped
into five significant origins: the stator copper loss Py, the core loss Py, the rotor
copper loss P,, the windage and friction loss P,, and the stray-load loss. The
stray-load loss indicates residual losses that are difficult to determine by a direct
measurement or a calculation. The stator copper loss accounts for a large part of
the motor loss. Fig. 3.29 shows the loss distribution rating by rating [3].

The efficiency of induction motors is also dependent on the slip. If all
the losses that have little or no relationship to the slip are neglected, then the
efficiency can be expressed as a function of the slip as

Pous Prech _ Pag — P

- S SRRy (3.45)
Pin Pag Pag

n=

100

Wind and friction

————TTEE

Iron core

754

Additional load

Rot
Losses (%) 50 olor copper

254
Stator copper

1 10 100
hp

FIGURE 3.29
Loss distribution of induction motor.
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Actual efficiency and ideal efficiency.

This is called the ideal efficiency or the internal efficiency. The internal
efficiency as a function of speed is shown in Fig. 3.30. The internal efficiency
gives a measure of how much of the power delivered to the air gap is available
for mechanical power. The lower slip operation leads to a higher efficiency
because the rotor copper loss is directly proportional to the slip as we can see
from Eq. (3.29). In general, larger motors are more efficient than smaller motors.
Today’s premium efficiency three-phase induction motors have efficiencies
ranging from 86.5% at 1 hp to 95.8% at 300 hp.

EXAMPLE 1

A 5hp, 220V, 60 Hz, four-pole three-phase induction motor operates
at 1740 r/min when fully loaded at its rated voltage and rated frequency.
The motor parameters are R;=0.295(), R,=0.379 Q, X,, =22.243 (),
and X;; = X, = 0.676 (). Evaluate the following:

1. the slip, power factor, stator current, exciting current, and developed
torque when running at rated conditions;

2. the stator current and developed torque when starting at full voltage;

3. the slip at which maximum torque is developed.

Solution
1. The synchronous speed is

ny= 1205 _ 120060 _ a0 /min
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Thus the rated slip is

no—n 1800 — 1740
= = - D1ESS
Sy 1800

From the equivalent circuit in Fig. 3.20, the rotor impedance is
R | . :
Z,= — +jX, =11.37 +j0.679
s

The input impedance is

Z- ler
Z, + X,

Zs =R; +les + = 8.887 +j5599
=17, L 0,=10.5,32.212
The power factor is
cos 6, = 0.846
The stator current is
V, hase <ﬁ)
I, = 2% = AVS7 = 12092 A
|Z| 10.5
The rotor current is
JX

L=I- -2 =10512 A
Zr +]Xm

The torque is

where
2
wy = 27f; == 188.5 rad/s
2. Since s =1 at start, the rotor impedance is
R | . ,
Z, = = +jX;, =0.379 + j0.679
S

The input impedance is

Z- ler
Zr +ler

Z, =R, +jX;s + =0.652 +1.343
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The stator current is

and the starting current is seven times larger than the rated current.
The rotor current is

The starting torque is

Tmech = —
w.

.
L=1I, 212" —82557A
Z, +jXm
1 LR 1 , 0379
I = g 82557 == =4LINm

3. The slip at the maximum torque is

i =0.273

smax =

R+ (X +X,,)°

The maximum torque developed is

mec

3 V2

— S

25 R, 4[R2 + (X5 +X,)

=73.28

From the above results, the speed—torque curve of this induction

motor is shown as

Maximum
" ¥ torque

85A ¢
Starting 4.
Current
current Stator .y for maximum
current torque
41Nm_¢
Starting 4"
torque Rated
_________ y torque
20 Nm
______ » Rated
. current
0 i : Sli
0.273 0.033 0 P
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OPERATING MODES OF INDUCTION MOTORS

An induction motor can be operated in three modes according to its operating
speed and rotation direction. Fig. 3.31 shows the power, operating speed, and
torque in the available three operation modes of an induction motor.

First, a typical operation of an induction motor is the motoring mode, in which
the rotor rotates in the same direction as the stator rotating magnetic field but at
a somewhat slower speed. Thus the slip ranges between 0 and 1 (0<s=l),
and both the air-gap power and the mechanical power are positive as

R,
P =1I? —> 0, Puech = (1= 5)Pyg >0 (3.46)

This implies that, in the motoring mode, the induction motor converts the
applied input power into mechanical power through the air gap.

If an induction motor is driven to a speed higher than the synchronous speed
by an external prime mover, then the slip will be negative (s <0) and both the
air-gap power and the mechanical power are negative as

T

R,
Pue=1"—" <0, Ppoen =(1 = 5)Pye <0 (3.47)
S

This implies that the power from the mechanical system flows into the rotor
circuit, then across the air gap to the stator circuit and the external electrical
system. Thus the induction motor will operate in the generation mode.

This mode may occur when the stator frequency applied to an induction
motor is lowered to reduce the speed of the rotor. In this process, the

A

Torque s

// Fe < 0
Motoring mode
Plugging mode B <0
2 1 0 -1 Slip
-n, 0 l’lsI 21 Speed
|
P, >0 P,>0 '
ag 8 : Generation mode
Pmerh <0 P’”L’Ch >0 I
: |
|
|
|
|
|
FIGURE 3.31

Three operation modes of an induction motor: plugging mode, motoring mode, and
generation mode.
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instantaneous speed of the rotor may be higher than the instantaneous synchro-
nous speed because of the inertia of the drive system. This leads to a negative
slip, and the direction of the torque developed in the motor will be opposite to
the rotation of the rotor. This torque will act as a braking torque that
slows down the rotor speed. In this case, the motor operates as a generator, and
the generated power is fed back into the power source. This process is called
regenerative braking.

The last operating mode is the plugging mode, in which the rotor rotates in
the direction opposite to the stator magnetic field and thus, the slip s > 1. In this
mode, the air-gap power and the mechanical power are given as

R,
Py =1I? = >0, Puecn = (1= 5Py <0 (3.48)

;

Both powers flow into the rotor and are dissipated in the rotor as heat. Thus
the rotor bar may be overheated. This mode can also be used for braking the
motor to stop quickly. When an induction motor is running, the direction of
the rotation of the stator magnetic field can be reversed by switching any two
of the three-phase windings. In this case, the developed torque will be in the
direction of the stator magnetic field but opposite to the rotation of the rotor, and
the induction motor will operate in the plugging mode.

EFFECT OF ROTOR RESISTANCE

The resistance in the rotor circuit greatly influences the characteristics of an
induction motor. This is because the speed at which the maximum torque occurs
depends on the rotor resistance as shown in Eq. (3.4).

Fig. 3.32 shows the speed—torque characteristics for two different values of
the rotor resistance. A high rotor resistance will provide a high starting torque,
leading to a rapid acceleration of the mechanical load system. This is also desir-
able for a low starting current and a high power factor during starting. However a
high rotor resistance results in a high slip during the normal running operation.
This causes increased rotor loss and reduced efficiency. Therefore, during a
normal operation, a low rotor resistance is desirable. This results in a lower slip
and thereby a higher efficiency.

Therefore we can see that there are conflicting requirements of rotor resistance
for a satisfactory performance, i.e., a high resistance at starting and low resistance
at the normal operating speed. For this reason, different types of rotors have been
developed to achieve a variation in rotor resistance with operating speed.

In a wound-rotor induction motor, external resistance can be connected to the
rotor windings through slip rings as shown in Fig. 3.6. Thus a satisfactory perfor-
mance in both the starting and running conditions can be obtained by varying the
value of the external resistance with the rotor speed.

For squirrel-cage induction motors, the rotor resistance depends on the
operating speed. This is because the effective resistance of the rotor conductor
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Torque—speed characteristics for different values of the rotor resistance.
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FIGURE 3.33
Comparison of rotor bars. (A) Normal rotor and (B) deep-bar rotor.

Slot
leakage flux

may be changed with the rotor frequency due to the skin effect. The skin effect is
the tendency of AC current to flow near the surface of the conductor. The skin
effect causes the effective area of the cross section of the conductor to reduce at
higher frequencies, thus increasing the effective resistance of the conductor. At
standstill, the rotor frequency is high since it equals to the stator frequency,
whereas at a normal operating speed, it is low at about 1—3 Hz in a 60-Hz motor.
As a result, the effective resistance of the rotor circuit decreases as the operating
speed increases.

Besides the skin effect, the rotor conductor can be properly designed to have a
higher resistance at the starting. In this case, the rotor conductor is made in the
form of a deep-bar as shown in Fig. 3.33B. In the current-carrying deep-bar,
the leakage flux surrounding the bottom part of the deep-bar conductor is greater
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than that of the upper part. The leakage flux lines are shown by the dotted lines on
the right of Fig. 3.33B. The leakage inductance of the conductor elements at the
bottom part is larger than that of the conductor elements at the upper part.
Therefore the AC current in the upper part of the conductor will flow more easily
than in the bottom part with a large leakage reactance. This nonuniform current dis-
tribution makes the effective resistance of the bar to increase.

Since the leakage reactance is proportional to the frequency, this nonuniform
current distribution is more pronounced at the starting of a high rotor frequency.
At normal operating speeds, since the rotor frequency is low, the rotor current is
almost uniformly distributed over the cross-sectional area of the rotor bar, and
thus the effective resistance R,y will be as low as the DC value Rg.. For a deep-
bar rotor, its effective resistance at starting may be several times greater than at
the rated speed as shown in Fig. 3.34.

As explained above, for induction motors with a deep-bar rotor, the rotor
resistance varies according to the speed so that a satisfactory performance can be
achieved both at the start and normal operations.

A double-cage rotor is another type of rotor whose effective resistance varies
as shown in Fig. 3.35 [4]. It consists of two cages to exaggerate its variation more
than the deep-bar. The upper cage has smaller cross-sectional areas than the lower
cage. In addition, the upper cage is made up of a higher resistance material than
the lower cage. Similar to a deep-bar rotor, the rotor bars in the lower cage have
a greater leakage flux and thus, higher leakage inductance. At starting, since the
rotor frequency is high, the division of the rotor current is mainly decided by
the leakage reactance difference between the two cages. Most of the currents will
flow in the upper cage that has a lower reactance, but a high resistance.

On the other hand, at a normal operating speed, since the rotor frequency is
low, the division of the rotor current is mainly dependent on the resistance of the
two cages. Most of the current will flow in the lower cage which has a lower
resistance. Therefore, in a double-cage rotor, at the start-up, the current
flows mainly in the upper cage which has a higher resistance, while at a normal
operating speed, it flows in the lower cage which has a lower resistance.

Rotor A Torque 4
resistance 3l oot .
roer rotor
Rt{ff 21
w | e
1
— X
’ f.H2) + Specd

30 60

FIGURE 3.34
Effective resistance and output torque in the deep-bar rotor.
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Outer bar

Inner bar

FIGURE 3.35
Double-cage rotor.

3.1.6.1 Design types of induction motors

As we discussed in Section 1.3, there are several types of loads. The required perfor-
mance characteristics for a driving motor may be different according to the driven
load. For example, the performance characteristics of motors for crane or hoist drives
may be much different from those of motors for pump and blower drives.

Induction motors can be classified into different designs according to the starting
and the normal operating characteristics. For classification of the motor, there are
two most widely used standards: National Electrical Manufacture’s Association
(NEMA) and International Electrotechnical Commission (IEC). The NEMA stan-
dards mainly specify four design types: Design A, B, C, and D. Of these, the most
widely used are Design B (normal torque) and Design C (high torque). Description
on these four design types is summarized later.

Design A—It is characterized by normal starting torque (typically 150—170%
of the rated), high starting current, low operating slip, and high-breakdown
torque (the highest of all the NEMA types); common applications include
fans, blowers, and pumps.

Design B—It is characterized by normal starting torque, low starting current,
and low operating slip; common applications being the same as Design A.
Design B is the most commonly used type for general-purpose applications.
Design C—It is characterized by high starting torque, low starting current,
and higher operating slip than Designs A and B; common applications include
compressors and conveyors.

Design D—It is characterized by high starting torque (higher than all the
NEMA motor types), high starting current, high operating slip (5—13%),
and inefficient operation efficiency for continuous loads; it is commonly
used for intermittent loads such as a punch press.

Fig. 3.36 shows the speed—torque curve for the four NEMA designs [4].
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Torque characteristic according to design types of induction motors.
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FIGURE 3.37

Equivalent circuit parameters for an induction motor.

DETERMINING EQUIVALENT CIRCUIT PARAMETERS

To analyze the operating and performance characteristics from the equivalent cir-
cuit of an induction motor as shown in Fig. 3.37, the parameters for the given
induction motor should be determined. In addition, an accurate knowledge of
motor parameters is essential for high-performance control of induction motors,
which will be discussed in Chapter 5. Now, we will introduce specific tests on
the induction motor to determine its equivalent circuit parameters.

3.1.7.1 Measurement of stator resistance R

The resistance R between any two terminals of three-phase windings, which may
be connected in a delta or in a wye, can be directly measured. We can obtain the
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FIGURE 3.38
No-load test.

stator resistance as R; = R/2 for a wye connection or as Ry = 1.5R for a delta
connection. This test must be performed with a precise instrument for large-sized
motors because their resistance is very small. The stator resistance can be also
obtained from the measured current after applying a DC voltage between the two
windings.

3.1.7.2 No-load test

This test can determine the stator circuit parameter L; + L, and the parameter
R.. Here, R, represents both the core loss and rotational loss. This test corre-
sponds to the open-circuit test on a transformer. In this test, the rated voltage is
applied to the stator terminals without any mechanical load. Then, the voltage
Vu, current Iy, and input power Py are measured at the motor input. The slip of
an induction motor at no-load is almost zero, and thus R,/s ~ o0 and I, =~ 0.
Therefore the rotor branch of the equivalent circuit can be neglected as shown
in Fig. 3.38.

At no-load test, the input power measured is equal to the losses, which con-
sist of the stator copper loss, the core loss, and the rotational loss of friction and
windage losses. The rotor copper loss can be negligible because the rotor cur-
rent is extremely small. Here, the sum of the core loss and the rotational loss,
which is normally almost constant at all operating conditions, is regarded as R..
With the value of the premeasured stator resistance R;, the value of R, may be

found by
Py
5)

Py =3 (R, +R.) —» R.=—~
IN

— R (3.49)

From the measurement data Py, Vy, and Iy, the equivalent impedance and
resistance are

(ﬁ

«/§ PN

Zy= 2L Ry = :

‘N IN 5 3]}%] (3 50)
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and the equivalent reactance is

Xy =1\/Z3 — R} =X, + X, (3.51)

The values of X;; and X, will be separately determined by the following
blocked rotor test data.

3.1.7.3 Blocked rotor test

This test determines the rotor resistance R, and the sum of the leakage
inductances Lj; + L;,, corresponding to the short-circuit test on a transformer.
In this test, the rotor is locked so that it cannot rotate, and the current is
maintained at the rated value by adjusting the applied voltage. Afterward, the
resulting voltage Vp, current Iz, and power Pp are measured at the motor input.
Since the rotor is not rotating, the slip s = 1, resulting in X,, > R, + jXj,. Thus
the magnetizing X,, branch of the equivalent circuit can be neglected.
The equivalent circuit for the block rotor test is reduced to the circuit as shown
in Fig. 3.39.

In this case, the input power measured is equal to the sum of the stator and
the rotor copper losses. Thus the rotor resistance is determined by

)

I

Py =3L:R,+R,) — R, = —R, (3.52)

From the measurement data V and I, the equivalent impedance is

(&)
Zg = W3/ (3.53)

Ip

and the reactance Xy, which is the sum Xj; + X, of the stator and rotor leakage

reactances, is given by
Xp=1\/Z} — (R,+R)" =Xis + X (3.54)

Equivalent circuit
Iy X R, X X,
— Current|—
AC meter
power
source i
L k!g
] Induction o |
y, | Voltage motor
B | meter
FIGURE 3.39

Blocked rotor test.
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As for the proportion of the stator and rotor leakage reactances, empirically,
Xis =X, =05Xp for Design A and D types, X;; =0.4Xp, X; =0.6Xp for
Design B type, and Xj; = 0.3Xp, X;, = 0.7X for Design C type [4].

Given the value of X, the magnetizing reactance can be separated from
Eq. (3.51) as

X = Xy — Xy (3.55)

In this test, since the rotor is locked, the rotor frequency is equal to the
source frequency of 50 or 60 Hz. However, at normal operating conditions,
the rotor frequency is in the range of 1—3 Hz. Since the resistance depends on the
operating frequency, an incorrect rotor frequency can lead to misleading results
in this test. A typical compromise is to use a frequency 25% or less of the rated
frequency [2].

SPEED CONTROL OF INDUCTION MOTORS

Traditionally, induction motors have been used as nearly constant speed motors,
which are operated by their direct connection to the power grid. However,
because of their low cost and ruggedness, the induction motors are also being
used for variable speed drives in many applications.

The operating speed of an induction motor depends on the slip or the
synchronous speed of the given load. Therefore the speed control of an induction
motor can be classified into two methods as follows:

* Slip control: inefficient, restricted speed control range

* Synchronous speed control: efficient, wide speed control range

3.1.8.1 Slip control

At a constant stator frequency, the speed of an induction motor can be varied
according to the slip. The slip can be changed by varying the stator voltage or the
rotor resistance.

First, let us take a look at the speed control by changing the stator voltage. As
can be seen from Eq. (3.34), the torque developed by an induction motor is pro-
portional to the square of the stator voltage as

1 V2 R,
Tnech = — : =« v} (3.56)

Ws R\? 5 S
(Rs'i‘ ?r) +J(X,S+X1,)

Fig. 3.40 shows the variation of a speed—torque curve with respect to the
stator voltage. We can see that the speed control by varying the stator voltage is
available only for a limited range. The controllable speed range depends on the
value of the slip (i.e., the maximum slip) at which the maximum torque occurs.
By comparing Fig. 3.40A with B, we can see that the Design C or D motors have
a wider speed control range than the Design A or B motors.
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FIGURE 3.40

Torque characteristics according to the stator voltage variation. (A) Design A or B motor
and (B) Design C or D motor.
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FIGURE 3.41
Speed control by changing the rotor resistance.

Next, let us examine the speed control by changing the rotor resistance.
From the Section 3.1.4.3, we can see that the slip at which the maximum torque
occurs is proportional to the rotor resistance R, as

R,
Spay = ———t xR, (3.57)

R+ (X;5+X5,)

Thus, changing the rotor resistance will alter the shape of the speed—torque
curve and in turn, adjust the operating speed of the motor. Fig. 3.41 shows the
speed—torque curves for different rotor resistances.

To adopt the speed control by changing the rotor resistance, we need to use
the wound-rotor type induction motors. The rotor resistance in the wound-rotor
type induction motors can be varied by adding an external rheostat or a resistor
bank to the rotor windings via the slip rings. Changing the value of the rheostat
will change the operating speed of the motor. Similar to the applied voltage
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varying method, the rotor resistance varying method also gives a limited control-
lable speed range. Moreover, inserting extra resistances into the rotor circuit seri-
ously reduces the efficiency of the drive.

In the speed control methods of varying the stator voltage or the rotor
resistance, the speed is considered to be changed by varying the slip at a constant
stator frequency. As we can see from Eq. (3.46), since the efficiency of induction
motors depends on the operating slip, the speed reduction by these methods will
lead to a reduction in efficiency. Nevertheless, these speed control methods are
applicable to small-sized motors that drive loads requiring a torque proportional
to the square of the operating speed such as fans or blowers. For such loads,
since the power consumption is reduced significantly according to the reduction
in the speed, the reduction in efficiency is relatively small.

Instead of wasting energy in the rotor resistance (referred to as the slip energy),
there is a better approach to improve the efficiency, which is known as a slip energy
recovery system. In the slip energy recovery system, the slip energy can be returned
back to the electric power source. There are two types of the slip energy recovery
system: Kramer drive system and Scherbius drive systems. These systems exploit
a power electronic converter connected to the rotor circuit instead of external resis-
tors. Such a system can recover the energy taken from the rotor through the slip rings
to decrease the speed and feed it back into the power source.

3.1.8.2 Synchronous speed control

The rotor of an induction motor follows the stator magnetic field which rotates at the
synchronous speed proportional to the applied stator frequency. Thus, changing
the stator frequency is more fundamental to the speed control. The relationship
between the synchronous speed n, and the stator frequency f; is

120 f,
-5

Though the synchronous speed can be altered by changing the number of
poles, this requires a complex motor construction. Moreover, it is not possible to
provide a continuous change in the synchronous speed. Thus, it is more effective
to change the stator frequency. The speed—torque characteristics for a variation
in the stator frequency at the rated stator voltage are shown in Fig. 3.42.

When changing the stator frequency to adjust the speed, if the stator
voltage remains constant, then the stator frequency variations lead to the change
of the developed torque as well as the operating speed as shown in Fig. 3.42.
The explanation is as follows.

At normal operating conditions, since the voltage drop across the stator
resistance and leakage reactance are negligible in comparison to the applied
voltage, the torque of Eq. (3.34) can be simplified as

T ~ ng R, _ <Vx)2 Rwy
mech = Wy R,2 + (Wlelr)2

R\? WS
(?) +(WsLlr)2

(3.58)

ng

(3.59)
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FIGURE 3.42
Speed—torque characteristic curves for several frequencies (5-hp, four-pole motor).

It can be seen that at a fixed stator voltage and slip frequency, the developed
torque is inversely proportional to the square of the stator frequency. From
Eq. (3.17), we can see that the air-gap flux depends on the ratio of the stator volt-
age V; to the stator frequency f; as

¢ Es ~ s (—E; =4.44fN;pK ,5) (3.60)
Lok

Thus, under a fixed stator voltage, the air-gap flux varies inversely with the
stator frequency. As can be seen from Eq. (3.59), the developed torque is propor-
tional to the square of the air-gap flux and thus, is inversely proportional to the
square of the stator frequency.

The rotor current is also influenced by the variation of the stator frequency.
Assuming that at normal operating conditions, the stator resistance and leakage reac-
tance are negligible, the rotor current varies inversely with the stator frequency as

- Vs _ (K) Qi ! (3.61)
s R;z + (Wlelr)2 ﬂ

2
<&) X
)

When adjusting the operating speed by changing the stator frequency,
if the stator voltage is varied linearly with the frequency as shown in Fig. 3.43,
then the air-gap flux ¢ ~ V,/f; will remain constant and thus, the torque and
rotor current will remain unchanged. This technique is called the constant volts
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FIGURE 3.43
Constant volts per Hertz (V/f) control.

per Hertz (VIf) control, which has become a popular variable speed drive for
induction motors in general-purpose applications today. The V/f ratio may be
adjusted according to the driven load.

At low frequencies below a few Hertz, due to the influence from the voltage
drop across the stator resistance and leakage reactance, the magnitude of the stator
voltage determined by this linear V/f relationship will be insufficient to keep the
magnitude of the air-gap flux constant. This is because the actual air-gap flux ¢ is
not proportional to V,/f;, but E,/f;. This results in reduction of the air-gap flux and
in turn, reduction of the output torque. Thus, for the constant V/f control at a low
operating frequency, we have to boost the stator voltage to compensate for the volt-
age drop of the stator resistance and leakage reactance as shown in Fig. 3.43.

Fig. 3.44 shows the speed—torque characteristics curves for several frequencies
under the constant V/f control. To summarize, under the constant V/f operation of
an induction motor,

e Torque is independent of the stator frequency,
¢ Rotor current is independent of the stator frequency,

* Synchronous speed is proportional to the stator frequency.

The constant V/f control can be utilized for the speed control below the rated
speed. If the stator frequency increases more than the rated frequency, the con-
stant V/f ratio cannot be maintained due to the limitation of the applied voltage.
Thus, for speeds higher than the rated speed, the maximum torque will be reduced
due to the reduction in the air-gap flux. The control method for high speeds above
the rated speed will be discussed in more detail in Chapter 8.

In the induction motor drives with the constant V/f control, it should be noted
that the torque and the rotor current are determined only by the slip angular

135



136

CHAPTER 3 Synchronous motor and induction motor

£

<

g

o 20Hz\ 30Hz\ 40Hz | 50Hz} 60 Hz

S

TL
[ I I I I
[ I I I I
[ I I I I
I I | | I

0 600 1200 > < 1800

Speed (r/min) ay
FIGURE 3.44

Speed—torque curves with constant volts per Hertz control (5-hp, four poles).

frequency wy( = sw;). We can see from Fig. 3.44 that the output torque can be
produced equally at any speed for the same slip frequency. Thus, even though
the speed is reduced by the stator frequency, the operating slip can be kept low
so that the efficiency cannot be degraded unlike the slip control. Moreover, at
start-up, a high starting torque can be achieved by applying a low stator fre-
quency without requiring a high rotor resistance. After the starting, the stator
frequency is increased along with the stator voltage according to the linear V/f
relationship.

Up to this point, we have discussed the open-loop speed control by the stator
frequency. In the open-loop speed control, however, the steady-state speed can be
affected by the load variation because the operating slip frequency depends on the
load. In particular, in the low-speed region, the variation of the operating slip
frequency may bring about a large error in the steady-state speed. Thus this
open-loop speed control needs a proper compensation to offset the speed error
according to the load variation. More accurate speed control can be achieved by
the closed-loop speed control, which adjusts the slip frequency under the constant
VIf control as the following.

3.1.8.3 Closed-loop speed control by adjusting the slip frequency

under constantV/f control
Under the constant V/f control, the torque of an induction motor can be controlled
by adjusting the slip frequency f,. The torque of Eq. (3.59) is rewritten in terms
of the slip frequency f, as

v.\>  27fR,
Tinech = (—) _ 2R (3.62)
Wy R% + (27Ter1r)
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FIGURE 3.45
Speed control by adjusting the slip frequency with constant V/f control.

Since the standard induction motors normally have R, > 27f,.L;,., if the air-gap
flux is constant, then the torque is proportional to the slip frequency f, as

Vs Zog
Tmech = (_) R_f) (363)

s

Fig. 3.45 shows the block diagram of the closed-loop speed control system
based on Eq. (3.63).

In this speed control system, with the constant V/f operation, the slip
frequency f; is adjusted so that the actual speed n follows the command speed n*.
Since the developed torque of an induction motor can be adjusted by the slip
frequency, if the actual speed of the motor is less than its command, then the
controller increases the slip frequency to produce a larger torque. On the other
hand, if the actual speed is higher than its command, then the controller decreases
the slip frequency to reduce the developed torque. In this case, the variation range
of the slip frequency should be limited within the maximum slip frequency,
at which the breakdown torque occurs.

Once the required slip frequency f. is determined in this manner, the stator
frequency command can be determined by the sum of the slip frequency and the
rotor speed f;, as

fi =f*f (3.64)
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Operations in the closed-loop speed control system. (A) Speed increase and (B) speed
decrease.

From this stator frequency command f;, the voltage command applied to the
motor should be determined according to the linear V/f relationship shown in
Fig. 3.43. This voltage reference V, with the stator frequency will generally be
generated by using the PWM inverter, which will be described in Chapter 7. The
inverter used for this purpose is called the Variable Voltage Variable Frequency
(VVVF) inverter.

Fig. 3.46 describes the closed-loop speed control that was shown in
Fig. 3.45. Fig. 3.46A shows the operation for the increase in speed. If the sta-
tor frequency is increased by the increased slip frequency, then the developed
torque becomes greater than the load torque, and thus the speed is increased.
On the other hand, Fig. 3.46B shows the operation for the decrease in speed. If
the stator frequency is decreased by the decreased slip frequency, then the
developed torque becomes smaller than the load torque, and thus the speed is
reduced.

This speed control scheme for induction motors is widely used in general-
purpose drives such as fans, pumps, and conveyors because it can improve the
system efficiency and provide a satisfactory starting torque and a satisfactory
steady-state performance. This control can give a speed regulation of 1—-2%.
However, this control scheme is insufficient to achieve a high dynamic perfor-
mance. Therefore, we need an advanced control technique such as the Vector
control, which will be described in Chapter 5.
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OPERATION REGIONS OF INDUCTION MOTORS

Induction motors have been traditionally used as constant speed motors supplied
by the AC power source. However, recently, it has been increasingly used as vari-
able speed motors driven by an inverter. As stated in the Section 3.1.8.2, the vari-
able speed induction motor drive can be achieved by controlling the frequency and
voltage applied to the motor. The operation range of an induction motor can be
divided into three regions according to the output torque capability as

* Constant torque region: speed range below the base speed
* Constant power region: speed range above the base speed

e Breakdown torque region: speed range above the base speed maintaining
the maximum slip frequency

The speed range above the base speed can be further divided into two subre-
gions: constant power region and breakdown torque region. Because the field
flux is reduced for operation in these regions, they are called field-weakening
regions. Fig. 3.47 illustrates the output toque characteristic in each region.

3.1.9.1 Constant torque region

In this region, the motor speed is increased by increasing the stator frequency. To
maintain the air-gap flux at a constant value, the applied stator voltage will be
increased with the stator frequency according to the linear V/f relationship. This is
the constant V/f control as stated in the Section 3.1.8.2. In this control method,
since the output torque is proportional to the slip frequency, the output torque can
be produced equally at any speed for the same slip frequency as shown in
Fig. 3.48. (The same slip frequency means the same stator current.) Hence, this
speed range is called constant torque region. The maximum torque developed by
the induction motor is limited only by the allowable current rating in this region.

Torque 4 Constant e Constant < Breakdown
torque region power region | torque region
Maximum| : >
torque f Field-weakening region
rated ,
Constant :
torque locus ! Breakdown
/ i torque locus
Constant '
power locus !
0 >
Wi Wy Speed
FIGURE 3.47

Operation regions of an induction motor.
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FIGURE 3.48

Operation characteristics in constant torque region.

FIGURE 3.49
Steady-state equivalent circuit of an induction motor.

3.1.9.2 Constant power region

Since the back-electromotive force (back-EMF) of the induction motor increases
with the speed, the voltage applied to the motor should also be increased with the
speed for the stator current to flow properly. However, since the terminal voltage
of the motor should not exceed the rated (or nominal) voltage, the stator voltage
cannot be increased above the rated voltage despite the speed increase. The onset
speed, at which the terminal voltage of the motor becomes the rated voltage, is
called the base speed. Since the induction motor will be operated with a constant
voltage in the speed region above the base speed, the air-gap flux as well as the
rotor current will decrease as the operating speed increases.

The steady-state equivalent circuit in Fig. 3.49 implies that under a constant
stator voltage V,, an increase in the operating frequency causes the reactance
to increase, resulting in a decrease of both the exciting current I; and rotor
current I,. Therefore the output torque of an induction motor in this region will
be different from that in the constant torque region.
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In the Section 3.1.4.3, the output torque and the rotor current of an induction
motor were given as

1 LR,
T,=3—1"—" (3.65)
wy " s
ES ES S
I =5 = (_) Wi (3.66)
wy

(&> +jX[r R% + (wlelr)z
s

Substituting Eq. (3.660) into Eq. (3.65), the following torque expression as a
function of air-gap flux and rotor current can be obtained.

T,=3 <5> R ke (¢ = %) (3.67)

s \/ R% + (“‘Js[Llr)2 g

Under a constant stator voltage, an increase in the stator frequency leads to a
reduction in both the air-gap flux ¢( o E;/w;) and the rotor current I,. Therefore
the output torque will decrease in proportion to 1/w?. However, if we make the
slip frequency wy increase as the stator frequency increases, then the rotor current
will remain constant due to the reduced impedance R,/s by the increase in the
slip. This can be readily seen in Eq. (3.660) and Fig. 3.49. In this way, if the rotor
current remains constant despite the stator frequency increase, then the developed
torque decreases in proportion to 1/w;, not 1/w?, as shown in Fig. 3.50. Thus an
enhanced output torque capability can be achieved.

Therefore for operation in this region, the slip frequency wy should be
increased as the stator frequency increases. In this case, since both the voltage
and the current remain constant, this region is called the constant power region
(strictly speaking, constant VA), which corresponds to the field-weakening region
of a DC motor.

y Constant

4
Torque :‘ """""" power region T ’:
| [
o | [
\ Output torque
: P 1 q Breakdown torque locus
lez— [ 1

T,

o ——
max B
s

s

Slip frequency

» Speed

FIGURE 3.50
Operation of constant power regions.
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Operation of breakdown torque regions.

3.1.9.3 Breakdown torque region

In the constant power region, the slip frequency is increased with the speed
increase to lower the reduction rate of the output torque. However, there is a limit
to increasing the slip frequency because an induction motor has a maximum slip
for the stable operation as

R,

R+ Xis+Xi)

Once the operating slip frequency reaches its maximum value, the rotor
current will decrease and, in turn, the output torque will decrease in propor-
tion to 1/w? as the stator frequency increases as shown in Fig. 3.51. Since the
current will be decreased, the input power will not remain constant. In this
case, an induction motor will be operated at the maximum slip for producing
the breakdown torque. Thus this region is called the breakdown torque
region.

Fig. 3.52 depicts characteristics such as voltage, current, developed output
torque, flux, and slip frequency over the overall speed range. The curve, which
shows the output torque capability versus the speed, is called the capability curve
of an induction motor.

The base speed, at which the constant power region starts, does not usually
coincide with the rated speed and varies with the available voltage, operating
current, flux level, and load condition. A detailed explanation on this will be
given in Chapter 8. The range of the constant power region depends on the maxi-
mum value of the slip frequency. As can be seen from Eq. (3.68), this maximum
slip frequency is a function of leakage inductance, and thus, its range depends on
the total leakage inductance, X + Xj,. For a standard induction motor, this value
is normally 0.2 p.u., producing a constant power range up to two to three times
the rated speed. By contrast, induction motors for high-speed drives often have a
constant power region range over four times the rated speed.

(3.68)

Smax =
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FIGURE 3.52
Capability curve of an induction motor.

SYNCHRONOUS MOTORS

As stated in Chapter 1, the name synchronous motors stems from its characteristic
to develop the torque only when the rotor operates at the synchronous speed.
Traditionally, large-sized synchronous machines have been mainly used as gen-
erators. As motors, they have been used to improve the power factor in the power
grid by changing the field current, i.e., excitation. In this case, they are called
synchronous condensers. In small sizes, they have been often used in applications
requiring a constant speed operation.

However, recently, synchronous motors with a permanent magnet rotor are
growing rapidly in use for variable speed drives instead of DC motors. This is
because permanent magnet synchronous motors (PMSMs) have many advantages
over other motors such as high efficiency, high power density, high dynamic
response, and high power factor. However, one disadvantage is its higher
cost in comparison to an induction motor. In this section, we will study the
basic performance characteristics of the synchronous motor under steady-state
conditions, and in Chapter 4 and Chapter 5, we will learn about its dynamic
characteristics.

The structure of the stator and rotor of a synchronous motor is shown
Fig. 3.53. A synchronous motor has the same stator configuration as an induc-
tion motor, but a different rotor structure. Unlike an induction motor, a syn-
chronous motor has independent excitations for the stator and rotor windings,
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Stator and rotor structure of a synchronous motor. (A) Cylindrical type, (B) salient pole
type, and (C) stator windings.

i.e., AC excitation to the stator winding and DC excitation to the rotor wind-
ing. The function of the stator winding, which is commonly called an armature
winding, is to generate a rotating magnet field through its connection to a
three-phase AC power source such as an induction motor. The rotor winding,
which is called the field winding, generates a field flux with a DC excitation
or by a permanent magnet.

There are two types of rotor construction: cylindrical (or nonsalient pole)
type and salient pole type. A salient pole rotor is normally used for low-speed
applications such as hydroelectric generators, while a cylindrical rotor is normally
used in high-speed applications such as steam or gas turbine generators. Now, we
will explore the steady-state equivalent circuit and the output torque of a synchro-
nous motor.

CYLINDRICAL ROTOR SYNCHRONOUS MOTORS

Since the rotor winding with a DC excitation can be represented as a simple
R-L circuit without back-EMF, we need to discuss an equivalent circuit for only
the stator winding.

The stator windings of a synchronous motor are the same as those of an induc-
tion motor. Thus, from Eq. (3.6), the stator voltage equation of a synchronous
motor is given as

vy = Ryis + % (3.69)

However, since the stator flux linkage of a synchronous motor is different
from those of an induction motor, we need to examine the stator flux linkage ;.

A synchronous motor has independent excitations for the stator and rotor
windings. In the air gap, these excitations generate two magnetic fields which
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FIGURE 3.54

Rotating field flux of stator and the field flux of rotor.

rotate at the synchronous speed as shown in Fig. 3.54. One is generated by the
stator winding currents as in an induction motor, and the other is generated by
the field winding current. In synchronous motors, the torque is produced by the
interaction of these two magnetic fields.

The rotating field flux ¢, generated by the three-phase AC currents /5 flowing
in the stator winding consists of the armature reaction flux ¢, and the leakage
flux ¢, as

¢a = ¢ar + ¢al (370)

The armature reaction flux ¢, corresponds to the magnetizing flux in the
induction motor. The field flux ¢, generated in the field winding is also a rotat-
ing magnetic field rotating at the synchronous speed because the rotor itself
rotates at the synchronous speed. In the air gap, there is a resultant of these
two field fluxes as

b5 = bp + bur (3.71)

Thus the flux linkage A, of the stator winding with an effective number of
turns N, will be expressed as

)\5 = N&((bf + (bar) (372)

In the stator winding, the voltage is induced by these two fluxes. The voltage
Ey induced by the field flux ¢, is called the excitation voltage as shown
in Fig. 3.55. The magnitude of the excitation voltage is proportional to the field
current and the rotor speed.

The voltage E,, induced by the armature reaction flux ¢,, is called the arma-
ture reaction voltage, whose equation is the same as the Eq. (3.18) of the induced
voltage for an induction motor.

The total induced voltage in the stator winding is the sum of these two
induced voltages as

E,=E; +E, (3.73)
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FIGURE 3.56
Per phase equivalent circuit of a cylindrical rotor synchronous motor.

Here, the armature reaction voltage E,. lags the armature reaction flux ¢,,
by 90°, so it can be expressed in terms of the armature reaction reactance X, as

Ear = Ianar (374)
Considering the total induced voltage, the voltage drop of the stator resistance

R, and leakage reactance X, the stator voltage equation of Eq. (3.69) can be
expressed as the phasor representation by

Vs = IsRs + Istal + Es
=ILR; + Ixjxal + IjXar + Ef (375)
=ILR; + IjX, + E = I,Z, + Ef

where, X,(= X, + X,) is the synchronous reactance and Z,( = R, + jX;) is the
synchronous impedance.

By using Eq. (3.75), the complete per phase equivalent circuit of a
cylindrical rotor synchronous motor under the steady-state condition is shown

in Fig. 3.56.
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3.2.1.1 Torque of a cylindrical rotor synchronous motor

The torque of a cylindrical rotor synchronous motor is obtained by dividing the
output power by the synchronous speed w,. The input power of a synchronous
motor is given by

P =3V,cos 0 (3.76)

where 0 is the phase angle between the stator voltage V; and the stator current /.

Eq. (3.75) of a synchronous motor can be represented by the phasor diagram
as shown in Fig. 3.57. The phase angle ¢ between the stator voltage V, and
the excitation voltage Er is an important factor of power transfer and stability in
synchronous machines and is usually termed the power angle (or load angle).
For motoring operation, this angle § is also called the forque angle, and the stator
voltage V; is ahead of the excitation voltage E;. The angle § acts as the slip in an
induction motor. The angle & increases with the increased load. This angle can
also be regarded as the difference angle between the stator and the rotor rotating
magnetic fields. In motoring operation, the stator magnetic field is ahead of the
rotor magnetic field. The power and torque for synchronous machines are usually
expressed as a function of the stator voltage, excitation voltage and their angle .

Now, we will derive the output torque from the equivalent circuit. From the
phasor diagram shown in Fig. 3.57, we have

Vicos 6 = Ef + I Xsin(§ — 6) + IR cos(0 — 0) (3.77)
Visin 6 = [ X cos(0 — 6) — I;Rsin(0 — 6) (3.78)

If the stator winding resistance R; is neglected, then we can readily obtain

Efsin 6
I,cos 0= 5 (3.79)
By substituting this into Eq. (3.76), the power is expressed by
pP= 3%sin 6= PqsSin 6 (3.80)

Since the stator losses are neglected by assuming R, = 0, the power of Eq. (3.80)
is considered as the output power. Thus the developed torque is obtained by
dividing the output power by the synchronous speed wy as

P V.E¢
Torque: =_=3 S—Xf $in 8 = Ty sin & (3.81)

wS wS s

Eqgs. (3.80) and (3.81) indicate that the output power and the torque vary as a
sine of the torque angle ¢ as shown in Fig. 3.58. The maximum torque occurs at
a torque angle of 90 electrical degrees. This is called the pull-out torque, which
indicates the maximum value of torque that a synchronous motor can develop
without pulling out of synchronism. In general, its value varies from 1.25 to 3.5
times the full-load torque. In actual practice, however, the motor will never
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FIGURE 3.57

Phasor diagram for a synchronous motor.
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Output power and torque for a cylindrical rotor synchronous motor.

operate at a torque angle close to 90 electrical degrees because the stator current
will be many times its rated value at this operation.
Next, we will discuss the salient pole rotor synchronous motor.

SALIENT POLE ROTOR SYNCHRONOUS MOTORS

As we can see in Fig. 3.59, a salient pole synchronous motor has a nonuniform air
gap due to the protruding rotor poles. In this type of motor, the amount of the flux pro-
duced by the stator current varies according to the position of the rotor. A higher flux
is generated along the poles in comparison to between the poles because the reluc-
tance of the flux path is low along the poles and high between the poles.

To consider the saliency of the rotor in a synchronous motor model, we need
to define the d and ¢ axes as the following. The d-axis is defined as the axis along
the poles, which is also the direction of the rotor flux produced by the field
winding. The reluctance of the d-axis path is low due to the small air gap, and
thus the inductance L; of the d-axis is large. On the other hand, the g-axis is
defined as the axis between the poles, which is also the direction of the excitation
voltage. The reluctance of the g-axis path is large due to the large air gap, and so
the inductance L, of the g-axis is small. Thus, L;> L,.



3.2 Synchronous Motors

FIGURE 3.59

Salient pole rotor synchronous motor.

In order to consider the flux variation with the position of the rotor, it is more
effective to analyze the saliency of the rotor by using the divided stator current
into two components of the current /; aligned with the d-axis and the current
aligned with the g-axis. Thus the stator current /; is expressed as

I.=1,—jly (3.82)

where 1, = I;,cos ¢, I; = I;sin ¢, and ¢ is the phase angle between I, and I,.

According to the d and g axes currents, the armature reaction flux ¢,, is also
divided into two components: the d-axis flux ¢, produced by the d-axis current /I,
and the g-axis flux ¢, by the g-axis current /,. The relation between ¢, and 1, is
expressed by the d-axis armature reactance X,;, whereas the relation between gzﬁq
and I, is expressed by the g-axis armature reactance X,,. The d and g axes syn-
chronous reactances are given by

Xg=Xaa + Xa (3.83)

X, = Xag + Xu (3.84)
where X,; is the armature leakage reactance. The salient pole synchronous motor
always X; > X,, normally X, = (0.5 ~0.8)X,.

Considering the d and g axes synchronous reactances, and referring to Eq. (3.75),
the voltage equation of the salient pole rotor synchronous motor can be expressed by

Vy = LR, + 1jXy + 1,jX, + Ef (3.85)

From this equation, the equivalent circuit of the salient pole rotor synchronous
motor is shown in Fig. 3.60.

3.2.2.1 Torque of a salient pole rotor synchronous motor

Now, we will derive the torque of a salient pole rotor synchronous motor. In addi-
tion to the torque of a cylindrical rotor, it can be expected that a salient pole rotor
synchronous motor has a reluctance torque due to the saliency of the rotor as
already discussed in Chapter 1.
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FIGURE 3.60
Equivalent circuit of a salient pole rotor synchronous motor.

FIGURE 3.61
Phasor diagram of a salient pole synchronous motor.

The input power in terms of d-q axes currents, I; and /,, can be expressed as

P =3V cos =3V I,cos(p + 6)
=3Vl (cos ¢ cos § — sin ¢ sin ) (3.86)
= 3V,(I,cos 6 — I4sin 6)
From Eq. (3.85), assuming that the stator winding resistance is neglected, the

phasor diagram can be expressed as Fig. 3.61.
From this phasor diagram, we have

Vicos 6 = Ey + I,X, (3.87)
Vysin 6 = I, X, (3.88)
Combining Egs. (3.86)—(3.88), the output power and the torque are given by
2y, —
p=3YE Gn s+ 3 VeXa = Xo) o (3.89)

X, 2X,4X,
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FIGURE 3.62
Torque of a salient pole synchronous motor.

As we can expect, a salient pole synchronous motor has two torque components:
electromagnetic torque Ty due to the field flux of the rotor (the first term on the
right-hand side of Eq. (3.90)) and reluctance torque T, due to the saliency of the
rotor (the second term on the right-hand side of Eq. (3.90)). Fig. 3.62 shows the out-
put torque according to the torque angle 6.

Because of this reluctance torque, a synchronous motor with the salient pole
rotor can produce more torque than a synchronous motor with the cylindrical
rotor. In addition, this motor has the output torque to drive a load even if the field
current is zero. Due to the reluctance torque, the torque angle ¢ at which the pull-
out torque occurs is less than 90 electrical degrees.

STARTING OF SYNCHRONOUS MOTORS

Synchronous motors are inherently not able to self-start on an AC power source
with the utility frequency of 50 or 60 Hz. As stated in Chapter 1, this is because
synchronous motors can develop a torque only when running at the synchronous
speed. However, the synchronous speed for the utility frequency is too fast for the
rotor to synchronize for starting as shown in Fig. 3.63.

Therefore we need some means for starting synchronous motors. Once the
rotor reaches a speed close to the synchronous speed (>95%) through some
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Rotating

"N \‘*\t”/’magnetic field > S

FIGURE 3.63

Synchronization in a synchronous motor.

starting means, the field winding will be excited, so the motor locks into
synchronization.

There are some techniques employed to start a synchronous motor. As a
simple method, a separate motor is used to drive the rotor to run close to the
synchronous speed. A second method is to start the synchronous motor as an
induction motor. In this case, the rotor has a special damping winding for
the purpose of starting, which is similar to the squirrel-cage arrangements of an
induction motor. When the synchronous motor is starting, the torque will be
produced by the induced current in the damping winding, so it can start as
an induction motor. In addition, the damper winding has another function to
help keeping the synchronous motor in synchronism. If the speed of the motor
is increased or decreased from the synchronous speed, then a current will be
induced in the damper winding and will develop a torque to oppose the change
in speed.

As for the starting method of PMSMs used in variable speed drives, we can
start the motor slowly at a reduced frequency by using a PWM inverter. In this
case, a high starting torque can be developed by using the information of the rotor
initial position.

REFERENCES

[1] C.I. Hubert, Electric Machines, Theory, Operation, Applications, Adjustment, and
Control, second ed., Prentice Hall, Upper Saddle River, NJ, 2002, p. 135.

[2] P.C. Sen, Principles of Electric Machines and Power Electronics, second ed., John
Wiley & Sons, Inc., New York, 1997.

[3] J.F. Funchslocj, W.R. Findley, R.-W. Walter, The next generation motor, IEEE Ind.
Appl. Mag. 14 (1) (Jan./Feb. 2008) 37—43.

[4] S.J. Chapman, Electric Machinery Fundamentals, third ed., McGrawHill, International
editions, Singapore, 1999 (Chapter 7).


http://refhub.elsevier.com/B978-0-12-812138-2.00003-9/sbref1
http://refhub.elsevier.com/B978-0-12-812138-2.00003-9/sbref1
http://refhub.elsevier.com/B978-0-12-812138-2.00003-9/sbref2
http://refhub.elsevier.com/B978-0-12-812138-2.00003-9/sbref2
http://refhub.elsevier.com/B978-0-12-812138-2.00003-9/sbref3
http://refhub.elsevier.com/B978-0-12-812138-2.00003-9/sbref3
http://refhub.elsevier.com/B978-0-12-812138-2.00003-9/sbref3
http://refhub.elsevier.com/B978-0-12-812138-2.00003-9/sbref4
http://refhub.elsevier.com/B978-0-12-812138-2.00003-9/sbref4

CHAPTER

Modeling of alternating
current motors and
reference frame theory

For a proper control of a motor, we need to analyze its dynamic performance
as well as steady-state performance. This requires a mathematical model, which
describes the behavior of a motor. The motor model can be mainly expressed
by the voltage and torque equations. The voltage equation for a motor basically
consists of the following components: the voltage drop of the winding resistance
R and the induced voltage proportional to the rate of change over time of the
winding flux linkage A as
A1)

v(t) = Ri(r) + e

. 4.1
i+ OO o
dt

As discussed in Chapter 1, the flux linkage can be expressed as the product of
inductance and current. For alternating current (AC) motors with windings in the
stator and rotor, the mutual-inductance which implies the amount of flux linking
between the two windings, is a time-varying parameter. This is because that the
mutual-inductance is a function of the rotor position due to the variation in the
amount of linking flux with the rotor position. Furthermore, in salient pole syn-
chronous motors, even the self-inductance is a function of the rotor position due
to the variation in the air gap according to the rotor position.

As an example, consider the induction motor in Fig. 4.1, in which the stator
windings are stationary while the rotor windings are rotating with the rotor.
Due to the movement of the rotor, the angular position 8, between the stator and
rotor windings varies over time except for at a standstill. As a result, even if
currents (thus, flux) flowing in these two windings remain constant, the amount
of the flux linking these windings will vary over time. This results in the mutual-
inductance to become time-varying. Due to this time-varying inductance, the
voltage equations, which describe the behavior of AC motors, will be expressed
by differential equations with time-varying coefficients.

The analysis of such time-varying differential equations will be fairly complex.
However, by using the reference frame transformation, which will be introduced
in this chapter, its complexity can be significantly reduced. This is because the

Electric Motor Control. DOI: http://dx.doi.org/10.1016/B978-0-12-812138-2.00004-0
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Stator

Rotor

cs-axis

FIGURE 4.1

Angular position between stator and rotor windings.

time-varying inductances can be eliminated in the voltage equations by employing
the reference frame transformation. When using this transformation, the three-phase
abc variables are transformed to dg variables in an orthogonal coordinate system.
These dq orthogonal variables are necessary to employ the vector control scheme,
which enables a dynamic torque control of AC motors. This scheme will be
described in Chapter 5.

In this chapter, we will study the reference frame transformation and
introduce the models of AC motors expressed by the dg variables in the
orthogonal coordinate system. Prior to this, we will start exploring the models
of AC motors expressed in the three-phase abc variables.

MODELING OF INDUCTION MOTOR

Unlike the steady-state model of an induction motor shown in Chapter 3, in this
section, we will introduce a model to describe the dynamics in the transient-state
as well as the steady-state performance.

Consider a three-phase, two-pole induction motor as shown in Fig. 4.2.
Assume that the stator windings have a number of effective turns N, resistance
Ry, leakage inductance Ly, and self-inductance L;. Similarly, the equivalent rotor
windings have a number of effective turns N,, resistance R,, leakage inductance
L;, and self-inductance L,. 6, is the angular displacement between the stator
and rotor axes. Here, we will not consider the nonideal characteristics such as
the saturation of iron core, slots effect, and cogging torque. Although these are
identical sinusoidal distributed windings, each displaced by 120°, we will con-
sider only the centered coil of each phase for simplicity.

Now, let us derive the voltage equations of an induction motor. Since an
induction motor has six windings, we can express it by six voltage equations. The
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FIGURE 4.2
Stator and rotor windings of an induction motor.

winding voltage is composed of the voltage drop of the winding resistance and
the voltage induced by the flux linkage variation of the winding. Thus the six
voltage equations for the stator and rotor windings can be written by

Vas = Rylgs + Aas 4.2)
Vs = Ryips + dﬁ;“ 4.3)
Ves = Ryigs + d;"“ (4.4)
=R+ "fﬁ 4.5)
v, =K, + O “.6)
V=Rt djh @.7)

where v, Vps, Vs are the stator voltages, i, ips, ics are the stator currents,
V.., V. V., are the rotor voltages, i, iy,, .. are the rotor currents, Ay, Aps, Acs
are the stator flux linkages, and \,., Apr, Ao are the rotor flux linkages. Here, the
primed variables denote the rotor variables that are referred to the stator by con-
sidering the turns ratio of the two windings. From this point on, we will skip the

prime symbol ().

L
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FIGURE 4.3

Flux linkage Azs of the phase as winding.

To solve these voltage equations, we need to know the flux linkage of each
winding. Since there are six windings, one winding will be linked by not only
the flux produced by its own winding current but also the flux produced by the
current flowing in the other five windings. For example, the total flux linkage A\,
of the phase as winding shown in Fig. 4.3 has the following six components.

/\a.s' = )\a.\'a.\‘ + )\u.\‘b,\' + /\(lsc,\' + /\asar + )\(L\'hr + )\axcr

4.

asasias + La:bsibs + Lascsics + Lasariar + Lasbribr + Lascricr ( 8)
where the flux linkage A, represents the flux, which is produced by the current
iys flowing in the ys winding and links the xs winding. The flux linkage A can
be expressed as the product of the related current and inductance. In this case
inductance L.y, is defined as the ratio of the flux linking the xs winding to the
current iy, generating the flux, i.e., Lygys = Axgys/lys-

Six flux linkages in the stator and rotor windings can be written by

A | | Ases s uses 1 Ausar Aar P
s o Ao Apes iﬂbw‘ Ao Aier
A s e e
ﬂ’br jvbmv } /Ibrbr ﬂ’hrrr
| A | | Airas A“,,Y Aires lﬂ“m, Aersr Aerer
- \ N 4.9)
Ly Lue L Luwr Ly Lu i
Ly thm me ime Loy Lipser || B
= Foar_ Len Lons iLow Lo Low | e
Lyus Lo Lum‘ atr Laer Laver || 1
Lias Livss Liyes il‘hml Ly Ly || B
Ler Lmh\ L(r(\ ‘Lmyr L(rbr L(‘r'h('r__i(‘l'_
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These inductances are largely divided into four groups as

|:)‘ab(:s:| _ [Ls , Lsr:| |:l:abcs:| (410)
}‘abcr (Lsr) Lr Laber

where L; and L, represent the inductance matrix of the stator and rotor windings,
respectively, and L, represents the mutual-inductance matrix between the stator

and rotor windings.
Next, we will determine these inductances.

STATOR WINDINGS

The stator inductance matrix L, as shown in Fig. 4.4 consists of the self-
inductances of each stator winding and the mutual-inductance between the

stator windings as
T~
éamx ~Liyops ng\- _________ _Stator
N SN self-inductance

b .11)

<
> AN

Lc.mx l:‘xhs = \l:LXL\\\; Stator
e mutual-inductance

We can obtain expressions for the self-inductances and the mutual-inductances
as follows.

The flux produced by each winding can be separated into two components:
the leakage flux which links only its own winding and the magnetizing flux
which links both its own winding and the other windings. These can be expressed

bs-axis

1

5 L)
me as-axis

Lams ( = me + Lls )
A \
] Stator
eses self-inductance

cs-axis

FIGURE 4.4

Stator inductances.

L
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in terms of the leakage inductance and the magnetizing inductance, respectively.
Thus the stator self-inductances Ly, Lpsps, Leses consist of the leakage
inductance L;; and the magnetizing inductance L, as

Lasas = Lbsbs = Lcscs = Lls + Lms (412)

where Ly,s = p1,N>(rl/g)(m/4), p, is the permeability of air,  is the axial length of
the air gap, and r is the radius to the mean of the air gap [1].

The mutual-inductances Ly, Lasess Lbsass Liscss Lesass Lesps DEtween the two
stator windings, which are displaced from each other by 120°, are all the same
and are related to the magnetizing inductance as

Lasbs = Lascs = Lbsas = Lbscs = Lcsax = LL‘SbS

2 1 .
= Ly cos(%) = ==Ly (4.13)

Here, the negative sign in the mutual-inductance indicates that each winding
produces the flux in a direction opposite to one another. From the inductances
of Egs. (4.12) and (4.13), the inductances of the stator windings are given by

L L, ]
Lls + Lm.s - ; : - ;S
Lasus Lusbx Lascx Lms Lo+ L Lm.\,
L= | Losas  Losbs  Lbses | = 2 is ms 2 (4.14)
Lcsas Lcsbs Lcscs Lms Lmv
5 - - L s + Lm\'
2 2 BT

Because the length of the air gap is constant, these inductances become a con-
stant value, irrespective of the rotor position.

ROTOR WINDINGS

The rotor inductance matrix L, as shown in Fig. 4.5 consists of the self-inductances
of each rotor windings and the mutual-inductance between these windings as

Tr ~ <
l\'(lrar \\l’arhr Larg:_(,. ----- lRO'[OI'
N S self-inductnace
L =L~ L, *
r brar > Hbrbr >
~

L.
Lcrar L(:br\ =~ \l'(\r(\r\ (4 15)

A o Rotor
"""""""" mutual-inductance

Similar to the stator self-inductances, the rotor self-inductances L4, Lorbrs Lerer
consist of the leakage inductance L; and the magnetizing inductance L, as

Lamr = Lbrbr = Lcrcr = Llr + Lmr (416)
where L, = ,uoNf(rl/g)(W/4) = (Nr/Ns)2Lms~
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FIGURE 4.5

Inductances of the rotor windings.

The mutual-inductances L., Larers Lorars Lorers Lerars Lersr Detween the two
rotor windings, which are displaced from each other by 120°, are all the same and
related to the magnetizing inductance as

2 1
Learor = Larer = Lorar = Lorer = Lerar = Lerpr = Ly €OS ? = ==Ly

2
= _l J\i szs
2\,

where N,/N; is the turns ratio of the stator and rotor windings. With these
inductances, the inductances of the rotor windings are given by

(4.17)

[ Lﬂl.' Lm
Ly +n2L,, —n? 7‘ —n? 2‘
Larar  Larbr Larer Lyys Lys
ms 2 2 Lims Nr
Lr = Lbrar Lbrbr Lbr(:r - 2 LIS +n Lms n 2 5 n= (N )
Lcrar LL'rhr LL'rcr s
2 Lis 2 Lys
-n ) -n ) Lis + nLys
(4.18)

These inductances are a constant value, irrespective of the rotor position.



160 CHAPTER 4 Modeling of AC motors and reference frame

INDUCTANCE BETWEEN THE STATOR AND ROTOR
WINDINGS

Next, let us examine the mutual-inductance of the stator and rotor windings.
First, we will explore the mutual-inductance matrix Lg.. This is related to the
amount of flux, which is produced by the rotor windings and links the stator
windings. The mutual-inductance consists of nine components as

Lasar Lasbr Lascr
Lxr = Lbsar thhr thcr (4 1 9)
Lc‘.\‘a r Lc‘s'hr LL‘SCr

As an example, examine the mutual-inductance Lz, Which represents the
ratio of the flux linking in the stator as winding to the rotor ar winding current
generating the flux. If the rotor winding is rotating at a speed w,, the relative
position 6, between the two windings will vary over time. Thus the mutual-
inductance vary sinusoidally with respect to the displacement angle 6, of the rotor
as shown in Fig. 4.6.

Considering the turns ratio between the two windings, L, is given by

Lasar = Ly (%> cos 0, = L, (&) cos 0, (6’, = [wmft) (4.20)
N, N,

bs-axis rr—— .
Q i Flux linkage of |
i rotor ar- wmdmg

------------------------------ (?’ =[@ar)

ar-axis
T\aw—kcosé’

180° 0 360°

O .
cs-axis

FIGURE 4.6

Mutual-inductance between the stator as winding and the rotor ar winding.
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Likewise, the other mutual-inductances are given by

N,
Lasar = Lbsbr = L(TSC)' = <ﬁ) L,,,SCOS 0}' (421)
N, 2w
Lasbr = Lbscr = Lcsar =\~ Lms COos 07’ + = (422)
N 3
N, 2r
Las('r = Lb.sar = Lcsbr = Lms Cos 9r T (423)
N 3

With these inductances, the mutual-inductance matrix Ly, is given by

2 2\ ]
cosf, cos (Gr + ?ﬂ) cos (9, — ?ﬂ)

Lusar  Laspr  Lascr 2w 2T
Lsr: Lhmr Lbsbr Lbscr :anx cos Hri? COSGr cos 0;“"?

2 2
cos (6, + ?ﬂ) cos (0, - ?ﬂ) cosf,

From Eq. (4.24), we can readily see that the mutual-inductances are a function
of the rotor position and thus vary over time except for at a standstill.
Consequently, the time-varying coefficients will appear in the stator voltage
equations of Eqgs. (4.2)—(4.4).

The flux linkage of the stator windings, from Eqs. (4.14) and (4.24), is given by

Lcsar Lcsbr Lcscr

(4.24)

}‘abcs = leabcs + Lsr’abcr

_ L, I _
las
L L,
= - ;S Lis + Ly = Ips
Lms Lms l
- - L s + ms “
> > is T Ly,
L J (4.25)
_ ) -
cosd, cos (Hr + ?ﬂ) cos (Hr - —W)
iar
2 2
+nl,, | €os (0, - %) cos 0, cos (H, + g) v
2 ll}
cos (49, + ?W) cos (9, - ) cos 6,
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Next, examine the mutual-inductance L,,. This is related to the amount of
flux, which is produced by the stator windings and links the rotor windings. This
mutual-inductance L, is equal to the transpose of L, as

Laras
N o
Lrs - LV - Lbras

L(,'ras

= nLys

La rbs
Lh rbs

Lcrbs

cos 6,

Ccos (

cos (0, -

LHVCS

Lbrcx

LCr cs

27
0, +—
;)

2w
3

27
er -
COS( 3 )

cos 0,

27

cos (6’, +—

3

)

2w

0, +—
cos( 3 )
2w

0, ——
cos( 3 )

cos 0,

(4.26)

Like Lg., the mutual-inductance L,; also becomes time-varying except at a
standstill. Therefore the time-varying coefficients will appear in the voltage equa-
tions of the rotor windings.

The flux linkage of the rotor windings, from Eqs. (4.18) and (4.26), is
given by

Aahrr = Lriahcr + Lrsiahcs

_ I I _
O
i[,l)"
L., Ly
= - 27” Ly + nszs n* ;l& Ipr
L L, l
e TR
L J 4.27)
i T 27
cos 0, cos| 0, —— cos| 0, +—
(1-5) (o)

+ Ly
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Finally, from Eqs. (4.25) and (4.27), the total flux linkages of the induction
motor are given by

L L :
L, +L, - - nlcos6, ol cos(6, +3) L, cos(6, - %)

L L i N
s - L, +L, == L, cos(6, —%) nL, cos6, nL, cos(6, +3%)|

2 2 2 | i
hs L L : bs
A - - Lit Ly inky, c0s(0, +3) nL,, cos(0, %) nL, cos6, | ;
A, nl,, cos6,  nl,, cos(d, =) nL,, cos(6, +3) L, +n’L, -7 L — |
/1/»1 T iy,
Ao |nLuoos(o, +3) nbucos8, nLueos(®,-%) -SwL.  Loew’L.  —owiL. |,

2 o : 1 2 l 2 2
nl,, 008(0, = %) nl,, cos(6, +3%)  nL, cos6, | —_n'L, =37 L L, +n’L,

(4_.28)

By substituting these flux linkages into Egs. (4.2)—(4.7), the voltage equations
of the induction motor are completed.

MODELING OF PERMANENT MAGNET SYNCHRONOUS
MOTOR

The stator configuration of a synchronous motor is the same as that of an
induction motor. The stator windings are connected to a three-phase AC source to
generate a rotating magnetic field. However, unlike an induction motor having
three-phase windings, the rotor of a synchronous motor has a field winding or a
permanent magnet to generate a magnetic field flux on it. In recent years the
magnetic field for synchronous motors has been generated mostly by using a per-
manent magnet rather than a field winding.

In addition to the electromagnetic torque produced by the magnetic fields of the
stator and rotor, synchronous motors with a salient rotor can exploit reluctance
torque. Synchronous motors can be divided into several categories according to
the ratio of electromagnet torque to reluctance torque as shown in Fig. 4.7 [2].

In this book we will limit the scope of our study only to permanent magnet
synchronous motors (PMSMs) except for synchronous reluctance motors, which
only exploit reluctance torque.

PMSMs offer many advantages over other motors. They have a higher effi-
ciency than induction motors because there are no copper losses by the rotor. In
addition, they exhibit a high power density, high torque-to-volume ratios, and a
fast dynamic response because of the availability of cost-effective powerful per-
manent magnet materials such as NdFeB.

Besides these advantages, PMSMs with magnetic rotor saliency use reluctance
torque as well as magnet torque. Owing to these attractive characteristics,
PMSMs are gaining more attention for a wide variety of residential and industrial
drive applications, ranging from general-purpose drives to high-performance
drives.
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FIGURE 4.7
Several categories of synchronous motors.

(A) (B)
FIGURE 4.8

Different structures for the stator and rotor of PMSMs. (A) Distributed winding and
(B) concentrated winding.

4.2.1 STRUCTURE OF PERMANENT MAGNET
SYNCHRONOUS MOTORS

4.2.1.1 Stator structure

A distributed winding has been typically used as a three-phase stator winding
configuration to produce a sinusoidal flux in the air gap as shown in Fig. 4.8A.
However, recently, a concentrated winding has been increasingly used in PMSMs
as shown in Fig. 4.8B.

Although a concentrated winding gives less sinusoidal magnetomotive force
distribution compared to a distributed winding, this type of winding can provide
several advantages such as high power density, high efficiency, short end turns,
high slot-fill factor, low manufacturing costs by segmented stator structures,
low cogging torque, flux-weakening capability, and fault tolerance [3].
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FIGURE 4.9

Comparison of distributed and concentrated windings. (A) Distributed winding and
(B) concentrated winding.

Fig. 4.9 compares the distributed winding and concentrated winding in the
stator of a PMSM. There are two main types of a concentrated winding:
single-layer winding configuration, where each slot is occupied by the coil sides
of one phase, and double-layer winding configuration, where each slot is occupied
equally by the coil sides of two phases [4].

4.2.1.2 Rotor structure

The rotor of PMSMs has a permanent magnet to generate a magnetic field flux
on it. The characteristics of PMSMs such as the power density, torque density,
weight, and size may vary according to the chosen permanent magnet material.
These days, a neodymium magnet (also known as NdFeB) is the most commonly
employed for PMSMs due to its excellent magnetic characteristics and low cost.
Even though we use the same permanent magnet material, many characteristics of
PMSMs are heavily dependent on rotor configurations involving the shape and
arrangement of the permanent magnets.

PMSMs can be divided into two types according to the direction of the
magnetic flux produced from the permanent magnets as shown in Fig. 4.10:
radial-flux type and axial-flux type. In the radial-flux type, the rotor which is
cylindrical in shape rotates inside the stator and the magnetic flux crosses the
air gap in a radial direction. On the other hand, in the axial-flux type, the rotor
which resembles a pancake rotates beside the stator and the magnetic flux crosses
the air gap in an axial direction [5].

Out of these two types, the radial-flux type is more commonly used in many
applications. The radial-flux type PMSMs can also be further classified into two
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FIGURE 4.10
PMSM configurations. (A) Radial-flux type and (B) axial-flux type.

©

FIGURE 4.11

Rotor topologies of PMSMs (four-pole). (A) Surface mounted, (B) interior (parallel),
and (C) interior (perpendicular).

categories based on the position of the permanent magnets as shown in Fig. 4.11:
surface-mounted permanent magnet synchronous motor (SPMSM) with magnets
mounted on the surface of the rotor and interior permanent magnet synchronous
motor (IPMSM) with magnets buried inside the rotor iron core.

As for IPMSM, there are two topologies according to the arrangement of the
permanent magnets: parallel topology, in which the magnetic poles are located
parallel to the circumference of the rotor as shown in Fig. 4.11B and perpendicu-
lar topology (also called spoke type), in which the magnetic poles are located
perpendicularly to the circumference as shown in Fig. 4.11C.

IPMSMs with the parallel topology are more commonly used. The perpendicu-
lar topology can concentrate the magnetic flux of the magnets and achieve a high
pole number, so that the flux density in the air gap can be higher than the flux
density of the magnet itself. Thus although low cost and low flux density magnet
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FIGURE 4.12
Rotor configurations of IPMSMs. (A) Inner rotor type and (B) outer rotor type.

material such as ferrite is employed, the motor can exhibit a high torque density.
However, due to the flux concentration at the pole edges, there may be a high
harmonic distortion in the air-gap flux density near the pole tips and thereby in
the back-EMF profile. This also leads to a high ripple in the developed torque.

The rotor can also be constructed as an inner rotor type rotating inside the
stator windings or an outer rotor type rotating outside the stator windings as
shown in Fig. 4.12. The inner rotor type has lower inertia, and thus, results in
a quick speed response. On the other hand, the outer rotor type has relatively high
inertia and, thus, is favorable for constant speed operations.

PERMANENT MAGNETS USED IN ELECTRIC MOTORS

The permanent magnet used in motors can be mainly divided into the following three
categories according to the type of magnetic materials: Alnico, Ferrite, and Rare-earth
(SmCo, NdFeB).

1. Alnico magnets
Alnico gives a high residual flux density (known as remanence) but a low coercivity.
It also has a low temperature coefficient of remanence. However, due to a low coercivity,
its magnetization is easily reduced by applied external magnetic field (this is called
demagnetization).

2. Ferrite (or ceramic) magnets
Ferrite offers a higher coercivity but a lower residual flux density than Alnico.
Because of their cheap and moderate magnetic property, Ferrite magnets are widely used
in low-performance applications.

3. Rare-earth magnets

a. Samarium—cobalt (SmCo) magnets
SmCo gives a higher energy product (BH,,,,) caused by its high residual flux density
and coercivity. The Sm-Co magnets have higher Curie temperature (at which the material
loses its magnetism) and a low temperature coefficient of coercivity and remanence but are
very expensive and brittle.
(Continued)
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PERMANENT MAGNETS USED IN ELECTRIC MOTORS (CONTINUED)

b. Neodymium—iron—boron (NdFeB) magnets
NdFeB is considered as one of the best magnetic materials at present since it gives
a much higher residual flux density and coercivity. However, Neodymium magnets are
sensitive to temperature and can even lose magnet properties at a high temperature.
This drawback is steadily improving.

Among these, NdFeB is the most commonly employed permanent magnet material for
PMSMs due to its excellent magnetic characteristics and its recent price reductions. The following
figure shows B—H characteristic curves of these magnetic materials.

Flux density
[Remanence Bl
[
Alnico
Sm-Co
e o »
Coercivity H i
- J Ferrite
0

Magnetic field intensity ~ H

* Remanence B, and coercivity H,
Remanence or residual flux density indicates the magnetic flux density remaining in a
magnetic material after an external magnetic field is removed. Magnetic materials with a
large residual flux density are desirable for strong permanent magnets. Coercivity indicates the
intensity of the magnetic field required to reduce the magnetization of the material to zero.
Magnetic materials with high coercivity are commonly used to make permanent magnets for
electric motors.

» Temperature effects on permanent magnets
The permanent magnets are sensitive to temperature. The residual flux density

decreases with the increase in temperature. For example, NdFeB has the temperature
coefficient of about 0.1% per degree celsius. The initial flux of the magnet can be restored
when it returns to the original temperature. However, if the magnet is exposed to
temperatures above the maximum working temperature and experiences a big loss of
magnetism, irreversible changes may occur and its original flux level cannot be restored
when it returns to the original temperature. Therefore it is advisable to operate magnets
below the maximum working temperature. This limits the maximum torque capability of
motors because the maximum current should be limited to avoid the demagnetization
of magnets.
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All the rotors shown in Fig. 4.11 are cylindrical in shape, and thus the physical
air gap is constant. However the effective air gap may vary with the arrangement
of the magnets. Since the permeability of a magnet approximates to that of air, the
magnets placed in the flux path may be regarded as air. Thus, from the viewpoint
of the magnetic field, the effective air gap will be the sum of the actual air-gap
length and the radial thickness of the magnets.

For SPMSMs, which have magnets of uniform thickness on the surface of the
rotor, the effective air gap is increased by the radial thickness of the magnets.
Thus SPMSMs have a small stator winding inductance, and the d-axis inductance
equals the g-axis inductance.

For IPMSMs, the d—g axes inductances may be different depending on the
arrangement of the magnets. On the one hand, in parallel topology IPMSMs
the magnets are placed along with the d-axis so that the g-axis inductance
becomes higher than the d-axis inductance. On the other hand, in perpendicular
topology IPMSMs, the g-axis inductance is smaller than the d-axis inductance.
Because of the magnetic saliency resulting from the inductance difference
between the d- and g-axes, IPMSMs can exploit the reluctance torque.

The SPMSMs are unsuitable for high-speed operations producing a lager centrif-
ugal force because of the magnets stuck on the surface of the rotor. Furthermore,
because of the small inductance resulting from the increased effective air gap,
SPMSMs have a relatively limited flux-weakening capability for high-speed
operations. On the other hand, IPMSMs have more mechanical strength for high-
speed operations because the magnets are inserted inside the rotor. Furthermore, the
d-axis inductance of IPMSMs is high compared to that of an equivalent SPMSMs,
and this is of a great advantage to IPMSMs for flux-weakening operation, which
will be discussed in Chapter 8. Therefore IPMSMs are appropriate for high-speed
operations.

As explained above, SPMSMs and IPMSMs are different in their characteris-
tics, requiring different control methods. Now, we will find the model of the
PMSMs. Initially, we will introduce the model of an IPMSM with a rotor that has
a magnetic saliency. The model of an SPMSM can be derived easily from the
IPMSM model. As stated earlier, an IPMSM has parallel and perpendicular
topologies. These two topologies can be expressed as the same models but are
different in the values of their d—g axes inductances. In this section the most
commonly used parallel topology IPMSM will be discussed.

MODEL OF PERMANENT MAGNET SYNCHRONOUS MOTORS

For a parallel topology IPMSM, the g-axis inductance is higher than the d-axis
inductance because of the magnets placed along with the d-axis. Although the
rotor of an IPMSM is cylindrical in shape, we will express it as a magnetic
equivalent salient rotor as shown in Fig. 4.13 to simplify the analysis of the
IPMSM.
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bs-axis

Magnetic
equivalent rotor

q
Magnetic
saliency

cs-axis
FIGURE 4.13
Rotor and its equivalent of an IPMSM.

As a PMSM has no rotor circuits, we can consider only the voltage equations
for the stator windings. The stator windings of a synchronous motor are the same
as those of an induction motor. Thus the stator voltage equations will be

d )\abrs
dt

Vabes = Rsiabcs + (429)
where Vabes = [vasvbsvcs]T, iabcx = [iasibsics]T’ )‘abcs = [)\as )\bs /\CS]T-

Since a synchronous motor has a different rotor configuration from that of an
induction motor, the components of the flux linkage of the stator windings are
different.

The flux linkage of an IPMSM has the following four components: the flux
linkages due to the stator currents and the flux linkage due to the permanent
magnet as

)\tl.\' = )\(1.\'(1.\' + AI,L\'I)S + )\tl.\'(.'S + ¢a\f (4'30)
/\bs = >\bsas + )‘bsbs + /\bscs + ¢)b5f (431)
>\cx = )\cms + )\cshs + )\mcs + ¢cxf (432)

These flux linkages can be expressed as the product of the related current and
inductance as

/\as = Lasas iax + Lashsibs + Lasc.\‘ ics + La;\f 1, f (43 3)
Abs = Lbsas ias + Lbsbsibs + Lbscs ics + Lbstf (434)

Acs = Lcsasias + Lcshsibs + Lcscsics + Lcsflf (435)
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Here, the flux linkages ¢y, @py> @y due to the permanent magnet are
expressed as the product of the equivalent field current /; and the related induc-
tance L,y , Lygs Loy

Now, we will determine the stator inductances of

Lusas Lashx Lascs
Ls = | Losas  Losbs  Loscs (436)
Lcsas Lcsbs Lcscs

As can be seen in Section 4.1.1, the stator inductances consist of the self-
inductances of the stator windings and the mutual-inductances between the stator
windings. Furthermore, the stator self-inductances L., Lpsps, Leses consist of the
leakage inductance and the magnetizing inductance.

The self-inductance of an IPMSM, unlike an induction motor, may be differ-
ent depending on the angular position of the rotor because the effective air gap
may vary with the position of the rotor. Consider an example of the phase as
winding as shown in Fig. 4.14. In this case, the self-inductance becomes the
maximum value at the rotor positions of both 90° and 270° (the smallest reluc-
tance position), where the flux produced by the phase as current becomes the
maximum value. This, in turn, makes the flux linking its own winding to
become the maximum value. On the other hand, the self-inductance becomes
the minimum value at the rotor positions of both 0 and 180° (the largest reluc-
tance position).

Thus, the self-inductances vary sinusoidally with respect to the rotor angle 6,
and can be expressed as

Lisas = Lig + Ly — Lgcos 20, 4.37)
2

Lpsps = Lis + Ly — Lpcos 2 (9, -3 7r) (4.38)
2

Leses = Lis + Ly — Lpcos 2 <9r + gﬂ') (4.39)

L i phase as

B N\ TN - W'”d'”g
N N

r

0° 90° 180° 270°  360°

FIGURE 4.14
Self-inductance of phase as winding with respect to rotor positions.
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90° 180° 270° 360°
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Fluxof %
phase bs i
winding  §

FIGURE 4.15

mutual-inductance between the phase as and bs stator windings.

where Lj represents the leakage inductance, L, represents the average value of
the magnetizing inductance, and Ly represents the variation in value of the mag-
netizing inductance.

Similar to those of an induction motor, the mutual-inductances between
the stator windings also vary sinusoidally with respect to the angle 6, as shown
in Fig. 4.15.

Thus they are given by

1
Lasbs = Ly = = 5 La = Lycos 2 (0, - g) (4.40)
1 T
Lases = Lesas = — ELA — Lgcos Z(Qr + 5) (441)
1
Lpses = Lesps = — ELA — Lgcos 20, (4.42)

With these inductances, the stator inductance is given by
i 1 i 1 i 1
L+ Ly — Lgcos 26, ——Ly—Lgcos2| 0, — ——Ly—Lgcos2|( 6, +—
2 3 2 3
1 T ) 2 1 i
L= —ELA —Lgcos2| 6, ~3 Lj;+Ls—Lgcos2| 6, 37 _ELA — Lpcos 20,

1 1 4
_ELA _LBC052 <0r + g) _ELA _LBCOS 20, le +LA _LBCOS 2 (0,» _571')

(4.43_)

Next, let us determine the mutual-inductances L,y Lpy Loy televant to the
amount of the permanent magnet flux linking the stator windings. These mutual-
inductance are different depending on the position of the rotor because the magnet
flux linking to the stator windings varies with the position of the rotor. As an
example of the phase as winding, from Fig. 4.16, the mutual-inductance becomes
a maximum value at the rotor position of 0°, while it becomes a minimum value
at the rotor position of 180°.
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90 180° 270° 360°
FIGURE 4.16

Mutual-inductance between stator as winding and magnet.

Unlike self-inductances, the mutual-inductances vary by cos 6, per one
mechanical revolution of the rotor. So we have

Lagy = Lycos 0, (4.44)
2

Ly = Lygcos <6’, -3 7r> (4.45)
2

L = Lygcos (9,. + §w> (4.46)

where Ly depends on the amplitude of the flux linkage established by the perma-
nent magnet.

From these inductances, the total flux linkages of an IPMSM are given by
Aabcs = Lsiabcs + Lflf

1 1
L+ Ls—Lgcos26, ——=L,—Lgcos2 9,.7I ——=L4s—Lgcos2 €,+E
2 3 2 3 .
las
: 2(6,-2 29,2 ! 20 ;
= —ELA—LBcos ,—5 Lj;+Ly—Lgcos ,—gﬂ' —ELA—LBCOS n ips
1 1 4
7ELA —Lgcos2 (6’,. + g) 7§LA —Lgcos26, Lis+Ly—Lgcos?2 <0, 7§7r> fes
cosf,
2
cos <9,7§7r>
+Ly T
4
cos <9,—§7r>
4.47)

All the inductances in the flux linkages of an IPMSM are time varying except
for at a standstill of the motor. Therefore the time-varying coefficients will appear
in the voltage equations of an IPMSM. In the case of an SPMSM, we can easily
obtain the flux linkages by letting Lz = 0 in Eq. (4.47).
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From the discussion so far, we can see that the voltage equations of an induc-
tion motor and a synchronous motor are expressed as the differential equations
with time-varying coefficients. Fortunately, by employing the reference frame
transformation, these time-varying inductances in the voltage equations can be
eliminated. Now, we will study the reference frame transformation and the AC
motor models expressed by the dg variables.

REFERENCE FRAME TRANSFORMATION

Reference frame transformation refers to a transformation of the three-phase abc
variables commonly used in AC systems to dgn variables orthogonal to each
other. This transformation is often known as d—q transformation. Fig. 4.17 com-
pares these variables. Here, the direction of the abc variables is considered to be
the direction of the magnetic axes of their windings.

The direction of d, g, and n axes in orthogonal coordinates will be defined as
the following.

e d-axis (direct axis)

The direction of the d variable, which is called the d-axis, is normally
chosen as the direction of the magnetic flux in the AC motor. In the vector
control for AC motors, the d-axis is regarded as the reference axis, and the
flux-producing component of motor current is aligned along the d-axis.

e g-axis (quadrature axis)
The direction of the g variable, which is called the g-axis, is defined as
the direction 90° ahead of the d-axis. In the vector control for AC motors,

b-axis g-axis

c-axis

FIGURE 4.17

abc coordinate and d—g axes coordinate.
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the torque-producing component of motor current or the back-EMF is
aligned along the g-axis.

e p-axis (neutral axis)

The direction of the n variable, which is called the n-axis, is defined as
the direction that is orthogonal to both the d- and g-axes. The n-axis has
nothing to do with the mechanical output power of the AC motor but is
related to the losses.

TYPES OF THE d—q REFERENCE FRAME

The frame of reference, consisting of d, g, and n axes, may rotate at any speed or
remain stationary. Therefore, it can be mainly divided into stationary reference
frame and rotating reference frame according to whether or not it will rotate as
shown in Fig. 4.18.

e Stationary reference frame
This frame of reference remains stationary. In other words, in the sta-
tionary reference frame, the d—q coordinate system does not rotate. In this
book, this will be denoted by d° — ¢* axes. Normally, in AC motor drives,
d’-axis is chosen as the axis of phase as. This reference frame is also called
stator reference frame.

¢ Rotating reference frame
This frame of reference rotates at an angular speed w. In other words, in
the rotating reference frame, the d—g coordinate system rotates at a speed
w. The speed of rotation can be chosen arbitrarily. In this book this refer-
ence frame will be denoted by d“ — ¢ axes.

b-axis

Rotating
reference frame

/ Stationary
/ i reference frame

FIGURE 4.18
d—q axes stationary reference frame and rotating reference frame.
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Although the rotation of the d—gq coordinate system can be arbitrarily
set to any speed, there are two widely used speeds or reference frames.
The first one is a synchronously rotating reference frame or synchronous
reference frame, which rotates at the speed of the rotating magnetic field
and will be denoted by d° — ¢° axes. The second one is a rotor reference
frame, which rotates at the speed of the rotor and will be denoted by d" — ¢"
axes.

The angle between the rotating reference frame and the stationary reference
frame may vary over time. This angle # is given by an integral of the angular
velocity w of the rotating reference frame as

0= medf +000) (4.48)

where 6(0) means the initial angle at time ¢ = 0, and commonly, §(0) = 0.

In this book we will use the notation “fy;” to represent the variables
employed in various reference frames. Here, “f” represents variables such as
voltage, current, and flux linkage. A superscript “w” denotes the angular speed
of the reference frame. First, the subscript “A” denotes the type of the axis.
A=d,q,n for dgn variables, and A=a, b, ¢ for abc variables. Second,
the subscript “B” denotes where the variable is. B =s for the stator, and B=r
for the rotor. For example, “i9~ represents the d-axis stator current in the
synchronously rotating reference frame.

The reference frame transformation was originally proposed by R.H. Park in
the late 1920s. This transformation is used only for synchronous machines in the
rotor reference frame, which is commonly known as Park’s transformation. Since
then, several reference frame transformations have been developed for induction
and synchronous machines. Later, it was found that all known types of reference
frames can be obtained from arbitrary reference frames by simply changing the
rotation speed. This arbitrary reference frame transformation is referred to as
the generalized rotating transformation [1].

As mentioned earlier, the reference frame transformation to eliminate the
time-varying coefficients refers to the transformation of the three-phase abc
variables to dgn variables. The reference frame transformation can be easily
carried out by using the matrix forms or complex vectors. First, let us take a look
at the reference frame transformation by the matrix equations.

REFERENCE FRAME TRANSFORMATION BY
MATRIX EQUATIONS

Fig. 4.19 demonstrates the transformation of the three-phase abc variables into
dgn variables in the stationary reference frame.

The reference frame transformation can be simply considered as the
orthogonal projection of the three-phase abc variables f,, f;, f. onto the d—g axis
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FIGURE 4.19

Transformation into the stationary reference frame.

in the stationary reference frame (d° — ¢* axes). For the example in Fig. 4.19,
using trigonometric relationships, the d- and g-axes variables becomes

fi=k {fa cos(0) + f; cos (— % 7r> + f. cos (% 7T):| (4.49)

f; =k |:f(, sin(0) + f;, sin(—%w) + f, sin <§W)1| (4.50)

Here, the coefficient k can be chosen arbitrarily.

The frame of reference can rotate at an angular velocity w. So, the transforma-
tion of the three-phase stationary abc variables into dgn variables in the arbitrary
reference frame rotating at a speed w can be generally formulated as

f;')qn = T(e)fabc (451)

where £, = [fafofs] L e =1fufofo]", and []” denotes the transpose of a matrix. f;
can represent the variables of an AC motor such as voltage, current, and flux linkage.
The transformation matrix 7'(f) is defined as

_ ) ) _
cos 0 cos (0 - gﬂ') cos (9 + §7r)
2 . . 2 . 2
T(0) = 3 —sinf —sin <0 - §7r> — sin (9 + §7T) 4.52)

1 1 1
2 2 2

where the angular displacement 6 = [ w(7)dr + 6(0).
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FIGURE 4.20

Transformation into the arbitrary rotating reference frame.

From Eq. (4.52), it can be seen that the f, variable is independent of the
reference frame but is related arithmetically to the abc variables. Fig. 4.20
demonstrates the resolution of the three-phase abc variables f,, f,, f. into the
d- and g-axes in the stationary reference frame (d* — ¢* axes).

As mentioned previously, when transforming, the coefficient £ can be chosen
arbitrarily. In the transformation matrix T'(0) of Eq. (4.52), the coefficient k is chosen
as 2/3. In this case the magnitude of the dg variables is exactly identical to that of the
abc variables, so, this transformation is called magnitude invariance transformation.
However, the power and the torque evaluated in the dgn variables become 2/3 less
than those evaluated in the abc variables, which will be shown later. On the other
hand, when using the coefficient of \/2/3, the power remains the same value in
the two reference frames, i.e., Pgy, = Pape. So, this transformation is called power
invariance transformation. However, the magnitude of the dg variables is not equal
to the magnitude of the abc variables. The coefficient of 2/3 is normally used when
applying the transformation to motor variables. So, in this book, we always use the
coefficient of 2/3 for magnitude invariance transformation.

4.3.2.1 Transformation of abc variables into dqn variables

in the stationary reference frame
From setting =0 in Eq. (4.51), the transformation of the three-phase abc
variables into dgn variables in the stationary reference frame is given by

1

1

1
2 2
s 2 0 V3 _ﬁ Jfa
qun = T(O)fabc = g 2 2 ;b (453)
1 1 1 ¢
V2 V2 V2

This is known as Clark’s transformation.
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Eq. (4.53) can be disassembled as the following.

¢ Transformation of abc variables into dgn variables in the stationary reference frame
2fa —Jo —Je
= e _:{b f (4.54)
A 1
1= ﬁ(fh —fo) (4.55)
C 2fat St
f;: _ (ﬁl ;Cb fc) (456)

In the stationary reference frame, the dgn variables are arithmetically related to
the abc variables. In particular, if the sum of the abc variables in a balanced three-
phase system with no neutral connection is zero, i.e., f; + f, + f. = 0, then the n-axis
variable is zero, i.e., fi = 0. Thus, fJ = f,, i.e., the d*-axis variable is always equal to
the phase a-axis variable. In this case the dg variables are reduced as following.

fi=tla (£,=0) (4.57)

! (fo =10 (4.58)

V3

The inverse transformation of the dgn variables in the stationary reference
frame into the abc variables is as following.

fq

» Inverse transformation (f;} = 0)
fa=1 (4.59)
1 S \/§ S
fo=—5lat =51 (4.60)
1 S ﬁ S
fe=—5la =1 (4.61)

4.3.2.2 Transformation between reference frames

Consider a transformation between reference frames. For the analysis of AC
motors, it is often required to transform the variables in one reference frame to
variables in another reference frame as shown in Fig. 4.21.
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: —‘L>—> 4 ' d*-axis

s
ds

FIGURE 4.21

Transformation between reference frames. (A) Stationary into rotating frame and
(B) rotating into stationary frame.

As a widely used transformation, the transformation of the stationary reference
frame into the rotating reference frame can be formulated as

cos 0 sinf 0] |f]
Sign =ROfyy, = | —sin@ cosd 0 |f7 (4.62)
0 0 ISR

The angular displacement § = [ w(7)dT + 6(0).

This is known as Park’s transformation.

In the case where the n variable is zero, i.e., f; =0, Eq. (4.62) can be sepa-
rated into Egs. (4.63) and (4.64).

¢ Transformation of stationary reference frame into rotating reference frame

Jiq =fycos 0 + fisin 0 (4.63)

fy = —fysin 0+ f cos 0 (4.64)

Likewise, for the inverse transformation, it will be Eqgs. (4.65) and (4.66).

* Inverse transformation of stationary reference frame into rotating reference frame

fa=Jicos 0 —fIsin 6 (4.65)

f; =fisin 0 +fq"cos 0 (4.66)
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i1 2 [cos 0 cos(0—2x) cos(0+2x) fa
e = ) ) 1o
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FIGURE 4.22

Reference frame transformations.

The procedure for all the transformations just mentioned is summarized in
Fig. 4.22.

Next, we will find the instantaneous power expressed in dgn variables.
The instantaneous power may be expressed in abc variables as

P =vaia + pip + veic = VI, e (4.67)

abc

T _ T N T
where V. = [vavpvel', Labe = [iaibic]-
By transforming the above equation into the arbitrary reference frame rotating
at any angular velocity w, the instantaneous power is given by

P=VI Iy = [T’I(Q)V‘;’qn] ! [T*l(e)lz’qn}

(4.68)
dgn

3 w T 3 W W o
= E(Vd"") I; . = E(vdzj + v v

where V4 = [v;;v;v;;r, 5, = [i;i;‘i;r, T7(0) = %TT(H).

Although the power of Eq. (4.68) has a 3/2 factor due to the choice of the
constant used in the transformation matrix 7'(0), it is expressed as the sum of
the product of the voltage and the current in each axis like the power expression
in the three-phase system. The waveforms of the voltage, current, and flux link-
age vary according to the angular velocity of the reference frame, whereas the

waveform of the power remains unchanged.

L
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EXAMPLE 1

Transform the following balanced three-phase abc voltages into dgn
voltages in the stationary and rotating reference frames.

Vas = Vin€COS Wet,  Vps = Vycos(wet — 120°), v = Vycos(w,t — 240°),

Solution
From Eq. (4.53), dgn voltages in the stationary reference frame are given as

2Vas ~ Vbs — Ves

Vzls = f = Vus = V;u COS w,t
s 1 .

Vqs = %’(Vbs - Vcs) = Viu Sin w,t
s \/i(vax + Vs + Vcs) -0

Vis = 3 -

Therefore, the three-phase abc variables, each displaced by 120°, are
transformed into two-phase dg variables, each displaced by 90°, in the sta-
tionary reference frame. These amplitudes are equal to each other but the
variable of d-axis is ahead of the variable of g-axis by 90°.

From Eq. (4.62), dg voltages in the synchronously rotating reference
frame (d° — g° axes) are given as

(—— S o1
Vs = Vigs€OS b + vy sin 6,

= V,,c08 w,tcos O, + V,,sin w,t sin 6, =V,

e _ .85 o s
Vs = —VgSin O + vy cos b,

= —V,,,co8 w,t sin B, + V,,sin w,t cos 6, =0

Here, the initial position of the reference frame is set to zero, thus
0, = w.t. It should be noted that the three-phase abc variables are
expressed as steady-state direct current (DC) values in the dg reference
frame rotating at the angular velocity w, same as that of abc variables. The
amplitude of the DC value is equal to the peak value of the abc variables.
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MATLAB/SIMULINK SIMULATION: REFERENCE FRAME
TRANSFORMATIONS

¢ Simulation conditions: V,, = 100 V, frequency = 100 Hz,
Phase as voltage v,; = V,,cos w.t = 100 cos(27100¢)

¢ Whole simulation block diagram

DQ Transformation

»
»

A =
‘ \/ Xas Xds Xds
Vas Xbs ,—> Xde _>

Xgs
\Vi

Vbs phase to Vdq Xqe _>
theta
A
Y Clock stationary to syn.
Vcs %
2*pi*100 ’—P

We

A4

A 4

Xags

Xcs

A\ 4

* Transformation of the three-phase abc variables into dq variables in the stationary reference
frame (phase to V,, block)

Xas f
2f —f — Gain1
fd\ = fu fb f( @ »
3 . Gain2 Gl
(@D, >
1 xes Sum2
fi=7( ~1.) .
E@» @)
»> - Xqgs
Sum3 Gain8

¢ Transformation of the stationary reference frame into the rotating reference frame
(stationary to syn. block)

fq =ficos 0 +f sin 0, f7=—f;sin0+fcos 0

Angular displacement: § = [w,(t)dt = [(27f)dt = 27100z = 27100z
(Continued)
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MATLAB/SIMULINK SIMULATION: REFERENCE FRAME
TRANSFORMATIONS (CONTINUED)
D <
Xds — "
Product
roduc
2> B Xde
Xgs >‘ * i
Product1
Sumé4
sin ;E}’_"’
Product2
roduc
theta > Xqge
cos —p i
Product3
Sum5
¢ Simulation results
100 [ Vas Vs Ves 100
50 50
0 0
-50 -50
-100 —-100
0 0.005 0.01 0.015 0 0.005 0.01 0.015
Time (s) Time (s)
(A) abc voltages (B) dq voltages

We have just studied the reference frame transformation by the matrix equa-
tions. We can carry out this transformation more efficiently by using a complex
vector, which is a representation of the three quantities in the three-phase system
as one quantity. Moreover, by treating three-phase AC motor quantities as com-
plex vectors, the work required in the calculations for a three-phase AC motor
can be simplified. Now, we will take a look at the reference frame transformation
by the complex vector.
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REFERENCE FRAME TRANSFORMATION BY COMPLEX VECTOR

Any three-phase quantity can be represented by a vector f . in the complex plane
as shown in Fig. 4.23.

This vector is called the complex space vector, or in short, space vector.
The complex vector representation allows us to analyze the three-phase system as
a whole instead of looking at each phase individually. A space vector is different
from a phasor, which is a representation of the amplitude and phase for a sine
wave in the steady-state condition.

A complex space vector is defined as

2 . )
Fue =3Gutafy +@'f) (a=e®, o =0Y) (4.69)

This space vector rotates at the same angular velocity w, as that of the
three-phase quantities as shown in Fig. 4.24.

b-axis 2,
3,7

m

Magnitude a-axis

Phase

fab(' :%(jja +a fh +a2f;-)

c-axis
FIGURE 4.23
Complex space vector.

b-axis Im

c-axis
FIGURE 4.24

Three-phase quantities and complex space vector.
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The amplitude of a space vector is equal to the peak value of the phase
quantity. One example of a space vector is the rotating magnetic field as
mentioned in Chapter 3. The rotating magnetic field is identical to the space
vector of magnetic fields produced by currents flowing in three-phase
windings.

Example 2
Find the space vector representation of three-phase voltages as

Vas = Vin€0S wet,  Vps = Vypcos(w,ot — 120°), vy = Vycos(wet — 240°)

Solution
According to the definition, voltage space vector V. is given as

2
Vabc = § (Vas + avps + azvcs)

From Euler formula e/ = cos 6 + j sin 6, we have cos w,t = (el 4 e¢71wf) /2,
sin w,t = (&M’ — ¢73¢¢") /2j. Thus,

ZVm ejw(.t + e—jwct ej(wl,r—27r/3) +e—j(a;(,r—27r/3) ej(wft—477/3) +e—j(wct—47r/3)
Vabc = = +a aF a2
3 2 2 2

— Vm jwet —jwet 2\ jwet
*?(3€Je+€ e(l+a+a))fVmeJ‘)

=@/3) = cos 2 +isin2a=—1 +i83

where a = e cossmt+jsingm 5 IS5

=" =costm+jsindr=—1-j3

Ve = Vi = Vel <9e = Jwe(t)dt 4+ 9(0))

Inversely, the quantities of a three-phase system from the space vector f,. are
given by
fa =Re [fabc} + ):J

=Re g(f[, + af;, + (lzf(-) + g(ﬂl +fh +ﬁ) :fu ( )

fo =Re[@*f 4] + 1 4.71)
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A ¢-axis

(2] .
dq -axis

d “-axis

p d -axis
FIGURE 4.25
Vector fqu in the arbitrary reference frame rotating at an angular velocity.

fC = Re[afahc] +f: (472)

where “Re” represents the real part of the complex vector.

When comparing the complex plane with the d—g coordinate system men-
tioned in the previous section, we can see that these two systems have similar
orthogonal coordinates, that is, the real-axis and the imaginary-axis correspond to
the d-axis and the g-axis in the stationary reference frame, respectively. Thus, we
can consider that the space vector f,,. equals to the vector ffiq in the stationary
reference frame, which has the d- and g-axes components of Egs. (4.49) and
(4.50) as

Jag =1 Tify (4.73)

However, since the d—q axis may rotate at any angular velocity, we need to

take a look at the relationship between a space vector and a vector in the d—qg

axes rotating at an angular velocity. A vector f;’q in the arbitrary reference frame
rotating at a speed w in Fig. 4.25 can be expressed as

fo =+ i (4.74)

Here, from Eqgs. (4.49) and (4.50), the d- and g-axes components of this vector
are given by
fy= % {facos 0 +fhcos(9 — %w) +ﬂcos(0 - gw)]

fo=— % {fasin 6 + fysin (0 - %w) + fesin (0 - gﬂ'):|
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Using Euler formula, Eq. (4.74) becomes

Sfog = % {fa(cos9—j sin())-i—fb(cos(e—%ﬂ) —jsin(@—gﬂ))

4 4
+fe (cos (9 —= 7r) —jsin (9 - —’/T)):|
3 3 (4.75)

o[ cileim) i(e-iw)
= 3 {fueﬁ + fue +fa.e }

[SSHN )

[fo + afo + aPf) e’
_ —jé
_fabre !

From Eq. (4.75), we can see that there is only a phase difference of 6 between
Sape and f,. This phase difference comes from the angular displacement between
the complex plane and the d—q axes rotating at an angular velocity.

By letting € =0 in Eq. (4.75), we can identify that the space vector f . equals
to the vector fizq in the d—gq axis of the stationary reference frame as

fflq :fab('eijo :fab(: (476)

A vector qu in the rotating reference frame with the angular velocity w = w,
can be expressed as

Fig =Fapce " =fe" (98 = jwe(z)dr + 9(0)) (4.77)
The instantaneous power is expressed in terms of the complex vector as
3 R I .
= SRe[Vaely] = SRe [quldq} 4.78)

where I;bc, I;q are the complex conjugates of I, 144, respectively.

We have just studied the transformation changing the reference frame of
variables. Now, we are going to find out the model of AC motors expressed in the
d—q reference frame. Then, it will be found that the time-varying inductances in
the voltage equations of AC motors can be eliminated by employing the reference
frame transformation. First, let us find out the d—¢q axes model for an induction
motor.

d—q AXES MODEL OF AN INDUCTION MOTOR

From Egs. (4.2)—(4.7), the voltage equations for the stator and rotor windings of
an induction motor and the flux linkages are rewritten as

d )\ahcx
dt

Vabes = Rsiabcs + (479)
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d )‘abcr

Vaber = Rriabcr + dr (480)
Aabcs _ L; L, iab(,‘s
|:)\abcr:| N [(LW)T L } Labcr} (4.81)

Combining Eqs. (4.79) and (4.80) with (4.81), we have the voltage equations
expressed in currents and inductances as

where p is the time derivative operator d/dt
Now, let us transform these equations expressed as abc variables into the d—qg
coordinate system.

R + pL L,
P(Ls;) R, +pL,

Labes

It

Laber

Vabes

Vaber (4.82)

VOLTAGE EQUATIONS IN THE d—q AXES

The transformation of the stator voltage equations of Eq. (4.79) into the d—q axes
rotating at an arbitrary speed w is as follows:

d>\abcs
dt

Vabes = Rsiabcs +

— T(O)apes = T(O)R, zam+T(9) Aaes (where T(O)R, T(0) ' =R,)

dT(6)” ar@y" [0 —w 0
= Vi =R, + T(0) ( ) X FTOT(O) ! re T(0) ( ) w0 0
00 0
0 —woO Z)q
R+ 0 0 s
- vdqns ldqns 6} 0 0 dqns dt
This can be resolved into as
Vs = Ridgy + dtds —we (4.83)
Voo = Ryt —E WX (4.84)
, AN
Vis = Rolig + =5 (4.85)

Comparing the voltage equations in the abc coordinate system, we can see
that there are speed voltage terms, w/\f;s and wAj,, in the d—q coordinate system
due to the rotation of the axes. In addition, it should be noted that the flux lin-
kages in these speed voltages are cross-coupled.

Next, we will transform the rotor voltage equations of Eq. (4.80) into d—q
axes rotating at an arbitrary speed w. In this case we should be careful when
selecting the angle used in the transformation. From the standpoint of the rotor,
which rotates at the speed w,, the d—g axes will rotate at the difference speed

L
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w — w,. Thus the angle used in the transformation should be 6 — 0,( = 3). Here,
0(= [we(t)dt) is the displacement angle of the d—q axes and 0,( = [w,(t)dt)is
the displacement angle of the rotor.

With the angle 3, we can transform the rotor voltage equations into the d—¢g
axes rotating at an arbitrary speed w as

. d)\a cr
VYaber = erah('r + dl‘b
dAu cr
- T(ﬁ)vab(r - T(/B)erubc + T(ﬁ) i
w [ (5)7 dan] —1 _

- vdan - T(ﬁ)Rr(T(ﬁ) ldan) + T(ﬂ)i where (T(B)RST(ﬁ) - R))

) dr ' - nr
- v:;an =erdan + T(ﬁ) (ﬁ) dan + T(ﬁ)T(ﬁ) dq

0 —(w—wy) O o

- Vj nr :erz nr +lw— wr 0 A; rs -

4 4 0 0 4 dt

This can be resolved into

w

Ve =R+ — 2 — (0= w)N 4.86
dr ™t ( MAor (4.86)
w

Vg = Ryig + dqr-i-(w—w,.))\fj, (4.87)
Lo dx
v =R.i + It (4.88)
For squirrel-cage rotor induction motors, since the rotor bars are short-
circuited by the end rings, the rotor voltage 1is zero, and thus,
vh =0, vs =0, v =

To complete these stator and rotor voltage equations, we need the flux lin-
kages expressed as dq variables.

FLUX LINKAGE EQUATIONS IN THE d—gq AXES

The transformation of the stator flux linkage of Eq. (4.81) into the d—g axes
rotating at an arbitrary speed w is as follows:

>\ab('s = Lsiabcs + Lsriabcr
- T(e))\abcs = T(Q)Lsiabcs + T(Q)Lsriabcr

= Xo = TOL(T (0)i%,,) + TOLT ™ (8)i2,,,)
3 3
L+ =L, O 0 =Lns O 0
) 2
- Adqn.\' = 0 L + % Lons 0 qum' + 0 E Lons 0 ldan
2 2
0 0 L 0 0 0
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where
Lls + %Lms 0 0 %Lms 0 0
—1(p9) — -1 =
TOLT'0)= |, Lot o |2 TORTO e 0
0 0 Ly 0 0 0

By letting L,, = %me, L, =L+ L, in the above equations, we will have the
stator flux linkages in the d—g axes as

No = Lygi + L(i%, + i%) = Lyi%, + i, (4.89)
Xoy = Ligit, + Lo(is, + i) = Lyi, + Lyi, (4.90)
A = Ligiyg (4.91)

Next, we transform the rotor flux linkage of Eq. (4.81) into the d—q axes
rotating at an arbitrary speed w as follows.

Aahcr = Lriahcr + Lr.\‘iahcs

- T(ﬂ))‘abcr = T(ﬁ)Lriubcr + T(ﬁ)LSTriabcs

= Nipr = TOLAT ™ (B)ig,,,) + TOLLT ()i,
3 3
Ly +>L,, O 0 “Lns O 0
b2 2
- Adan = 0 Lls + %Lmr 0 ldan + 0 %Lms 0 ldqns
0 0 Ly 0 0 0

Assuming the turns ratio Ny/N,=1 and letting L, = %Lm, = %Lms,
L, =L, + L, in the above equations, we will have rotor flux linkages in the d—q

axes as
Xo = Lyi% + Ly(is, + %) = Lyi%, + Lyi, (4.92)
Xoo = Lyt + L(i2, + i) = Lyi%, + Lyi, (4.93)
N = L0 (4.94)

From the flux linkage expressions of the stator and rotor in the d—g axes, it is
found that the main purpose of the transformation has been achieved. In other
words, by employing the reference frame transformation, the time-varying
mutual-inductances due to the relative motion between the stator and rotor wind-
ings become constant in the d—g reference frame. This result can be valid regard-
less of the rotating speed of the reference frame. Furthermore, the flux linkages
become magnetically decoupled between the d- and g-axes. Fig. 4.26 shows the
d—q axes equivalent circuits.
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o1’ (- @) 22
Vi L, Var
A o

w
2
i? R L, L, R, i
+ +
Vo v,
FIGURE 4.26

d—q axes equivalent circuit of an induction motor.

We can obtain voltage and flux linkage equations in the different reference
frames by setting w =0 for the stationary reference frame, w = w, for synchro-
nously rotating reference frame, and w = w, for rotor reference frame.

e Stationary reference frame (w = 0)

Ve =Ryl + A, N = Lyl + Lyt
Vi, = Rl + pA Xy = Ly, + Ly,
0= R,iy, +pAy, +wr Xy, Xy = Loy, + Lyl
0= Ryiy, +pA,, — w, Ay, Ngr = Lyig, + Liiy

» Synchronously rotating reference frame (w = w,)

e __ e e __ e __ e e
Vo = Ry, + pAG — we A Xos = Lty + Ly,

e
qs

[ € e e e __ ~€ e
Vs = Ryl +p/\qs + we Ay )\qs = Lyig, + Ly,
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0=R,i5, + PN, — (We — W)X, Ny, = LS, + Ll

0=Ryig, + pA;, + (we — wr) A, Ny = Lyig, + Lyig

Motor

* Voltage equations of an induction motor in the d—q axes

Y )V
Vas = RSlds + dtS - W)\q.v
o _pp g Py
Vas = Lslys dt WAgs
o o daxe
Ve = Rgiy + dt’”
w ) dx;
Ve =R + dtdr —(W—w)A,,
w_R-w+d)\;’+ — A\
vqr - "lqr 7 (w wf) dr
, o, dx:
V:r = R’er + d:r

« Flux linkages of an induction motor in the d—q axes

w — W W WY T W W
>\dx - Llfld.\' + Lm(ld.s‘ + ldr) - led,\' + Lmldr

w o W W WY T W ‘W
/\qs = Lysig, + L,,,(lqs + lqr) = Lyiy + Ly,

w o W
)‘ns = Lyl

ns

N = Lyi 4 L(i% + i9) = L%, + Lyis,
(7% R W W W — L") W
)\q, = Lyi,, + Lm(lqr + lqs) =L,i;, + Ly,

w _ W
/\nr - Ll’lnr

TORQUE EQUATION IN THE d—gq AXES

As it can be seen in Chapter 1, the torque of double-fed machines such as induc-

tion motors is given by

P\ . OL
Te = (E) (lub('.\‘)r a—erlabcr

(4.95)

L
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The transformation of this torque into the d—q axes rotating at an arbitrary

speed w is as follows:
aLsr .
( )(labcs)T Laber

( )mer dqm)TaL"(Tw) Egnr)

P o Ly,
= (5 ) (ldqn\) ( T(e) T(ﬁ) ) dan (496)
3
—Lys
) . 0 Lm0
— (= W T W
( 2 ) (ldqns) 2 _ %Lms 0 0 ldan
0 0 0

where T7'(0) =3T(0)".
This torque can be resolved into
3p W aw W ow
T, = EEL,ﬂ(tq_vldr — zdxzqr) 4.97)

where L,, Lmt
The torque can be also expressed in terms of different motor variables but is
independent of the speed of the reference frame as following.

3p P
T, = 2 2 5 LinIm [ldqudﬂiﬁ] = EELm(quldr - ldslqr) (4.98)
3PL, 3PL, ]

- EE L, Im [Adqudq\} 2 2 L ()\drlqs - /\qud.v) (499)
Im[ dqmldqv] = (/\dmlqv - )\qmidx) 4. 100)
Im[ dqsldqs] = (Adslqs - Aqsids) 4.101)

- __Im [l dqr dqm} = (ldr gm iqr)‘dm) (4.102)

|:ldqr dq&:| (ldr qr iqr>\llr) (4 103)
3PL, 3PL, )

- EE?I |:ldqr/\dq.\} 2 2 L (ldr)‘q.s' —lgr Ad.v) (4.104)

3P L, 3P L,

= S m N = 5575 Cardes = Mg (4.105)

Among these, the torque of Eq. (4.99) is widely used for the vector control,
especially the rotor flux oriented control.
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MATLAB/SIMULINK SIMULATION: AN INDUCTION MOTOR

With the model of an induction motor in the d—g axes, a 3-hp, 4-pole, 220 V, 60 Hz, three-phase
induction motor will be simulated for acceleration characteristics when a full voltage is applied at

a standstill.

¢ Overall diagram for simulation

f S > Vds
Xas Xds

Vas Mux
Vbs
Xqst+—
Vcs
phase to Vdq
[0 =[]
Clock

e Applied voltages

Xast—p|
Idss »(Xds
»|Vdgss Xbs » Ibs
Igss »Xas  Xcs » Ics
Wm Te dq to phase

Induction
Motor

Mech. system

Vas = VinCOS Wt

Vps = Vipcos(wet — 120°)

Ves = Vincos(wet — 240°)

220
(v,,, = ﬁﬁ’ We = 27r60>

W Source Block Parameters: Sine Wave
Sine Wave
Output a sine wave:
O(t) = Amp+Sin(Freq+t+Phase) + Bias

Sine type determines the computational technic
in the two types are related through

Samples per period = 2+pi / (Frequency * Samp
Number of offset samples = Phase * Samples ¢

Use the sample-based sine type if numerical pr
for large times (e.g. overflow in absolute time) ¢

Parameters

Sine type: | Time based
Time (1): |Use simulation time
Amplitude:
sqrt(2)+220/sart(3)
Bias

]

Frequency (rad/sec):
2+pi*60

Phase (rad)

0

(Continued)
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MATLAB/SIMULINK SIMULATION: AN INDUCTION MOTOR (CONTINUED)

Induction motor d—gq equations in the stationary reference frame

Vi = Ryl + p Xy = N = J(vfis — Ryi)dt

Vs = Rl +pA o A = J(V;x = Ryiy,)dt
0= Riy, +pNj, T w, Ay, > Xy, = J(— Ry iy, — wy X, )dt
0= Ry, +pN, —w Ay > X, = J(, Ryig, + w, Ay, )dt

-5 L, )‘cvls — Ly )‘tsl't ) L, )\:IY — L )‘;r
=0 4 po=__+ — 9

L, — 12 ® L —12
s s
- LNy, =Ly 5 _ L X, — LAy
= T ds —r %

LL—12 ° o LI -I2

3P 5 . 5 .
EEL"’!(lelfir - lzxisltx]r)

T,

Induction motor block diagram (Induction Motor Block)

v
;m;
4

Induction Motor Block

S

(Continued)
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MATLAB/SIMULINK SIMULATION: AN INDUCTION MOTOR (CONTINUED)

e Simulation results

Speed Torque
2000 P 150 9
1500 : 100
<
1000 Z 50
= 2
=
500 0
0 i H ; _50 ; i i
0 0.2 0.4 0.6 0.8 0 0.2 0.4 0.6 0.8
Time {(s) Time t(s)
Currents Speed-Torque

ias ibs ics [A]

L L

0 0.2 0.4 0.6 0.8 0 500 1000 1500
Time #(s) Wrpm (r/min)

At a standstill the input impedance of an induction motor is small and the back-EMF is zero.
Thus, when starting with a full voltage, the starting current becomes large, even more than several
times the rated value as can be seen the simulation result.

We can see that, from the speed result, the induction motor reaches the final speed without
oscillations. However, in the case of higher power induction motors, there may be large
overshoots and oscillations in speed and torque. This depends on the parameters of the motor.

d—q AXES MODEL OF A PERMANENT MAGNET
SYNCHRONOUS MOTOR

Now, let us transform the model of an IPMSM expressed as abc variables into
the d—q coordinate system.
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VOLTAGE EQUATIONS IN THE d—q AXES

The stator windings of a PMSM are the same as those of an induction motor.
Thus, they can be expressed by the same the d—q axes stator voltage equations,
Eqgs. (4.83)—(4.85), of an induction motor, and are rewritten as

w ) d)‘js w
Vo = Riige + = — WXy (4.106)
Vi =Rz + dt‘"" + WAy, (4.107)
dx;
Vi = Rt + =2 (4.108)

However the flux linkages of a PMSM are different from those of an induction
motor. Now, let us find out the flux linkages in the d—q axes required to com-
plete the above voltage equations.

FLUX LINKAGE EQUATIONS IN THE d—q AXES

The transformation of the stator flux linkage of an IMPSM (Eq. 4.47) into the
d—q axes rotating at an arbitrary speed w is as follows:

)‘abrs = Lsiabrs + Lfif
= T(0) Aapes = T(O)Llgpes + T(G)Lfif
= Njuns = T(O)Ly(T™" (0)igyns) + T(O)Lgiy

Transformations of inductances needed by the above equation are as follows.
From the following stator inductance

r 1 1 ) r s T
Lg+Ly, — ELA — ELA cos 20, cos 2(6, — §) cos 2(0, + §)
1 1 0 U 0 2 0
L=|" 5LA Li+Ly — 5LA — Ly | €08 2(0, — 5) cos 2(0, — §7r) cos 20,
4
- %LA - %LA L+ Ly cos 2(0, + g) cos 20, cos 2(0, — g7r)
we have
Ly + §LA 0 0
2 3 [—cos20-6,) sin200-6,) 0
o= 3 +Z i — -0,
T(O)L,T~ () 0 Lo+, 0 3 Lp ?)m 2(60-06,) (c)os 2(0—-6,) 8
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From the inductance
cos 0,
2
cos(, — =m)

4
cos(f, — §7r)

we have
cos(f —6,)
T(O)L; =Ly | — sin(0 — 6,)
0
Thus the stator flux linkage in the d—g axes rotating at an arbitrary speed w is
given as
3 3.
L + 3 (La — Lgcos 2(6 — 6,)) 3 sin 2(6 — 6,) 0
Nigs = % sin 2(0 — 6,) L+ % (La + Ly cos2(0—6,)) 0 | das
0 0 Ly
cos(f —6,)
+ | —sin(0—6,) | ¢
0

(4.109)
where ¢y = Lyiy.
By letting Ly = Lj; +3 (Ly — Lg), Ly = Li; +3(La + Lp), Eq. (4.109) becomes

Lds + qu + Lds -
2 2

Ls Ls_Ls .
“ cos 20 — 0,) -2 5 “ sin 2(0 — 6,) 0

ggs = | Las — L Lgs+ Ly Lis—L j
Nigs = | Las ~ s 20— 4, b o520 —6,) 0 |'des
2 2 2
0 0 Ly
cos(6 —6,)
+ | —sin(0—0,) | &
0
(4.110)
This stator flux linkage can be expressed in the stationary reference frame
(0=0) as
Ly +L Lys—L Lgs— L,
ds " Zgs 4 Zds % cos 20, ds % sin 26, 0
2 2 cos 6,
qu = | Las — LQS sin 20r Lys + qu _ Lys — qu cos 29r 0 l.':qu + | —sin 0, st
2 2 2 0
0 0 Ly

@.111)
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n

FIGURE 4.27

d" — g axes equivalent circuit of an IPMSM. (A) d"-axis and (B) g™axis.

In this case it is found that there are still time-varying inductances in the
flux linkages. Unlike the case of an induction motor, it should be noted that
the time-varying inductances of an IPMSM can be eliminated by employing
the transformation into only the rotor reference frame (d" — ¢" axes) rotating
at the rotation speed w, of the rotor. Thus, letting 6 =60, in Eq. (4.110), we
have the stator flux linkages with a constant inductance in the rotor reference

frame as
Ly O 0 i ¢f
Np=10 Ly 0 il +1]0 (4.112)
0 0 Ly i 0

ns

This can be resolved into

Ny = Lsily, + ¢y (4.113)
Xy = Lyl (4.114)
Ao = Ll (4.115)

By letting Lgj; = Ly in the above equations, we can obtain the flux linkages of
an SPMSM with a cylindrical rotor. Fig. 4.27 shows the d" — ¢" axes equivalent
circuit of an IPMSM.

TORQUE EQUATION IN THE d—q AXES

We can obtain the output torque of an IPMSM from its output power. As we can
see from Eq. (4.68), the input power may be expressed in the d—g axes as

3 roer roer
P, = E(vd.vlzl.\' + Viiys) (4.116)
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By substituting the voltages and flux linkages into Eq. (4.116), we have

daN; ) dX
dtdf —w N i = | Reife + —2

P in qs dt

N W

T r .
R,y + +we N | s

4.117)

[\SRRON)

N, dx,
bt — 2+ wdyil + w(Las — Ly )il il

2 -2 T
Rs‘(lds + lqs) + Las dt as ds®qs

Stator copper ~ Variation of Mechanical output power Py
losses magnetic energy

The first term on the right-hand side of Eq. (4.117) represents the stator cop-
per losses. The second two terms represent the variation in the magnetic energy.
Thus the last two terms represent the mechanical output power that develops the
output toque. The output torque is obtained by dividing the output power by the
rotor speed w, as

T. =

0|y

3 o ror
5[ Gpigy T (Las — Lyy)igig, ]

Magnet torque Reluctance torque

(4.118)

This equation implies that the developed torque of an IPMSM consists of two
components. The first term represents the magnet torque produced by the permanent
magnet, and the second term represents the reluctance torque due to a saliency.

For the torque of an SPMSM with a cylindrical rotor, by letting Ly = Ly = L
in Eq. (4.118), we can obtain

P3|
T, = 230, (4.119)

¢ Voltage and flux linkage equations of an IPMSM in the d" — ¢" axes

p
roo_ . ds r
Vie = Ryiy + WrAgs

dt

-
roo_— -r qs r
Vs = Rszqs I + wr Ay

g = Lasiys + ¢
A = Lysil,

qs

T, =

IS~

3 - T
E [(bflq.\' + (Ld_; - Lq.i)ldxlq,\'
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CHAPTER

Vector control of alternating
current motors

The output torque of a motor is the primary control object in motor drive systems.
This is because the position or speed of loads can be controlled by controlling
the torque of the driving motor. There are two methods of the torque control of
alternating current (AC) motors: average torque control and instantaneous torque
control.

The average torque control is a cost-effective variable speed control solution
for general-purpose applications, such as fans, blowers, and pump drives, which
do not require an accurate speed or torque control. In these applications the main
objective for control is the average speed of the motor/load, which is usually
regulated by controlling the average torque of the motor. A typical example of
the average torque control technique (also called the scalar control method) is
the constant V/f control in the induction motor drives, which was stated in
Chapter 3. However, this method can control the motor torque only in the
steady-state condition and thus cannot be used to control the dynamic behavior
of the motor.

On the other hand, the instantaneous torque control is needed for high-
performance applications such as robots, elevators, CNC machine tools, and
automation line drives. In these applications a precise speed/torque control
and a fast dynamic response are required. To achieve these, it is necessary
to control the instantaneous torque of the motor. For direct current (DC)
motors, the instantaneous torque control can be readily achieved through the
control of the armature current as discussed in Chapter 2. However, for AC
motors, a complicated technique called the vector control method is required.
The field-oriented control technique is a typical vector control method. The
direct torque control is also another method for the instantaneous torque. This
technique is less complicated than the vector control method, but is not as
popular.

A scalar control method based on the control of the average current can
control the average torque of a motor in the steady-state condition. On the
other hand, a vector control method based on the control of both the magnitude
and the direction (phase) of the motor current can control its dynamics at
the transient condition as well as the torque of a motor in the steady-state
condition.

Electric Motor Control. DOI: http://dx.doi.org/10.1016/B978-0-12-812138-2.00005-2
© 2017 Elsevier Inc. All rights reserved.
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FIGURE 5.1

Torque production in the motor.

In this chapter we will explain the vector control method of AC motors in
detail. Prior to this, we need to understand the instantaneous torque. As shown in
Fig. 5.1, the instantaneous torque 7 of a motor is expressed as the cross-product
of the magnetic flux vector ® and current vector i, and is denoted by

T = k(® Xi) (5.1)
T = k|¢||ilsin 0 (5.2)

From this, it can be seen that the instantaneous torque of a motor depends on
not only the magnitude of both the magnetic flux and current vectors but also the
space angle 6 between two vectors. Hence, to control the instantaneous torque,
we need to control the directions of the flux and the current as well as their mag-
nitudes. In general, the direction of the current vector is controlled based on the
flux vector ®. Such method for the instantaneous torque control of AC motors is
called vector control or field-oriented control.

To understand the vector control of AC motors, first, we need to take a
close look at the principle of torque production in a separately excited DC motor.
This is because the vector control of AC motors imitates the torque control of
a separately excited DC motor. A separately excited DC motor has a desirable
mechanical structure, which makes it possible to control its instantaneous torque
by controlling only its armature current without using any special control tech-
nique. Thus a separately excited DC motor can be considered as a role model for
the instantaneous torque control of AC motors.

CONDITIONS FOR INSTANTANEOUS TORQUE CONTROL
OF MOTORS

As we discussed in Chapter 2, in DC motors, the field flux ¢; is produced by a
field winding or a permanent magnet in the stator. Under this field flux, a torque
on the conductors of the armature winding carrying the current i, is produced.
A separately excited DC motor has a special mechanical structure, as shown in
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Armature Armature
current MMF
ia
Field —,
current Ly
Field flux

FIGURE 5.2
Separately excited DC motor.

Fig. 5.2, where the direction of the armature current i, (i.e., magnetomotive force
(mmf)) is always 90 electrical degrees with regard to the field flux ¢, regardless
of rotor rotation.

Like this, since the space angle between the armature current and the field
flux always remains at 90 electrical degrees without using any particular control
technique, the developed torque can be maximized under a given flux and current.
Moreover, as a result of this orthogonality, there is no mutual coupling between
the field flux and the armature current, though there is an effect of armature
reaction.

In addition, this orthogonality makes the instantaneous torque of Eq. (5.2) for
a separately excited DC motor to be expressed simply as

T = k| llial (5.3)

In this condition, if we can control the magnitudes of the field flux and the
current independently, the instantaneous torque control will become simpler.
When using a permanent magnet or making the field flux constant with a separate
DC voltage source, the torque of Eq. (5.3) becomes

T=Kli, K =kl (5.4)

This implies that it is possible to control the instantaneous torque of
a DC motor by controlling only the magnitude of the armature current |i,|. If
the armature current can be controlled rapidly, the instantaneous torque can
also be controlled rapidly to that extent. By using a power electronic converter
such as H-bridge circuit with a current controller as stated in Chapter 2, the
armature current can be controlled fast enough with a control bandwidth up to
several hundred Hertz. Alternatively, we can consider regulating the field flux
to control the instantaneous torque under a constant armature current. This,
however, may result in a sluggish response and cause a saturation problem.
Thus it is desirable to not use the field flux control except in high-speed
operations.
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FIGURE 5.3
Torque control system of a DC motor.

On the basis of the analysis stated earlier, we can find out the following
requirements for the instantaneous torque control of a DC motor.
The requirements for the instantaneous torque of a DC motor:

1. The space angle between the field flux and the armature current (i.e., mmf)
always has to be 90 electrical degrees.

2. Both the field flux and the armature current should be controlled
independently.

3. The armature current can be controlled instantaneously.

When the above three requirements are satisfied instantaneously, the instanta-
neous torque control for a DC motor can be achieved. Separately excited
DC motors inherently satisfy the requirements 1 and 2 due to their special
mechanical structure. Thus only the requirement 3 remains to be met.

A typical system for the torque control of a DC motor is shown in Fig. 5.3.
In such a system, the field flux ¢, is usually controlled constantly and the
instantaneous torque is controlled by the armature current i,. The armature current
command [} is given from the torque command 7, for driving the load. If the
armature current i, is instantaneously controlled to follow the current command
by using a power electronic converter such as H-bridge circuit, the instantaneous
torque of the DC motor can follow the command torque.

VECTOR CONTROL OF AN INDUCTION MOTOR

Even though the output torque of induction motors is not easy to control, it can
be controlled instantaneously like DC motors. In induction motors, unlike DC
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FIGURE 5.4

Currents of an induction motor.

motors, the field flux—producing current and the torque-producing current (equiv-
alent to armature current) are provided all together through the three-phase stator
windings as shown in Fig. 5.4.

Therefore it appears that the instantaneous torque control of an induction
motor is not as simple as that of a DC motor. The three requirements for control-
ling the instantaneous torque of a DC motor as mentioned earlier can also be
applied to an induction motor as follows:

1. The space angle between the flux-producing current (or the field flux) and
the torque-producing current has to be always be 90 degrees.

2. Both the flux-producing current (or the field flux) and the torque-producing
current should be controlled independently.

3. The torque-producing current can be controlled instantaneously.

Now we will take a close look at how we can meet these three requirements
for the instantaneous torque control of an induction motor.

INSTANTANEOUS TORQUE CONTROL OF AN
INDUCTION MOTOR

In an induction motor the currents for producing both the field flux and the torque
are provided through the three-phase stator windings. Thus before applying the
above three requirements, we first need to know how much the field flux- and
torque-producing components are included in the three-phase stator currents
ias» ibSa ics-

This knowledge can be obtained by resolving the three-phase currents into
two orthogonal currents, which are utilized as flux-producing current and torque-
producing current. This resolution can be easily achieved by using the reference
frame transformation as mentioned in Chapter 4. When we transform the

L
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FIGURE 5.5
Reference frame transformation for currents.

FIGURE 5.6
Assignment of d—g axes based on the flux vector .

three-phase abc stator currents of an induction motor into the d—q axes currents
by using the transformation as shown in Fig. 5.5, we need to designate which of
the two currents is the flux- or the torque-producing current. Commonly, the
d-axis stator current is assigned as the flux-producing current, whereas the g-axis
stator current is assigned as the torque-producing current. By obtaining these
orthogonal currents, the requirement 1 can be fulfilled.

In this case it should be noted that in order for the assigned d-axis stator
current to become the true flux-producing current, the d-axis should be located
at the actual position of the flux vector A in the induction motor as shown
in Fig. 5.6.

Here, the flux vector \ in the induction motor is the rotating magnetic field
generated by the three-phase currents as mentioned in Chapter 3. Unlike the
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stationary field flux of a DC motor, the field flux of an induction motor is rotating
at the synchronous speed w, corresponding to the supply frequency. Thus we
have to use the transformation into the synchronous reference frame rotating at
the synchronous speed w,. The d-axis will then be located at the actual position
of the flux vector. Through this process, the d-axis stator current i in the syn-
chronous reference frame becomes the true flux-producing current, and then can
be used for controlling the magnitude of the flux. This d-axis stator current i
corresponds to the field current of a DC motor.

Moreover, in this case, since the field flux exists only on the d-axis, the torque
equation of Eq. (4.99) for an induction motor becomes similar to that of a DC
motor as

_3pPL,

Te= 577, Nty = )
(5.5)
e e _ e _ _3PL,
=HkNigs | Aar =1L X, =0, k=557

The flux used in Eq. (5.5) is assumed to be the flux linkage of the rotor.
In this condition, if the magnitude of the flux vector is kept constant by con-
trolling i, Eq. (5.5) becomes as

T, =Kif, (K =k\) (5.6)

This torque equation is similar to that of a DC motor. We can see easily that
the g-axis current acts like the armature current of a DC motor. The torque can be
directly controlled by the g-axis current i, so the g-axis current is considered as
the torque-producing current.

There is no cross-coupling between the d-axis stator current (thus, the
flux vector) and the g-axis stator current because they are orthogonal to each
other. In other words, iz is not influenced by i, and vice versa. Thus
the flux-producing current and the torque-producing current can be
controlled independently. In this case the magnitude of the flux vector can
be controlled independently by the d-axis stator current i, while the torque
can be controlled independently by the g-axis stator current iy, This indicates
that the requirement 2 can be fulfilled.

Finally, the torque-producing current can be controlled instantaneously by
means of the current regulator as will be described in Chapter 6, and thus the
requirement 3 can also be fulfilled. Likewise, through these three processes,
the torque of an induction motor can be controlled instantaneously as in the
separately excited DC motors.

In summary, to control the instantaneous torque of an induction motor, first,
the three-phase stator currents are separated into d- and g-axes stator currents by
using the synchronous reference frame transformation in which the d-axis is
assigned to the position of the flux vector. Then, the flux can be controlled by

L
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FIGURE 5.7

Instantaneous torque control method of an induction motor.

the d-axis stator current i, while the instantaneous torque can be controlled by
the g-axis stator current /g independently. Finally, the instantaneous torque con-
trol can be achieved by controlling these currents instantaneously. This instanta-
neous torque control method for an induction motor is called the vector control or
field-oriented control.

The actual implementation process of the vector control is demonstrated in
Fig. 5.7.

In the vector control of an induction motor, the magnitude of the flux remains
normally at a constant level of the rated value except for high-speed operations
above the rated speed. Based on the rated flux command )\, the required flux-
producing current command i is calculated. On the other hand, the torque-
producing current command iy is calculated based on the output torque command
T required for driving a given load. These command currents iz and 77 are
given in the synchronous rotating reference frame. Thus we need to obtain the
three-phase stator current commands through the inverse transformation into these
d—q current commands. Here, it should be noted that this transformation requires
the knowledge of the angular position of the flux vector, so called the flux angle.
Finally, by making the three-phase stator currents of the induction motor to
follow these current commands fast enough, the output torque of the induction
motor can be controlled to the required torque command 7 instantaneously.

5.2.1.1 Important information for vector control: flux angle 6

It was mentioned that for the vector control, we should make the d-axis to be
located at the actual position of the flux vector X. In an induction motor, this flux
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FIGURE 5.8
Rotating flux vector in the d—qg axes.

vector X is the rotating magnetic field generated by the three-phase stator currents.
Thus the position of the flux vector X varies over time as shown in Fig. 5.8.

Consider that the flux vector X\ is rotating at a speed w. In order for the d-axis
to be always located at the position of the rotating flux vector A\, the d-axis
should rotate along with the flux vector, i.e., the d-axis has to be moved by the
flux angle 9( = fw(t)dt), which is the amount of movement of the flux vector.
For this purpose, it is necessary to use the synchronous d—g reference frame,
which rotates at the same speed as that of the flux vector X, i.e., the synchronous
speed. Therefore, to accomplish the vector control, the flux angle 6 is an
inevitable information.

The vector control of an induction motor can be classified into direct vector
control and indirect vector control depending on how the information about the
flux angle is obtained. In the direct vector control the flux angle is obtained
directly from the flux itself, which can be either measured or estimated. On the
other hand, in the indirect vector control, the flux is not used to obtain the flux
angle. Instead, it uses the slip angular velocity, which is needed to separate the
stator currents into the flux- and the torque-producing currents at the desired
values. From this slip angular velocity and the rotor angular velocity, the flux
angle can be obtained.

An induction motor has three fluxes available for reference: stator flux, rotor
flux, and air-gap flux. The vector control of an induction motor can be classified
according to the reference flux as

¢ Rotor flux—oriented (RFO) control
e Stator flux—oriented (SFO) control
* Air-gap flux—oriented (AFO) control

L
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Among these, the RFO control is the most popular due to its simplicity. For
the AFO control, there is a coupling between the slip angular velocity and the air-
gap flux, and for the SFO control, there is a coupling between the g-axis current
and the stator flux. These couplings can make the associated vector control com-
plex. Thus in this book, we will focus only on the RFO control.

DIRECT VECTOR CONTROL BASED ON THE ROTOR FLUX

In the vector control based on the rotor flux, the rotor flux linkage is used as the
reference flux. The rotor flux linkage generated by the three-phase rotor currents
can be expressed as a complex vector A, as

A= 2 O ady + )
(5.7)
= e = |\ el (ee - Jweo)dt + 0(()))

The rotor flux linkage vector A, rotates at the speed w, corresponding to the
operating frequency of the stator currents (i.e., synchronous speed), and thus the
position of this flux linkage vector varies over time.

For the vector control based on the rotor flux, the position of the rotor flux linkage
vector should be assigned to the d-axis. Thus we need to use the synchronous d—gq ref-
erence frame rotating at the speed equal to that of the rotor flux linkage vector. By
doing so, the d-axis is always locked at the position of the rotor flux linkage vector.
As a result, the rotor flux linkage in the synchronous d—g reference frame has entirely
the d-axis component and no g-axis component, i.e., Ay = X3,, and )\Zr =0.

In such a direct vector control, the position of the rotor flux linkage vector
can be identified as follows.

The rotor flux linkage vector in the stationary reference frame as shown in
Fig. 5.9 has both the d—g axes components, X}, and X}, whose magnitudes are

qr’
changed according to the position of the rotor flux linkage vector.

q’-axis

q‘-axis

Rotor flux angle

s A
g =tan'(ZL) |

dr

FIGURE 5.9

Rotor flux angle.
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If these stationary d—gq rotor flux linkages are known, then we can obtain the
rotor flux angle from the following equation.

g, =tan™! X‘?" (5.8)
' N

Like this, the direct vector control uses the rotor flux angle calculated by
using Eq. (5.8) from the stationary d—gq rotor flux linkages, which are obtained
by detection or estimation.

Next, we are going to discuss the meaning of the d—g axes stator currents in
the synchronous reference frame oriented to the rotor flux linkages vector X,.

5.2.2.1 Relation between the d-axis stator current and the rotor
flux linkage

In the rotor flux—oriented vector control, there is an intimate relation between the
d-axis stator current #; and the rotor flux linkage. The d-axis rotor voltage equa-
tion in the synchronous reference frame is

0= Ryi%, +pAS, — (we — W)X, (5.9)

Here, p denotes a differential operator.

The necessary and sufficient condition for the rotor flux—oriented vector
control is Ay, =X, and, thus A\ = 0.

Applying /\Zr =0 to Eq. (5.9), we can obtain the d-axis rotor current as

. _ PNy

1
dj
r R,

(5.10)

If this rotor current is substituted into the following d-axis rotor flux linkage
equation,

)‘Sir = Lrifir + Lles (5] l)

then the following relation between the d-axis stator currents if;; and the rotor flux
linkage X§, can be found.

R.L, L L
e _ rim e _ m e T. = - 12
)‘dr Rr + Lrp lds 1+ Trp lds ( r R,) (5 )

From this, it can be seen that the rotor flux linkage X\.(= A{,) is proportional
to the d-axis stator current by the first-order lag with the rotor time constant 7.
Thus the rotor flux linkage to a sudden change in the d-axis current will change
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d-axis flux linkage

FIGURE 5.10
Relation between the d-axis stator current and the rotor flux.

exponentially with the time constant of 7, as shown in Fig. 5.10. This phenome-
non occurs, as can be seen from Eq. (5.10), because the variation in the rotor flux
linkage by the changing in the d-axis stator current induces a rotor current ij,
decaying with a rotor time constant 7.

Although there is a time delay, the magnitude of the rotor flux linkage can be
regulated by the d-axis stator current. Thus the d-axis stator current i, can be
called the flux-producing current.

With the d-axis current i, held constant, the magnitude of the rotor flux link-
age My, is directly related to i, as

(Al = XS, = Ly i (5.13)

'y

Normally, the magnitude of the rotor flux linkage is kept constant for opera-
tions below the rated speed, so the d-axis current command is given as a constant
value of i55(= A5 /Ly).

Next, we w1ll examine the relationship between the g-axis stator current and
the output torque.

5.2.2.2 Relationship between the g-axis stator current and the
output torque

By applying )\flr =0 to Eq. (4.99), the torque equation becomes

3PL, 3PL
Te ()\e i _/\e lds)_ -

22L drl qs — X (514)

22L drqs

With the rotor flux held constant, the torque equation reduces further to

. 3PL, .,
T, =Kr it (KT_EZL Ad,> (5.15)

The torque is directly related to the g-axis stator current ig, so this current can
be called the torque-producing current. By controlling the g-axis stator current
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Induction motor drive system by the direct vector control.

instantaneously, the torque of an induction motor can be controlled instan-
taneously as in a DC motor.

By combining Egs. (5.12) and (5.14), the torque can also be expressed in
terms of the stator currents as

3PL2 1 .
Te = EEL—VWQ% l;x (516)
1+ —p
R,
With the d-axis current i, held constant, the torque is given as
3PL;
m je e (5.17)

e ™ EEL_rlds lqs

5.2.2.3 Induction motor drive system by the direct vector control

An induction motor drive system that adapts the direct vector control based on
the rotor flux is shown in Fig. 5.11.

In the direct vector control of an induction motor, the rotor flux linkage is
kept constant and the torque is regulated by controlling iy.. Accordingly, the
d-axis current command ¢ will be given from the rotor flux command \{ by
using Eq. (5.13) as

ex
ok /\dr

las = I3 (5.18)
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The rated value of the rotor flux linkage command X’ depends on the rated
voltage and frequency of a given motor. The ways to calculate the rated rotor
flux linkage for a given motor will be described later in this section.

After applying the d-axis current command i} of Eq. (5.18), as shown in
Fig. 5.10, a time to build up the rotor flux linkage to its final value is required.
This build-up time depends on the rotor time constant 7, and will be normally
about 57,.

After the rotor flux linkage arrives at the final value, the g-axis current can be
applied to produce the required torque. Using Eq. (5.15), the g-axis current com-
mand zfj’f can be calculated from the output torque command 7, which may be
given from a speed or torque controller, as

3PL,
(= 352%)

We need to regulate the stator currents of the induction motor to follow these
current commands. It should be noted that these d—¢g current commands i} and
igs are variables in the synchronous reference frame. We need to know the three-
phase current commands i, ij, i%; of the induction motor. To obtain these three-
phase current commands, we need to transform g and iy into iy, iy, @7 by
using the rotor flux angle 6,. Alternatively, after transforming these synchronous
current commands into stationary current commands as

:

P
s

q KT

A&

il 1
22L % (5.19)

cos 6, —i¢

iy =i qfsin 0, (5.20)

Sk __ ek 3 ek
gy = lgsSin 0, + [g;cos 0,

(5.21)

then, we can transform these stationary current commands into three-phase cur-
rent commands as

lag = L (5.22)
+k ~§% \/g -5k
I = — Elds + 71‘15 (5.23)
o 1 5% \/g -5k
Loy - Elds - 7!11‘ (524)

Finally, if the stator currents of an induction motor are regulated to instan-
taneously follow these three-phase current commands by using a current con-
troller, then the instantaneous torque control of an induction motor can be
achieved.

On the other hand, there is a more effective control method in regulating the
stator currents. In this method of using a synchronous reference frame current
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Direct vector control system with the synchronous reference current regulator.

regulator, the synchronous current commands, i} and i;f, are used directly instead
of the three-phase current commands as shown in Fig. 5.12. In this case, the
three-phase stator currents, i, ips, ics, Of the induction motor are transformed
into synchronous dg currents, ig; and .. This synchronous reference frame regu-
lator, which will be described in detail in Chapter 6, shows an excellent current
control performance. Thus, most vector control systems employ this synchronous
regulator.

In this control, as it is called “Vector control”, we can see that both the mag-
nitude and the phase of the stator current vector vary according to the output
torque command. As an example, Fig. 5.13 describes how the stator current
command vector alters when the torque command is changed. The stator current
vector of the induction motor is assumed to be i} initially. If a larger torque
needs to be produced, the g-axis current command will be increased from i { to
Igs1» but the d-axis current command i will remain the same. This requires a
new stator current command vector ij;, and thus both the magnitude and the
phase of the stator current vector are changed. Likewise, if the flux command is
changed, both the magnitude and the phase of the stator current vector will be
also changed.

Fig. 5.14 shows experimental results for the direct vector control on 5-hp, 4-pole
induction motor when the speed command is changed from 500 to 1500 r/min.

The most difficult aspect of implementing the direct vector control is finding
the instantaneous position of the rotor flux linkage, i.e., the rotor flux angle,

L
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Experimental results for the direct vector control of 5-hp induction motor.

accurately. It is not an overstatement to say that the performance of the instanta-
neous torque control depends on the accuracy of the rotor flux angle. A way to

obtain the roto

r flux angle is to calculate the rotor flux linkage from the air-gap

flux detected by Hall effect sensors or sensing coils, which are installed in the
applied motor. However, this method is costly and is not practical. A widely used
method is to estimate the rotor flux linkage from voltages and currents of the

motor, which will be described in more detail in Chapter 6.
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MATLAB/SIMULINK SIMULATION: VECTOR CONTROL
OF AN INDUCTION MOTOR

The rated values and parameters of an induction motor are as follows.

e 5-hp, 220 V, 60 Hz, 4-Pole, 1750 t/min, 12.8 A rms

R;=0295Q, R,=03792, L,=59mH, L;=L,=1.794mH

The rated d- and g-axes stator currents can be obtained as follows.

* Rated torque: 7, = (P/2)(power/wy(1 — 5)) = 20.35 Nm

Vph_peak —784 A

JR+X2

* Rated flux linkage: |\.| = L, I§; = 0.4624 Wb

* Rated d-axis current: [ =

3PL;
* Rated g-axis current: I;, =T,/ (EEL—';‘ §S> =15.12 A

¢ Simulation block for the direct vector control

atan2(u(2),u(1))

Clock Flux angle
for direct vector control
serel
* Wr
—»| Wr’
[I] igseref P igse* Vabcs* —|Vabes* Vdgss—|Vdgss d
Speed Wr ) se
reference Speed idse Igse
controller i PWM invert
lase fnverter Induction motor
& load
Current controller

Flux angle: §, = tan™" (X}, /Xj,)

Load model: refer to Chapter 1.

Speed controller: refer to Chapter 2.
Induction motor model: refer to Chapter 4.
Current controller: refer to Chapter 6.
PWM inverter: refer to Chapter 7.

¢ Simulation results
The g-axis current (thus torque) is applied when the rotor flux linkage builds up to the
value in the steady-state condition.
(Continued)
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MATLAB/SIMULINK SIMULATION: VECTOR CONTROL
OF AN INDUCTION MOTOR (CONTINUED)

0 02 04 06 08 1 1.2
Time (s)

d-axis current

g-axis current

0 0.2 0.4 0.6 0.8 1 1.2
Time (s)

INDIRECT VECTOR CONTROL BASED ON THE ROTOR FLUX

As mentioned in Section 5.2.2, we need to know the accurate rotor flux linkage
for obtaining the rotor flux angle in the direct vector control. However, it is not
easy to obtain the rotor flux linkage accurately. The indirect vector control does
not use the rotor flux linkage directly for obtaining the rotor flux angle, so it may
be implemented easily.

From the steady-state equivalent circuit of an induction motor in Fig. 5.15, we
can see that the slip s determines how the stator current can be divided into the
flux- and torque (or rotor)-producing currents. Thus we can infer from this that
the desired flux and torque can be obtained by controlling the slip. The flux- and
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FIGURE 5.15

Steady-state equivalent circuit of an induction motor.

the torque-producing currents in the stated-state equivalent circuit are not equal to
those in the vector control. However, similar to this concept, the principle of the
indirect vector control is to control the slip so that the stator current can be
divided into the desired flux- and the torque-producing components. Now we will
take a closer look at the principle of the indirect vector control.

As stated in Section 5.2.2, in the vector control, since the d-axis is assigned to
the position of the rotor flux linkage, there is no rotor flux linkage in the g-axis,
ie., )\f]r =0.

Thus in the vector control, the rotor voltage equation becomes

Vor = Ryig, +pAg, (e —wp)AG, = R, + (we —wr)Ag, =0 (5.25)

From this, the slip angular frequency wy; required in the vector control can be
derived as

@ (5.26)

Here, the rotor current can be obtained as Eq. (5.28) from the rotor flux link-
age equation of Eq. (5.27).

Xo = Lyt + Lyit, =0 (5.27)
Lm o
lr = 7 las (5.28)

Combining Eqs. (5.26) and (5.28) yields the requirement of the slip angular
frequency for the vector control as

_ LuR, iy

Wyl Lr )\Zr

(5.29)

From Eq. (5.12), this can also be expressed in d—g axes currents as

1 i L
a=(=+p)e (1,== 5.30
! (Tr p) Tas ( Rr) (530
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With the rotor flux linkage held constant, we can finally obtain the important
slip requirement for the indirect vector control as

Wy = 77— (5.31)

This slip relation indicates that if we want to divide the stator currents into the
specific values of d—g axes currents, we have to set the operating slip angular fre-
quency of an induction motor at the value of Eq. (5.31) calculated by using the
specific values. After that, using the information of the rotor velocity w,, we can
obtain the rotor flux angle as

0, = J wedt = J(wsl + w,)dt (5.32)

Like this, in the indirect vector control, instead of using the rotor flux linkage
directly, the slip angular frequency is adjusted to achieve the required division of
the d—q axes currents.

Fig. 5.16 shows the indirect vector control system of an induction motor,
where the slip angular frequency wj}; is calculated from d—g axes current com-
mands for the required torque and flux production.

o— Encoder
AC * PWM

o— .
source /“\ inverter \‘
x n_/,
) o
Gating Induction motor I
Torque signal
T command
et , -~
’qs( 3P L ) > Current
272 Lm A > controller
‘ Flux v T T e
e A command l i,
iy (=22 @ -,
m
Transformation :
i,
Flux angle 0{ ?
1
vy
i .
Slip (OM ZL & Dy o+ + @,
calculation YT i Rotor speed
FIGURE 5.16

Induction motor drive system using the indirect vector control.
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Since the indirect vector control uses the rotor flux angle obtained from add-
ing the slip angular velocity to the rotor velocity, this is often called the feedfor-
ward field-oriented control. The indirect vector control that does not require the
information of the rotor flux linkage has an advantage of easy implementation
and a better performance in low-speed operations.

A drawback of the indirect vector control is that the rotor speed is
required to obtain the rotor flux angle. The rotor speed is normally found
using an encoder, a type of a position sensor, which will be discussed in
Chapter 9. Recently the vector control that does not require an expensive
position sensor, called the sensorless control, has received a lot of attention.
In this case, however, we cannot use this simple indirect vector control
technique.

In addition, the indirect vector control is also problematic in which the
rotor open circuit time constant 7, required in the calculation of Eq. (5.31) is
sensitive to both the temperature and rotor flux level. The rotor resistance R,
can easily change with temperature, and the rotor inductance L, can vary with
the magnitude of the rotor flux. These variations result in an inaccurate slip
angular frequency, and thus an accurate vector control cannot be achieved.
Therefore in the indirect vector control, the accuracy of the torque control
depends on that of these parameters. The parameters of an induction motor can
be obtained by the block test and no-load test, which were described in
Chapter 3. However, these tests may lack accuracy. Thus we need to use an
alternative method that can obtain these parameters more accurately. For both
the direct vector control and the indirect vector control, the accuracy of these
parameters is important. The parameters can be obtained by off-line auto tuning
method prior to the start-up or online estimation method during a normal
operation [1—3].

Now we will take a close look at how an incorrect rotor time constant (by an
inaccurate R,) influences the indirect vector control performance.

DETUNING IN THE INDIRECT VECTOR CONTROL

The following slip relation indicates the necessary condition for dividing the sta-
tor current into the desired values of the d- and g-axes currents correctly.
Fex je%
wh = TLI% = &l% (5.33)
rige L
Since the value of the rotor time constant 7, used in the slip calculator can
vary easily during operations, the slip angular frequency is likely to be incorrect.
The value of the rotor resistance especially varies with temperature. If the temper-
ature increases by 10°C, the rotor resistance will increase about 4%. From the
heat produced from copper losses, the resistance of a rotor in an enclosed space
can increase more than that of a stator. Besides the temperature, the value of the

L
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rotor resistance can vary with the operating frequency of the rotor circuit due to
the skin effect.

The rotor self-inductance varies with the value of the rotor flux linkage. The
rotor flux linkage remains constant for a normal operation below the rated speed,
so the rotor self-inductance may remain unchanged. However, the rotor self-
inductance will change for high-speed operations, which require a reduced rotor
flux level for a field-weakening operation.

The variations of the parameters due to the reasons mentioned above
make the value of the rotor time constant used in the slip calculator to
deviate from the correct value, which is referred to as detuning [4]. In this
detuned operation the d-axis will be misaligned from the true rotor flux axis
due to an incorrect slip angular frequency. As a result, the actual d—g axes
currents will be different from their commands, and in turn, the actual rotor
flux linkage and torque will be different from their commands. Moreover, the
decoupling of the rotor flux linkage and torque is lost, i.e., the correct vector
control cannot be achieved, so steady-state and transient torque responses will
be degraded. Fig. 5.17 shows the currents and output torque for a detuned oper-
ation [5].

We will take a look at the influence of the detuned rotor resistance on the
rotor flux linkage and output torque. Assuming that the rotor resistance increases
due to an increase in the temperature, the rotor time constant used by the slip cal-
culator will be larger, so the produced slip frequency will be smaller than the
desired value. As a result, the d—q axes set by the controller will lag behind the
true axis as shown in Fig. 5.18. Hence, the actual d-axis current component will
increase, but the actual g-axis current will decrease. This will cause the actual
rotor flux linkage to increase but not proportionally to the increase in the d-axis
current due to magnetic saturation. Consequently, the output torque will be
reduced, and a bigger g-axis current command will be imposed to obtain the
required output torque.

I, (p.u) I, (p.u)

2 2 16R,

06R, R, R,
16R,
1 R 1 16R 06R,
06R.
0 1 2 0 1 2 1 2
1, (p-u) 1, (pu) 1, (pu)
FIGURE 5.17

Detuning effects.
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Reference frame error due to detuning effect.

On the contrary, when the rotor resistance decreases, the calculated slip fre-
quency becomes larger than the desired value because the slip calculator uses a
smaller time constant. Thus the actual g-axis component current increases but
the actual d-axis current decreases. As a result of this, the actual rotor flux link-
age is significantly reduced, and in turn, the output torque is reduced. In these
two detuned cases the d-axis is misaligned from the true rotor flux axis due to
the incorrect slip frequency. As a result, the distribution of the d—q axes cur-
rents will be inadequate, so the induction motor will not be able to generate the
desired rotor flux linkage and output torque. In addition, the detuning leads to
additional motor losses and a reduction of the peak torque capability. Generally,
larger high-efficiency motors with a large magnetizing inductance and a low
rotor resistance are much more sensitive to detuning than small low-efficiency
motors.

FLUX ESTIMATION OF AN INDUCTION MOTOR

As described in Section 5.2, the most important information for realizing the
vector control is the position of the rotor flux linkage, i.e., the rotor flux angle for
the d—q axes transformation. The position of the rotor flux linkage is directly
identified from the rotor position for permanent magnet synchronous motors
(PMSMs). However, it is not possible to identify the position of the rotor flux
linkage directly from the rotor position for induction motors, which operate with
a slip with regard to the synchronous speed.
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Now we will examine the ways to find the rotor flux linkage for the direct
vector control. To find the rotor flux angle, the d—g axes rotor flux linkages in
the stationary reference frame are required as we can see from Eq. (5.8) as

)\.Y
0, =tan_l( ;”) (5.34)
Adr

There are two methods to obtain the stationary rotor flux linkages: one is
to measure the flux linkages or the physical quantity proportional to the flux
linkages, and the other one is to estimate them indirectly from the mathematical
motor model. In the direct method the rotor flux linkage is obtained from the
air-gap flux acquired from the Hall effect sensors or the sensing coils installed
inside the stator. However, since there are some difficulties in the practical
usage of the direct method, the rotor flux linkages are commonly estimated
from the mathematical motor model by using the motor voltage, current, and/or
speed as follows.

There are two typical open-loop observers for estimating the rotor flux link-
age: one is based on the stator voltage equations, which is referred to as the volt-
age model, and the other one is based on the rotor voltage equations, which is
known as the current model.

ROTOR FLUX LINKAGES ESTIMATION BASED ON THE STATOR
VOLTAGE EQUATIONS: VOLTAGE MODEL

In this method the stator flux linkages are obtained from the stator voltage

equations and, in turn, the rotor flux linkages are estimated from these stator flux

linkages. This method requires information on the stator voltages and currents.
First, the stator flux linkages can be found from the integral of stator voltages

as
dx;
C— R\V.S + ds 5.35
Vds slas dt ( )
K -5 d/\fls
vq.\‘ - RSlq.v dt (536)
X = J (V3 = Ryilyy)dt = Jefb,dz (5.37)
X, = J <V;X - Rsifﬂ)dz = Jefpdt (5.38)

where €}, = v — R and egs = st - Rsi;s-

The rotor flux linkages can be obtained from these stator flux linkages as
follows.

The d-axis rotor flux linkage in the stationary reference frame is given by

Nor = Ly, + Liiyg (5.39)
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Here, the nonmeasurable rotor current ;. can be obtained from the d-axis sta-
tor flux linkage and the stator current as

: AN — Lt} ‘ ,
i, = SE N = L, + Ly, (5.40)
m
Substituting this rotor current into Eq. (5.39), we can finally obtain the equa-
tion for the stationary d-axis rotor flux linkage as

L, .
L—(/\;Y —oLi},) (5.41)

5, -
where o = (1 — L2 /L,L,) is a total leakage factor.
Likewise, we can obtain the stationary g-axis rotor flux linkage as

as L

A S (A — oLi) (5.42)

ar — L,
Using the arctangent function of these estimated stationary d—g axes rotor
flux linkages, the flux angle can be calculated as

R X
0, =tan"' [ 2L (5.43)
)‘dr

The strength of this method is its simplicity and insensitivity to the parame-
ter variations except for the stator resistance. However, since this method is fun-
damentally based on the estimation of the back-EMF e its performance
depends on the rotor speed. Thus this method works well in the medium- to
high-speed range, in which the back-EMF becomes large enough. However, in
the low-speed range with a low operation voltage, it may be easily influenced
by the inaccuracy of the stator resistance, the sensor noise, and the inverter-
nonlinearity effect. Thus this method based on the voltage model is normally
used in high-speed regions.

To estimate the rotor flux linkage accurately with this method, it should be
noted that it is necessary to offer accurate stator voltages and currents. A volt-
age sensor may be used to obtain the stator voltages, but it is hard to measure
the actual stator voltages precisely because the motor voltages are given by the
inverter as a high-frequency pulse width modulator (PWM) waveform. Thus
instead of measuring the actual stator voltages, the voltage commands or the
voltages reconstructed by using the DC-link voltage and the commanded PWM
duty are commonly used. However, the reconstructed value may differ from the
actual output voltage due to inverter-nonlinearity such as the dead-time effect,
turn-on/off delay time, and voltage drop across switching devices. Though such
voltage errors can be reduced by a proper compensation technique, it is not
easy to obtain an accurate voltage in the low-speed range of 10% below the
rated speed.

Unlike the voltages, the stator currents are directly measured by current
sensors. When the measured currents include a DC offset or noise, the integration

L
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of the back-EMF may be saturated. Thus instead of a pure integrator, a first-
order, low-pass filter is commonly used. This low-pass filter can be considered as
the combination of a pure integrator and a high-pass filter as

s s s 1 s 1
X9 = [€5(5) X m} X <= (X —— (5.44)

However, the use of such low-pass filter can cause errors in the phase and
the magnitude of the estimated flux linkages, especially in low-speed regions.
The cutoff frequency of the filter in Eq. (5.44) greatly influences the errors of
the flux estimator and is usually chosen as the reciprocal of the rotor time con-
stant 7.

A DIGITAL FIRST-ORDER, LOW-PASS FILTER FOR THE FLUX
ESTIMATION

Let us find out a digital first-order, low-pass filter required for the flux estimation. Here, we
discuss how to transform an analog filter designed using the Laplace transform (s-domain) into an
equivalent digital filter. The first-order, low-pass filter designed in the s-domain has a transfer
function of:

1
St =

1
=

y(s) =

-x(s)

Using the bilinear transform to replace the Laplace operator s with a z-operator, we can
convert the analog first-order, low-pass filter to an equivalent digital filter as follows.

To apply the bilinear transform, we just need to replace the s by s =2/T((1 —z~1)/(1 +z71)),
where T is the sampling period.

1+71

n] = ‘ afr] =

21—\ 1 RS
— = |t 2 1
T\1+z! i <k1:T’k2:_>
-
_ki—k) 1 _
) = = 1+ s Gl + = 1)

Using the above equation, the digital filter for estimating the stator flux linkage can be
given as

h — k) s n—1]+

Nt = G k) N

1 5 5
*+ k) (€gsln] + €35[n — 11)

where efiqs[n] = vfiqs[n] = Rsif,q:[n]

ROTOR FLUX LINKAGES ESTIMATION BASED ON THE ROTOR
VOLTAGE EQUATIONS: CURRENT MODEL

In this method the rotor flux linkages are obtained from the rotor voltage equa-
tions using the information on the stator currents and the rotor speed.
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The rotor flux linkages can be directly obtained from the following rotor volt-
age equations as

ax;,

Vo =Ry + i (w=w)A;, =0 (5.45)
v;'r = R,i;"r + d;" +(w—w)A; =0 (5.46)

Here, the nonmeasurable rotor currents can be replaced by the rotor flux link-
age and the stator current as
Ag — Linis,
L,
Xo, = Li,

L

w
- )‘dr

i =L, + Lyi%, (5.47)

X =Lit + L2, (5.48)

Substituting these rotor currents into Eqs. (5.45) and (5.46), the equations of
the rotor flux linkage can be found as

dx;, R, ., L ., y
d:’ = _EAdr+RyfrldS+(w_Wr)Aqr (549)
dx2. R L
T yw m oy _ w
a L Ao Ry (W= w)Ag, (5.50)

There is a difficulty in solving these equations due to the cross-coupling com-
ponents between the axes. These undesirable cross-coupling components can be
eliminated when the rotor flux linkages are estimated from the rotor reference
frame (w = w,) using the measured rotor speed w, as

dX, R, R, .
S = T+ L (5.51)
dx R R
qr _ Ny r i
dt = L—r gr + L—erqu (552)

The rotor flux linkages can be obtained from the integral of these two differ-
ential equations (5.51) and (5.52). Here, the knowledge of the stator currents in
the rotor reference frame is necessary to solve these equations. These currents can
be obtained by using the knowledge of the rotor speed w, as

iy, =iy cos 6, + ifp sin 6, (5.53)

-r
lqs

= — i, sinf, + ifp, cos 0, (5.54)

where 0,( = fw,dt).
Finally, the required rotor flux linkage can be obtained by transforming
Egs. (5.51) and (5.52) back into the stationary reference frame as

r
q

Ay = Ay sin 6, + A7 cos 6,

A =Ny, cos 0, — A sin 6, (5.55)

(5.56)
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Besides the knowledge of the rotor speed, this method requires the rotor resis-
tance. Thus, the estimation performance is largely affected by the variation of the
rotor resistance. Because of this, online identification and correction of the rotor
resistance are essential for improving the estimation performance. In contrast to
the voltage model that is advantageous for high-speed operations, this estimation
method based on the current model is useful in low-speed regions because it may
give an oscillatory response in high-speed regions.

COMBINED FLUX ESTIMATION METHOD

In high-speed regions where the back-EMF is large enough, the flux estimation
technique based on the voltage model using an integration of the back-EMF has
an advantage of accuracy and robustness to parameters variation. However, in
low-speed regions where it is hard to obtain accurate information on the back-
EMF, the flux estimation based on the current model using the rotor speed has
an advantage over the one based on the voltage model. Therefore, it is desirable
to estimate the rotor flux linkage by using the current model in low-speed
regions and the voltage model in high-speed regions. For this reason, a method
combining these two models was introduced to produce a good performance
over the whole speed range [6]. Fig. 5.19 shows the block diagram of this com-
bined method that estimates the rotor flux linkages gradually by using the cur-
rent model in the low-speed region and the voltage model in the high-speed
region.

When combining the two models, a method to alternate between these two
models is important. The flux estimator in Ref. [6] uses a filter to combine the
two models effectively according to the operating frequency as follows.

Fig. 5.19 can be simplified to Fig. 5.20. Here, X}, ., denotes the rotor
flux linkage estimated by the current model, and A}, ,, denotes the rotor
flux linkage estimated by the voltage model. The gains are given by
K,=K\L./L,, K;=K)L./L,.

o []e
_> —
s
i(;‘].&‘ A/ L jqur
> 7(6) Lilgs
FIGURE 5.19

Block diagram of a combined method.
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Simplified combined method.

The output of this simplified combined estimator can be expressed as

s 5 5 K,s + K; s
dgr — m dqr_vm m)‘dqrAcm (5.57)

This consists of the sum of the second-order, high-pass filtered rotor flux link-
age Ay, ,, based on the voltage model and the second-order, low-pass filtered
rotor flux linkage \;,, ., based on the current model.

This means that the final estimated flux linkage is automatically obtained
from the current model in the low-frequency (low-speed) region and the voltage
model in the high-frequency (high-speed) region.

In this estimator the transition frequency w, between the two models is com-
monly selected at 10 Hz. The transition frequency w. can be established through
the gains of a proportional—integral (PI) controller as shown in Fig. 5.20. This
utilizes the concept of designing the cutoff frequency for a second-order
Butterworth filter as follows.

By comparing the transfer function of a second-order, high-pass Butterworth
filter with the first term of Eq. (5.57), we can see that there exists the following
relationship between gains and parameters of the filter as

§% 5%
G(s) = §2 +2Cwys + w? < or K,s + K; (5.58)
K, =2(w,, Ki=uw} (5.59)

TYPES OF SECOND-ORDER BUTTERWORTH FILTER

The transfer functions of second-order filters are:

SZ

52 + 2¢wys + w?
2Cwys
52 + 2lwys + w?

e High-pass filter: G(s) =

e Band-pass filter: G(s) =

2
Wy

* Low- filter: G(s)= ———2——
ow-pass filter: (s) P oo T 2

where w, denotes an undamped natural frequency and ¢ denotes a damping ratio.

L
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In the Butterworth filter, if ¢ =0.707, then w, becomes the bandwidth.
To set the bandwidth w, equal to the transition frequency w,., the PI gains are
given as

K, =v2w., K;=u? (5.60)
Finally, K; and K, needed for the estimator in Fig. 5.19 are given as
L"’l Lm
K :KPL—r :ﬁ”"f, (5.61)
Lm Lm
K, =K; - W? T (5.62)

Besides the estimators mentioned here, there are several different estimation
methods that use the modern control theory such as observers using the state
equations [7]. The estimated rotor flux linkages can be also used for the sensor-
less vector control without using any position/speed sensors, which will be
discussed in Chapter 9.

FLUX CONTROLLER OF INDUCTION MOTORS

The estimated rotor flux linkage mentioned previously is primarily used to obtain
the rotor flux angle. However, this estimated rotor flux linkage may also be used
for flux control to improve the stability of the torque control or to achieve the
field-weakening control for high-speed operations.

From Section 5.3, we can see that the relationship between the d-axis stator
currents 9, and the rotor flux linkage Af. for the vector-controlled induction
motor is given as

X = T (5.63)

The magnitude of the rotor flux linkage can be controlled by the d-axis cur-
rent. However, its instantaneous value is not proportional to the d-axis current
when the d-axis current is changing. Thus when the magnitude of the rotor flux
linkage has to be changed quickly for the field-weakening control, the rotor flux
linkage needs to be controlled directly. Moreover, even when an induction motor
is driven with a constant flux level, the flux control can enhance the stability of
the drive system.

For the flux control, a PI controller is commonly used. Now we will take a
close look at the design of such flux controller, i.e., how to select PI gains for
achieving the desired control bandwidth.
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PROPORTIONAL—INTEGRAL FLUX CONTROLLER

In the vector control based on the rotor flux, the magnitude of the rotor flux link-
age can be controlled by the d-axis current if, so the output of the PI flux con-
troller has to be the d-axis current. The block diagram of the flux control system
from Eq. (5.63) and a PI controller can be given as Fig. 5.21.

The gains of a PI flux controller can be determined in a similar way as those
of a current/speed controller as was described in Chapter 2, as follows.

First, we assume that the dynamics of the d-axis current controller is fast
enough compared to the flux change. The open-loop transfer function of the flux
control system shown in Fig. 5.21 is given as

LR

661 = (i + 1) e -
! #f S Rr
I

[
+

R,
L
i (5.64)
L

Similar to the design of a current controller described in Section 2.6,
if the zero of the PI controller is designed to cancel the pole of the system,
ie.,, Ky/Ky =R./L., then the transfer function of Eq. (5.64) can be
simplified as

R,

KLy,
pf Lr

Gi(s) = (5.65)

The gain crossover frequency of this open-loop frequency response equals to
the bandwidth of the flux control system. Hence the proportional and the integral
gains to obtain the required control bandwidth wy can be given as

r

Proportional gain: K,r = wr (5.66)
’ Rer ’
R, :

Integral gain: K = L—Kpf = Zj—f (5.67)

.t K, | ' | LR/L
Aem—o( ) —»| K+ L [—| " | o ]
ar o s+R./L, A
T Flux controller
FIGURE 5.21

Flux control system including Pl flux controller.
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Vector control system including speed and flux controllers.

When the bandwidth of the current controller is several thousand radians per
second, the bandwidth of the flux controller is designed generally within several
ten to several hundred radians per second. This flux controller also needs an anti-
windup control just like the speed/current controllers. The performance of the
flux control can also be enhanced by the feedforward compensation using the flux
command.

The diagram of the vector control system including speed and flux controllers
for an induction motor is shown in Fig. 5.22. A PI controller as mentioned in
Chapter 2 is commonly used for the speed control. The gain selection procedure
of the PI speed controller was explained in detail in Section 2.7.

VECTOR CONTROL OF PERMANENT MAGNET
SYNCHRONOUS MOTORS

Due to their superior performance compared to DC motors or induction motors,
PMSMs have become increasingly popular in various high-performance motor
drive applications. The vector control for PMSMs is relatively simple compared



5.5 Vector Control of Permanent Magnet Synchronous Motors

c-axis
FIGURE 5.23
Rotor flux in a permanent magnet synchronous motor.

to that of induction motors. As shown in Fig. 5.23, this is because the rotor
position itself is the position of the rotor flux, which is essential information
for the vector control. Therefore, unlike for an induction motor, the complicated
estimation algorithms are not required to obtain the rotor flux for the vector
control of a PMSM.

As shown in Chapter 4, PMSMs can be classified into SPM and IPM types.
These two types differ in the output torque expression and thus are slightly differ-
ent in the way of implementing the vector control. First, we will begin with the
vector control method for an SPMSM.

The three requirements for the instantaneous torque control of a DC motor can
be rewritten to apply to a PMSM as follows:

1. The space angle between the field flux and the torque-producing current is
always 90 degrees.

2. Both the field flux and the torque-producing current can be controlled
independently.

3. The torque-producing current has to be controlled instantaneously.

Now we will take a look at how we can meet these three requirements for a
PMSM. For a PMSM, the requirement 2 for the instantaneous torque control can be
inherently fulfilled. In PMSMs the field flux of the rotor is produced by permanent
magnets, while the torque-producing current is given by the current of stator wind-
ings. Thus the field flux and the torque-producing current can be controlled inde-
pendently. In addition, the torque-producing current (i.e., the stator current) can be
controlled instantaneously by the synchronous reference frame current regulator
and the PWM inverter and thus can satisfy the requirement 3.

L
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Likewise, the requirements 2 and 3 are relatively easy to fulfill for a PMSM.
For the vector control of a PMSM, it is important to fulfill the requirement 1,
i.e., to maintain the space angle between the field flux and the torque-producing
current at 90 degrees. To achieve this, it is necessary to first transform the
three-phase abc stator currents into two d—g axes currents, just like in an induc-
tion motor. When transforming, the d-axis is aligned with the position of the
rotor flux (i.e., the flux of the permanent magnet on the rotor) and then the
g-axis current becomes the true torque-producing current, which is orthogonal
to the rotor flux. In a PMSM, the permanent magnet flux of the rotor is rotating
at the same speed as the rotor speed w, as shown in Fig. 5.23. Thus, we have to
make the d—q axes rotate at the rotor speed w,. This implies that we need to use
the transformation of the stator currents into the rotor reference frame
(d" — ¢" axis). Such transformation requires the rotor position 6,, i.e., the posi-
tion of the permanent magnet. This can be obtained from the position sensors
such as a resolver or an absolute encoder, which will be discussed in Chapter 9.
Unlike in induction motors, it should be noted that the absolute initial position
of the rotor flux is needed for the start-up of a PMSM, so an absolute type posi-
tion sensor has to be used. However, instead of costly absolute type position
sensors, an incremental encoder accompanied by an extra initial position detec-
tion method is often used.

VECTOR CONTROL OF A SURFACE-MOUNTED PERMANENT
MAGNET SYNCHRONOUS MOTOR

In the vector control of an SPMSM, the stator currents are transformed into the
rotor reference frame (d" — ¢" axis) where the d-axis is assigned as the rotor flux
position 6, as shown in Fig. 5.24.

r .
{ -axis

\" Control of
torque magnitude

FIGURE 5.24
d—q currents in the vector control of an SPMSM.
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Here, it is important to note that an SPMSM does not require any d-axis cur-
rent to produce the flux unlike an induction motor. Moreover, the d-axis current
does not contribute to the torque production, which is proportional to only the
g-axis component of the stator current. This can be seen from the following tor-
que expression of an SPMSM.

P3
T, = 230, (5.68)

Therefore, it is desirable to assign all the stator currents to the g-axis current
to make a full use of the allowed motor current. In other words, in the vector con-
trol of an SPMSM, all the stator current I is used as the g-axis current i;s, while
the d-axis current is zero.

Consequently, the necessary condition for the maximum torque per ampere
(MTPA) in the vector control of an SPMSM is i, = 0. In such condition, if we
can control the g-axis current ;¢ instantaneously, then the torque of the SPMSM
can be controlled instantaneously like in the DC motors. The diagram of the vec-
tor control system for an SPMSM is shown in Fig. 5.25.

o
DC _ PWM ;/ ;
source 7 inverter

/1

o
O < P
Gating Resolver ,,
Torque signals
¥
,,.v;.(_ Te command |
Lys B > Current
22 7f controller

i =
ds
.r .r
lqs T T ld.v .
l

. l
. - b
g-axis Transformation
I 70) D E— 6. Rotor flux angle
A < B
/

W':«

FIGURE 5.25
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Block diagram of a vector control system for a PMSM.
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Tk

In this system the d-axis current command i =0, while the g-axis current
command is given by using Eq. (5.70) from the required torque command T as

=0 (5.69)
P
lq,\' = W (570)
227

If the stator currents of the SPMSM can be regulated rapidly to follow
these current commands by using a current regulator, then the instantaneous
torque control can be achieved. As a current regulator, a synchronous reference
frame current regulator is usually adopted due to its excellent current control
performance, which will be discussed in Chapter 6, in more detail. For the
synchronous current regulators, we need to transform the three-phase stator
currents, iy, ipg, ics, of the SPMSM into the synchronous dg stator currents il
and i;; by using the rotor flux angle 0,.

VECTOR CONTROL OF AN INTERIOR PERMANENT MAGNET
SYNCHRONOUS MOTOR

Next, we will examine the vector control strategy for an IPMSM, where Ly # Lys.
In the vector control of an IPMSM the d—q axes currents required for the MTPA
are different from those of an SPMSM. This is because, in contrast to that of
SPMSMs, the torque of IPMSMs consists of two terms as

P3[. L
Te = EE |:Q5fqu + (Lds - qu)ldslqs:| (571)

In addition to the first term of Eq. (5.71) that represents the magnetic torque of
an SPMSM, an IPMSM has a reluctance torque, the second term, which is
produced by the difference between the inductance values of the two axes. To
produce the reluctance torque, both the d- and the g-axes components of the stator
current are required. In most commonly used parallel topology IPMSMs as
described in Chapter 4, the g-axis inductance Ly is typically larger than the d-axis
inductance Lj. Thus, the d-axis current must have a negative polarity for the reluc-
tance torque to be added to the magnet torque, i.e., i%;, <0. Similar to an induction
motor, the stator current of an IPMSM needs to be divided into d-and g-axes
components as shown in Fig. 5.26.

In this case, we need to know how the stator current is divided into the d-and
g-axes stator currents properly to produce the MTPA. These optimal currents can
be obtained as follows.

As seen in Eq. (5.71), there are many different combinations of d- and g-axes
currents that produces the same torque. Fig. 5.27 shows the curve consisting of
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A g-axis

l-r
A gs

FIGURE 5.26

d—q currents in the vector control of an IPMSM.

Current combinations
producing same torque

.r
ldso
FIGURE 5.27

Curve consisting of current combinations producing the same torque.

these currents. Among these combinations, there is an optimal one that gives the
smallest stator current. This optimal combination is the point M, I(il},,, i;w), at
which the circle with a radius of I, is tangent to the curve. If an IPMSM operates
with the d-and g-axes currents at this optimal point, then it can produce the
MTPA. Such operation method with the optimal combination of d-and g-axes cur-
rents that leads to the smallest stator current for producing the given torque com-

mand is called the MTPA control. The optimal combination of the d-and g-axes
currents varies with the required torque.
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Now we will find out the optimal combination of d-and g-axes currents for a
given torque command [8]. First, the torque expression and d-and g-axes currents
are normalized as

ir

T. . i, . 5
Tey = Th’ Lin = ii;:’ lgn = i (572)
where iy( = ¢y /(Las — Lgs)) and Tp( =5 3¢;ip).

The normalized torque can be rewritten as

_ i,
l;; + (Lds - qu) ;‘511
Tm=l2 = '
T, ip (5.73)
oo .
= li; % = lqn(l - ldn)

The process of obtaining the optimal stator current for the MTPA control is as
follows. First, find the smallest d-axis current iy, for producing the torque com-
mand T,,. Using Eq. (5.73), the stator current can be expressed as a function of
idno as

T
Loso = bano T lgno = lano T ( “ ) (5.74)
’ 1- Ldno

Differentiating Eq. (5.74) with respect to iz, and making the result equal to
zero gives

i;na - 3i131na + 3’3010 + id’“’ - T2 =0 (575)

en

The optimal d-axis current i4,, can be obtained by solving Eq. (5.75) for the
given torque command.

Likewise, we can find the smallest g-axis current iy, for producing the torque
command T,,. After expressing the stator current of Eq. (5.74) as a function of
igno» differentiating this with respect to iy, gives

ipno &+ Tenigno = Tooy =0 (5.76)

The optimal g-axis current iz, can be obtained by solving Eq. (5.76) for the
given torque command.

Fig. 5.28 shows the optimal current commands for the MTPA operation by
solving Egs. (5.75) and (5.76) for the torque commands. A look-up table for the
optimal current commands is commonly used instead of online calculations.

In a speed controller the command to produce the output torque is often
given as a stator current. For this stator current command 7, we can obtain the
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ldno

FIGURE 5.28
d—q axes current commands for MTPA operation.

d—q axes stator current commands for the MTPA operation as follows [9]. The
torque expression of Eq. (5.71) can be rewritten as a function of the stator cur-
rent I} as

P3 (Ld\' - qu)

T, = > /17 sin 3+ ’TI:Z sin 28 (5.77)

"2
where 3 denotes the angle between the d-axis and the stator current vector I}
as shown in Fig. 5.26.

The S, for producing the maximum torque can be obtained by solving

dT,/dB =0 as
oT. P3 N .
5 =53 [qﬁfls cos B+ (Lygs — qu)152cos 2[3} =0
5.78
— ¢+ \/qﬁ} + 8(Lgy — Ly 172 (5.78)
- ﬂmax = Cosil
4(Lds - qu)lj
From (,,,,, the optimal d- and g-axes current commands are given as
iziso = [:COS ﬁmax
— ¢+ \/ 7 +8(Lay—Lyo I (5.79)
B 4(Lds - qu)

lgso = 17510 Dinax (5.80)

To obtain the optimal currents for the MTPA operation by using the meth-
ods just mentioned, the exact knowledge of stator inductances and magnetic
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(A) (B)
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FIGURE 5.29

Variation of inductances with currents. (A) d-axis inductance and (B) g-axis inductance.

flux is necessary. The magnetic flux varies considerably with the operating
temperature. In addition, each inductance value of d—g axes depends on
the magnitude of the current of each axis. As an example, the variation of d—q
axes inductances of an 80-kW IPMSM according to each current is
shown in Fig. 5.29. Because of the presence of a permanent magnet, the d-axis
magnetic circuit is in the saturated condition even without the current. Thus
the d-axis inductance does not change much with the d-axis current as shown
in Fig. 5.29A. On the other hand, the g-axis magnetic circuit consists of an
iron core which is easily saturated with its current, and thus the g-axis induc-
tance may be changed significantly with the g-axis current as shown in
Fig. 5.29B.

Furthermore, it is also known that each inductance of d—gq axes may change
with the current of the other axis due to cross-saturation effect between the d—q
axes [10,11]. Therefore the exact knowledge of the inductances and magnetic flux
at various operating conditions is very important for a successful fulfillment of
the MTPA control.

The diagram of the vector control system for an IPMSM is shown in
Fig. 5.30. For the output torque command, the d—¢g axes stator current commands
for the MTPA operation are given from the calculations or a look-up table as
stated earlier. If the stator currents of the IPMSM can be regulated rapidly to fol-
low these current commands by using a synchronous reference frame current reg-
ulator, then the instantaneous torque control of the IPMSM can be achieved.
When using this synchronous current regulator, we need to transform the three-
phase stator currents, i, ips, ics, Of the IPMSM into synchronous dg currents ily
and i, by using the rotor flux angle 6,.

Fig. 5.31 shows the experimental results for the vector control on an 800-W,
8-pole IPMSM when the speed command is changed from 200 to 2000 r/min.
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FIGURE 5.30
Block diagram of the vector control system for a PMSM.
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MATLAB SIMULINK SIMULATION: VECTOR CONTROL OF A PERMANENT

MAGNET SYNCHRONOUS MOTOR

e Overall simulation block (not including an inverter)

[of—{ ]

Vector control system for PMSMs

Clock
L Wr +—
Wr Tef—» Te
Wr > Wr Theta|
Is*—| Is*  Idgsr* »| Idgsr* _—
E_, Wrmref N N ast i Vabcs*—| Vabcs  Idgsr| Mechanical
—»| Theta load
Speed Speed MTPA Id
command controller control asr PTG
model
Current controller

*  PMSM model block
d—q axes model in the rotor reference frame (see Chapter 4)
AN
dt

r

A .y qs r
Vs = Ryl + 7 + wr A

7Fo— .r
Vs = Rl +

— r
w,/\qs

g = Lasis + ¢y

)\z;s = L‘[A'it;x
P3 -r roer
T, = 33 [qbfqu + (Lgs — qu)ld.\‘lq.\}

¢  MTPA control block

o= - ¢f + \/ (/)jz + 8(LdS7qu)213

@ 4(Ld.\' - Lq.\')

d . T 2 2
g-axis current command:  [; = /I; — Ij;

d-axis current command:

* Other blocks
Mechanical load model: refer to Chapter 1.
Speed controller model: refer to Chapter 2.
Current controller model: Chapter 6.

¢ Simulation conditions

A SPMSM and an IPMSM will be simulated for acceleration characteristics when speed

commands are 1200 r/min (SPMSM) and 1500 t/min (IPMSM), respectively.

¢ Simulation results

(Continued)
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MATLAB SIMULINK SIMULATION: VECTOR CONTROL OF A PERMANENT
MAGNET SYNCHRONOUS MOTOR (CONTINUED)
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CHAPTER

Current regulators of
alternating current motors

A current regulator plays a role in making a motor current achieve its desired
value, and is an essential part of the vector control system for alternating current
(AC) motors. For an accurate instantaneous torque control by using the vector
control, the actual motor currents must follow the current commands required to
produce the flux and torque regardless of hindrances such as back-electromotive
force (back-EMF), leakage inductance, and resistance of windings. Thus for the
implementation of the vector control system, it is very important to design the
current regulator well. In this chapter we will examine the current regulation tech-
niques for the vector control system of AC motors.

The system configuration for the current control of a three-phase load is shown
in Fig. 6.1. The current regulator plays a role in generating gating signals for the
switching devices of a pulse width modulation (PWM) inverter, which can produce
the output voltage to make the required current flow into the three-phase load.

In other words, the main function of the current regulator is to transform the
current error into gating signals for the switching devices in the time domain.

For the case of using a voltage source type PWM inverter, there have been
four different types of current regulators researched as:

* Predictive current regulator
» Hysteresis current regulator
e Ramp comparison current regulator or sine-triangle comparison regulator

e d—q axes current regulator

A current regulator consists of an error compensation part and a voltage modu-
lation part as shown in Fig. 6.2. The error compensation part produces a command
voltage to reduce the error between the actual and command currents, whereas the
voltage modulation part generates gating signals for switching devices to accurately
produce the command voltage given by the error compensation part.

In the conventional regulators, such as a predictive current regulator, hystere-
sis current regulator, and ramp comparison current regulator, the error compensa-
tion part and the voltage modulation part are formed as one. In contrast, in a d—q
axes current regulator, these two parts are constructed separately. In this regulator
a proportional integral (PI) controller is commonly used for the error compensa-
tion. Various PWM techniques are used for the voltage modulation, which will be
described in Chapter 7.

Electric Motor Control. DOI: http://dx.doi.org/10.1016/B978-0-12-812138-2.00006-4
© 2017 Elsevier Inc. All rights reserved.
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FIGURE 6.1

Current control of a three-phase load.
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FIGURE 6.2

Configuration of a current regulator.

Now we will explore these current regulators. First, we discuss briefly the pre-
dictive current regulator, which is based on a mathematical model of the load. In
the predictive current regulator the current error is calculated at every current
control period, and the required voltage is determined to minimize the error using
the load mathematical model. Afterward, the on/off states of the switching
devices are directly chosen to produce the required voltage. The actual load cur-
rent in the predictive current regulator may lag behind the command current by
more than one sampling time. Furthermore, its performance will be greatly
affected by the variation of parameters used in the load mathematical model.
Next, we will examine the rest of the current regulators in more detail.

HYSTERESIS REGULATOR

As a type of bang—bang control, a hysteresis regulator is the simplest current
controller, directly controlling the on/off states of switches according to the
current error. The operation principle of a hysteresis controller is as follows [1].
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FIGURE 6.3

Operation principle of a hysteresis regulator.

In the hysteresis regulator, as shown in Fig. 6.3, if the error between the actual
current and the command current is more than the preset value & (called hysteresis
band), then the state of the switch is changed to reduce the error. In other words,
the state of the switches is changed whether the actual current is greater or less
than the command current by the hysteresis band 4 as:

e [ —i=< —h: lower switch S — is turned on to decrease the load current
by producing a negative voltage (—%Vdc)

,*

e i —i=h upper switch S + is turned on to increase the load current
by producing a positive voltage (%Vdc)

Fig. 6.4 describes the operating range of an actual current vector i in the com-
plex plane for the hysteresis control. For example, if the actual current of the
phase a increases more than its command, then the actual current vector i moves
to the positive (+) of the phase a axis. If the current error of the phase a is equal
to the hysteresis band — h, then the current vector i reaches the — A line. At this
moment, the lower switch (S—) of the phase a will be turned on and the output
voltage will become —V,. /2. This will cause the current to decrease. On the con-
trary, if the current error of the phase a becomes 4, then the current vector i
reaches the + A line. Thus the upper switch (S+) will be turned on and the out-
put voltage will become V. /2. This will cause the current to increase.

Likewise, for the phases b and c, the switching actions can be done independently
with their own hysteresis band. Since the error of each phase current is limited
within & by the hysteresis action, the operating area of the current vector i can be
considered to be inside the hexagon consisting of the six switching lines of the three-
phase axes. However, in practice, the current errors can vary up to double the hyster-
esis band, 2, for a Y(wye)-connected three-phase load with a floating neutral point.
In that load, the sum of the three-phase currents is zero (i.e., i s + ips + ics = 0),
and thus all three-phase currents cannot be controlled independently. This results in
the current errors of 2h.

L
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FIGURE 6.4

Operating range of current vector for hysteresis control [1].

Hysteresis current regulators have been widely used for small systems because
of their simple implementation and an excellent dynamic performance. However,
hysteresis controllers are inherently an analog controller. In addition, the switch-
ing frequency is not constant since the turn-on/off instants of switches can change
with the back-EMF and load condition. This makes the thermal design of a
switching power converter and the filter design of switching noise elimination dif-
ficult because the losses and the harmonics generated by the switching actions are
a function of the switching frequency. For these reasons, its usage nowadays is
limited. In addition, the switching frequency may increase sharply (called limit
cycle) at low operating frequencies, where only the effective voltage vectors are
more likely to be selected due to a small back-EMF. This problem may be
improved by adding an offset to the hysteresis band.

RAMP COMPARISON CURRENT REGULATOR [1]

In a ramp comparison current regulator as shown in Fig. 6.5, the switching states
are determined by comparing the current error with the triangular carrier wave
based on the following principle:

* Current error i,,, > carrier wave: upper switch S + is turned on to produce
a positive voltage (%Vdc).

e Current error i,,, <carrier wave: lower switch S — is turned on to produce
a negative voltage (—%Vdc).
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FIGURE 6.5

Operation principle of the ramp comparison current regulator.

For a proper operation of this regulator, the current error should be less than
the triangle carrier wave. In this regulator it can be seen that the switching states
are changed only at the intersection of the current error and the triangular carrier
wave. Thus the switching frequency is equal to the triangle wave frequency and
becomes constant. This is a big advantage of this regulator over the hysteresis
regulators. However, one major drawback of this regulator is that it has steady-
state magnitude and phase errors in the resultant current.

The performance of this regulator is shown in Fig. 6.6. We can see that the
actual current has steady-state errors in amplitude and phase with regard to the
reference current. These errors increase with the back-EMF, and thus it is hard to
obtain a good current regulation performance at high speed operation. A compen-
sator G such as a P (proportional) or PI controller is often used to reduce these
errors as shown in Fig. 6.5. Although larger gains can reduce the errors, there is a
limit to increasing the gains due to the increase in noise sensitivity. Moreover, a PI
controller is unsatisfactory for alternating current (AC) regulation because it can
eliminate the control error completely for only direct current (DC) regulation.

L
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FIGURE 6.6

Performance of the ramp comparison current control. (A) Reference current and actual
current and (B) current error.

d-q AXES CURRENT REGULATORS

Since a three-phase AC motor has three stator currents, we may consider at first
that three current controllers are needed to regulate their currents individually.
However, since their windings are commonly connected in wye with a floating
neutral point, the sum of their currents is equal to zero and thus only two of the
currents are controllable independently. In addition, the vector control uses the
two currents of d- and g-axes, which the three-phase currents are transformed
into. Therefore it is natural to use only two independent current controllers for the
control of the three-phase currents of an AC motor.

Now we will introduce the regulator to control the two currents of d- and g-axes.

STATIONARY REFERENCE FRAME d-q CURRENT
REGULATOR [2,3]

To begin with, consider the current control for a typical three-phase load as
shown in Fig. 6.7. A three-phase load can be generalized as a circuit of R—L and
back-EMF and can be expressed as

digs

Vas = Rigs + L—% + 0
Vos = Ripg + LU 4y, ©.1)
dt :
Ves = Rigy + PR ecs
dt
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FIGURE 6.7
Three-phase load.

where Vs, Vis, Vess las, Ibss less and egqs, €ps, €cs are three-phase voltages, currents,
and back-EMFs, respectively, and R and L are the resistance and inductance of
the load, respectively.

Applying the axis transformation described in Chapter 4 we can transform
the three-phase voltage equations of Eq. (6.1) into d—¢q forms in the stationary
reference frame as

di

Vas = Rig + L ;”t’ + ey (6.2)
s Iy dl;s s

Vos = R, + L o + ey (6.3)

The current regulator for the d- and g-axes currents in the stationary reference
frame based on Egs. (6.2) and (6.3) is shown in Fig. 6.8.

In this stationary reference frame d—g axes current regulator, the three-phase
load currents iy, ips, ics Should be transformed into the stationary frame d—g cur-
rents to be used as feedback currents. The PI control is normally used to regulate
these currents to the desired values. The PI regulators produce d—q axes reference
voltages Vi, v;v to eliminate the current errors, and these voltages are trans-
formed into three-phase reference voltages v, , v, , v... A voltage source PWM
inverter, which will be discussed in detail in Chapter 7.

Let us evaluate the characteristic of the stationary reference frame d—g current
regulator. Fig. 6.9 shows the block diagram of this regulator.

The transfer function of this system is given as

K,s + K;
Ls? +(R+K,)s T K;

s
Ls? +(R+K,)s + K;

Ligs(s) = Ly (s) = Egs(s) (6.4)

From Eq. (6.4), it can be seen that if the current reference I;qs(s) is an AC
quantity (i.e., s # 0), the actual current /4,(s) never follows its reference I:}qs(s)
unless the current regulator has infinite gains. Thus when AC currents are regu-
lated by the stationary regulator, the amplitude and phase errors will exist in the

steady state.
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FIGURE 6.9
Block diagram for one axis of a stationary frame current regulator.

On the other hand, if the current reference I;qs(s) is a DC quantity (i.e., s =0),
Eq. (6.4) becomes

[dqs(s)
I;qs(s)

This indicates that the actual current I,,(s) can follow its reference value
I;qs(s) accurately, i.e., the steady-state error is zero. This fact implies that instead
of controlling the load current as an AC quantity directly, it is desirable to control
the load current transformed as a DC quantity. For this purpose, the current con-
trol needs to be performed in the synchronous reference frame, where the currents
of the AC load can be given as DC quantities. This regulator is called the
synchronous reference frame d—q current regulator, which is widely used for the
current control of AC systems.

ls=0 =1 (6.5)
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SYNCHRONOUS REFERENCE FRAME d-q CURRENT
REGULATOR [2]

Transforming the stationary frame voltage equations of Egs. (6.2) and (6.3) into the
synchronous reference frame, which is rotating at the electrical angular frequency
w, corresponding to the operating frequency of the three-phase currents, gives

;e
di§

Ve, = Ri% + L d; — WL, + ¢, (6.6)
e e difls e e
Vo = Rigg + L o + w,Lig, + egq (6.7)

Unlike the stationary reference frame, in these equations, all the electrical
variables such as currents, voltages, and back-EMFs are all DC quantities in the
steady state. It should be noted that, in addition to the back-EMFs ej; and ef,
there are —w,Liy, and w,Lig (called speed voltages) in the synchronous reference
frame expressions of Eqs. (6.6) and (6.7). These speed voltages are cross-coupled
between d- and g-axes. Thus a change in the d-axis current may affect the control
of the g-axis current and vice versa. These are the major disturbances on this syn-
chronous current regulator. Thus the feedforward compensation of the speed vol-
tages as well as the back-EMF voltages should be employed to achieve a good
current control performance. This will be discussed in detail in a later section.

The block diagram for a current regulator operating on the synchronous refer-
ence frame is shown in Fig. 6.10.

DC
4 source
* T(HL’) s
-e* + vd\ vas
Las —»O—» Pl controller > g —
-4 vb.\' PWM
+ ij . inverter
¥ s
i: l; —VCP » Pl controller »| /abc | Ve
— —>
.e .o
lqs lds ;
as
-
dq ; )
lbs
1 9
l
abc |- o °
T(H‘) Three-
phase load

FIGURE 6.10

Block diagram of a synchronous frame current regulator.
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FIGURE 6.11
Comparison between the stationary and the synchronous frame regulators [2].

The structure of this regulator seems to be similar to that of a stationary frame
current regulator in Fig. 6.8, but the controlled currents are DC quantities and a
different transformation is used in this system. Since the synchronous reference
frame uses DC quantities, the currents can be regulated well by using a PI
controller.

Fig. 6.11 depicts the performance comparison between the stationary frame
and the synchronous frame current regulators in the steady state for R—L load [2].
From the left figure showing the performance of the d-axis current control, it can
be seen that the steady-state error for the stationary frame current regulator
increases with the operating frequency of the reference current. On the other
hand, the synchronous frame current regulator has no steady-state error, regardless
of the operating frequency. In addition, we can see that there is a cross-coupling
between the axes for the stationary frame current regulator in the right figure. The
control error for the g-axis current increases as the operating frequency of the
d-axis reference current increases for the stationary frame current regulator.

GAIN SELECTION OF THE SYNCHRONOUS REFERENCE
FRAME PI CURRENT REGULATOR

In Chapter 2, we described how to select the PI gains of a current controller for
DC motors. Since a synchronous reference frame current regulator also controls
DC quantities, we can directly use such method to select the PI gains of a syn-
chronous reference frame current regulator. By referring to the gain selection of
the current controller for a DC motor in Section 2.6, we can determine the propor-
tional gain and the integral gain of a synchronous reference frame current regula-
tor for the three-phase AC load as:

Proportional gain: K, = L-w, (6.8)

Integral gain: K; =R-w, (6.9)
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where R and L denote the resistance and inductance of the load, respectively,
and w, denotes the control bandwidth of the current regulator. Here, the
proportional gain is determined by the required control bandwidth w, of the
current regulator, and the integral gain is determined by the relationship of
K,/K; = L/R (pole-zero cancellation).

On the basis of the current control for the three-phase AC load as mentioned
earlier, it can readily be seen that it is better to use a synchronous frame current
regulator for the current control of AC motors. For this case, the PI gains can be
obtained directly from Eqs. (6.8) and (6.9). However, since the resistance
and inductance values differ from system to system, we need to find the equiva-
lent R and L values corresponding to the chosen AC motor. The values of these
equivalent parameters for induction motors and synchronous motors can be
obtained as follows.

6.3.3.1 Proportional—integral gains for induction motors

From Egs. (4.86) and (4.87), the d—gq voltage equations of an induction motor in
the synchronous reference frame are given as

V9, = RiG, + PG, — we (6.10)

e
qs

Vs = Rifg + pAL + we Ay (6.11)

The stator flux linkages in these equations can be expressed as the rotor flux
linkages and the stator currents as

e __ € ~€
Ay = Lty + Ly,

X, = Ll L 6.12
= L%, + L, ("L—’”"’) = oLig + 72X, ©12
Ny = Lyil, + L,
X = Ly, L 6.13)
— e qr qs _ . m
=Lig + Ly (T) = oLgig, + = Agr

where 0 =1 — L,zn /LgL, and the rotor currents can be obtained from the rotor flux
linkages as

X5, = L

iy = S X = LG, + Ly 6.14)
X, = Luit

it = It Xo =Ly, + Ly, (6.15)

ar L,

257



258 CHAPTER 6 Current regulators of alternating current motors

Substituting Eqs. (6.12) and (6.13) into Egs. (6.10) and (6.11) gives
Vs = Rsig + pAG, — we

e
qs

) ) L ) L
=Rii4 +p| oLsil, + L—m Ao | —we | oLsigg + L—m Aoy
r r

(6.16)
=R, + R,% i + oL, % — weoLsig — R, i—’;‘ Aoy — wr i—’: Nor
vfp = Rsifp +p)\f1s + We NG
=Rty +p| oL, + LL—’" X | +we | oL, + %’” X,
(6.17)
=R+ R,% igs + oL % + weo Ly, — R,Ili—'g Ar T w,IL—':' Xy

In the vector control, since )\f]r = (0, the above equations will be reduced as

e Lﬁl e di:is e Lm e
Vo, = | Ry + R’ﬁ i+ oL, o - weUL.;qu —R, 7 Ay (6.18)
r r
Lzl ] di¢ . L
vfp = (RS. +R, E) l;s + ULSd—‘;S + weoLgih, + w,L—r:' Aoy (6.19)

From these, the equivalent R and L values of induction motors are given as

L 2
R=R,+R, (L—'") (6.20)

r

L=oL, (6.21)

Thus the PI gains of a synchronous reference frame current regulator for
induction motors are given as

Proportional gain: K, = oL;"w, (6.22)

L 2
R, +R, <fm> } ‘W, (6.23)

r

Integral gain: K; =

6.3.3.2 Proportional—integral gains for permanent magnet

synchronous motors
From Egs. (4.106), (4.107), (4.113), and (4.114), the d—q voltage equations of a
permanent magnet synchronous motor (PMSM) in the synchronous reference
frame rotating at the angular frequency w, of the rotor are given as
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di’
Vas = Raigy + Las ;‘; — wyLgsigg (6.24)
r -7 dl;s r
Vi = Rodg F Los— 2+ wilLasiy, + ) (6.25)

From these, it can be seen that the equivalent R value of a PMSM for the syn-
chronous frame current regulator is the stator resistance Ry, and the equivalent L
value is the stator inductance. For a surface-mounted PMSM, the d- and g-axes
inductances have the same value. However, since they are different for an interior
PMSM, the equivalent L value according to the axis is different as the following.

R=R; (6.26)
L=1Ly4 (d-axis), L=L, (g-axis) (6.27)

Thus the PI gains of the synchronous frame current regulator for a PMSM are
given as

Proportional gain:  K,q = Lyswe, Kpg = Lygs"we (6.28)
Integral gain: K; = R w, (6.29)

FEEDFORWARD CONTROL

As described in the Section 6.3.2, a synchronous frame PI current regulator has
been widely used for the current control for AC systems because it can achieve
zero steady-state error and provide a good transient performance in spite of its
simple structure. We saw in Section 6.3.2 that the voltage expressions of an AC
system in the synchronous reference frame have cross-coupling components,
—weLig, and w,Liy, between the axes in addition to back-EMF as

e
dif

ve, = Rij + L dts - wLiZS +ef, (6.30)
e _ pre dl;‘ e (4 1
qu—qus-i-L? +thds+eqS (6.31)

These are described as a block diagram in Fig. 6.12.

These voltage components can have a negative influence on the feedback cur-
rent control although a synchronous frame current regulator is used. In particular,
at high operating frequencies where they become large, these components can
incur an oscillatory current response. If the bandwidth of the current controller is
large enough, then their influence can be reduced. However, as explained in
Section 2.6.1.1, the value of the gains is limited by the switching frequency
and the current sampling frequency. Moreover, large gains make the system
more sensitive to noise. To eliminate the effect of these disturbance components
and improve the performance of the current control, the feedforward control
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FIGURE 6.12
Voltage expressions in the synchronous frame.
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Current regulator with the feedforward control.

(also called the decoupling control), described in Section 2.5, is usually used
along with the feedback control [4].

Fig. 6.13 shows a synchronous frame current regulator with the feedforward
control for decoupling the cross-coupling.

When using the feedforward control, the output voltage of the synchronous
frame current regulator consists of two components as follows:

Vi =V Vo g (6.32)

pr = vfﬁ_ﬂ) + vgs_ff (6.33)
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where vi D vzz _p are the fiedback voltage components produced by the PI cur-
rent controller and vg, ., vo, 4 are the feedforward voltage components. From
Eqgs. (6.30) and (6.31), the d—q axes feedforward components for a three-phase
R—L load are given as

Vae_g = — welig, + € (6.34)
Voo = welLil + ¢, (6.35)
In the current control of AC motors, the feedforward components vary

depending on the motor. The feedforward components for an induction motor and
a PMSM can be obtained as follows.

FEEDFORWARD CONTROL FOR INDUCTION MOTORS

To identify the feedforward voltage components for an induction motor,
Eqgs. (6.18) and (6.19) are rewritten as

e Li e dlf{s e Lm e
Vi = | Rs + R,F i, + oLy dt. — weoLyip — R’F)‘dr (6.36)
12 ) di¢ L
Vo= (Ry+ R, 2 )i + oLy —2 + w,oLsié, + w,— \§ (6.37)
qs ( L’Q qs dt ds Lr dr

Here, the third and the fourth underlined terms on the right-hand side express the
feedforward voltage components. Thus

L
Vi g = — weolLdf — R,L—;’ X, (6.38)
r

Ly,
Vs g = we0Lgig + Wr - Aoy (6.39)

FEEDFORWARD CONTROL FOR PERMANENT MAGNET
SYNCHRONOUS MOTORS

To identify the feedforward voltage components for an PMSM, Egs. (6.24) and
(6.25) are rewritten as

) dil} .
V:is = R»Ylgs + Lys dl;’ - erdxl;S (640)
r -7 dllrl\ .
Vs = Rslqs_ + Ly v + wyLysiy, + wr gy (6.41)
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Synchronous frame PI current regulator with the feedforward control. P/,
proportional—integral.

Here, the third and the fourth underlined term on the right-hand side express
the feedforward voltage components. Thus

Vas_p = ~ Wrlasiy, (6.42)
Vo = wrLasil + wrdy (6.43)

By using such feedforward control, the motor can be simplified to an R—L
passive circuit, so an improved current control performance can be achieved. An
accurate feedforward compensation requires an accurate knowledge of induc-
tances, flux linkage, and speed. Even when there are errors in these quantities, the
feedforward control can largely reduce the effect of the disturbances by back-
EMFs and cross-coupling components on the current control when compared with
the feedback control alone.

In the feedforward control, it is desirable to estimate the feedforward
voltage components by using the measured currents. Such feedforward control
that uses measured currents for estimation is called state feedback decoupling
control.

Fig. 6.14 shows a synchronous frame PI current regulator with the feedforward
control, which has become the industry standard for the high-performance
current control of AC motors. A PI current regulator needs to include an anti-
windup controller to prevent integrator saturation, which was described in detail
in Section 2.6.2.
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COMPLEX VECTOR CURRENT REGULATOR

An ideal synchronous reference frame current regulator has a time response inde-
pendent of the operating frequency. However, in reality, its transient performance
degrades as the operating frequency approaches the bandwidth of the current
regulator.

In the design of a PI current controller, as described in Chapter 2, the zero of
the PI controller is made equal to the pole of the plant for pole-zero cancellation,
ie., K,/K;=L/R. At low operating frequencies, the controller zero can cancel
the plant pole relatively completely. This allows a faster response of the system
corresponding to the given control bandwidth. However, as the operating
frequency increases, the plant pole and the controller zero move apart, resulting
in a degradation of the system performance. The decoupling control as mentioned
in Section 6.4 can make the performance of the current regulator to be indepen-
dent of the operating frequency, i.e., the plant pole to be independent of the
operating frequency.

A synchronous frame current regulator with the state feedback decoupling
control is shown in Fig. 6.15. An accurate decoupling control requires the correct
knowledge of system parameters (here, the inductance value). If the system para-
meters are incorrect, then the estimated value of the feedforward compensation
becomes inaccurate, so the controller cannot cancel the plant pole completely. To
solve this problem, a complex vector synchronous frame current regulator was
proposed [5—7]. In this strategy, by using a complex vector notation, the two-
input/two-output system of the synchronous frame d—gq current regulator is sim-
plified to an equivalent single-input/single-output complex vector system.
Because a complex vector notation is used for the analysis and design of current
regulators for multiphase AC loads, this current regulator is called the complex
vector synchronous frame current regulator.

In contrast to a current regulator with the state feedback decoupling control, a
complex vector synchronous frame current regulator has decoupling control inside
the PI controller without using any system parameter as shown in Fig. 6.16.
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FIGURE 6.15

Synchronous current regulator with the state feedback decoupling control.
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FIGURE 6.16

Complex vector synchronous frame current regulator.

Thus its performance is less sensitive to errors in system parameters, i.e., induc-
tances, and is independent of the operating frequency. However, its response may
be slightly oscillatory. If the system parameters used for decoupling control are
identical to the actual system parameters, then the performances of these two
current regulators are identical.
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CHAPTER

Pulse width modulation
inverters

In Chapter 6, it was described that the current regulators produce voltage com-
mands for regulating the d—q axes currents required in the vector control of an
alternating current (AC) motor. These voltage commands are normally implemen-
ted by a pulse width modulation (PWM) inverter. As described in Chapter 3, the
variable speed drives of induction motors by the V/f control require a PWM
inverter. Inverters use the voltage modulation techniques (PWM techniques) for
generating the actual voltages applied to the motor in accordance with the given
voltage commands. Thus the voltage modulation technique of an inverter is a cru-
cial factor in the AC motor drives.

In this chapter we will explore the configurations of an inverter and its voltage
modulation techniques in detail.

INVERTERS

An inverter is a power electronics equipment that converts direct current (DC)
power to AC power. Since an inverter can control the voltage and frequency of
AC power at any value, it is essential for AC motor drives that require variable
voltage and variable frequency.

Inverters can be classified into two groups according to the type of DC input
source: voltage source inverter (VSI) and current source inverter (CSI). The con-
figurations, output voltage, and current waveforms of these two inverters are
shown in Fig. 7.1.

VSIs are powered by a DC voltage source. At the DC-link side of a VSI, there
is usually a shunt capacitor with large capacitance to smooth out the DC input
voltage. Since a VSI uses a voltage source, if the output terminals of a VSI
are short-circuited, then it can be highly risky since a large current can flow.
A typical output of VSI is an AC voltage of a square waveform, as shown in
Fig. 7.1A. The magnitude and waveform of its output AC current depend on the
connected load.

In contrast, CSIs are powered by a DC current source. Since in most cases DC
current source is not available, it is normally obtained by using a large series
inductor in the DC-link side powered by a DC voltage source. For CSIs, it can be
dangerous when the circuit is opened because a high voltage can be produced by

Electric Motor Control. DOI: http://dx.doi.org/10.1016/B978-0-12-812138-2.00007-6
© 2017 Elsevier Inc. All rights reserved.

265



http://dx.doi.org/10.1016/B978-0-12-812138-2.00007-6

266 CHAPTER 7 Pulse width modulation inverters

(A) ‘
+ —o v Output voltage,
> current
Soﬁcrlce * C f Vd(, —I ——o0 mﬂ rk i
— - — T
Diode rectifier ~ DC link VSI
(B) . .
o— — Y Y\ | L o y  Output voltage, i
AC ° L. 1 /b p/'\ i current
source * ro e * — o § [ 1 | , |
T T
Phase-controlled ~ DC link csl h
rectifier
FIGURE 7.1
Two types of inverters. (A) VSI and (B) CSI.
V, f control
° T """""""""""" : .
AC Diode VVVF Variable
source rectifier : : inverter spged
drive
o—-1

AC motor

FIGURE 7.2
Inverter for AC motor drives.

Ldi/dt. A typical output of CSIs is an AC current source of a square waveform,
as shown in Fig. 7.1B. The magnitude and waveform of the output voltage depend
on the connected load.

During the early years of the inverter usage, CSIs were adopted in many appli-
cations. However, nowadays, VSIs have become the industry standard rather than
CSIs that need a large inductor.

The inverters are used in two major applications: AC motor drive applications
and AC power supply applications. In the inverter for AC motor drive applications
as shown in Fig. 7.2, both the amplitude and frequency of the AC output voltages
can often be varied for the variable speed drives. Thus this type of inverter is often
called the Variable Voltage Variable Frequency (VVVF) inverter.

On the other hand, the inverter for AC power supply applications is used as a
replacement of the AC voltage source supplied by the utility mains. In such an
inverter both the amplitude and the frequency of the AC output voltages are fixed
in accordance with the standards regarding the distribution of electricity, and thus
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Example of an inverter for AC power supply.
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Basic circuit of an inverter.

this type of inverter is called the constant voltage constant frequency (CVCF)
inverter. Typical examples of such an inverter are an uninterruptible power supply
(UPS) that provides AC power to the load when the utility mains are not avail-
able, and a power conditioning system that supplies AC power from renewable
energy sources like fuel cells, solar panels, or wind turbines as shown in Fig. 7.3.
Now we will describe the VSI in detail. VSIs can be classified according to
whether or not the amplitude of the output voltage can be controlled. One type of
VSI is the square wave inverter, whose frequency is controlled while the ampli-
tude of the output voltage remains constant. Another is the PWM inverter in
which both the amplitude and the frequency of the output voltage are controlled.
First, we will begin by looking at the basic circuit configuration of a VSI.

BASIC CIRCUIT CONFIGURATION OF A VOLTAGE
SOURCE INVERTER

The basic circuit that forms a VSI is shown in Fig. 7.4. This basic circuit is called
a pole, arm, or a leg. The basic circuit consists of a pair of switches that operate
in a complementary manner to perform a rapid switching function to convert the
DC power to AC power.
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268 CHAPTER 7 Pulse width modulation inverters

A DC input power source is applied to both ends of the basic circuit, and an
AC output voltage is produced between the two switches. This AC output voltage,
vp, is called a pole voltage.

As switching devices used in the basic circuit, semiconductor power devices
such as gate turn-off (GTO) thyristor, integrated gate commutated thyristor
(IGCT), insulated gate bipolar transistor (IGBT), or metal oxide semiconductor
field effect transistor (MOSFET) as shown in Fig. 7.5 are available on the market
today. These devices are mainly selected according to the required power capacity
and switching frequency. The GTO thyristor and IGCT have a high-power han-
dling capability, but their switching frequency is very low, being below 1 kHz.
The IGBT is now most widely used for medium- to high-power applications.
Some of the IGBTs have switching frequencies up to 100 kHz, but most are nor-
mally below 20 kHz. The MOSFET, which can support a high switching fre-
quency beyond 100 kHz, is the most suitable device for small-power applications.
Besides these active switching devices, for driving inductive loads, it should be
noted that an antiparallel diode should be connected across each switch to provide
an alternate path for the load current when the switch is turned off as shown in
Fig. 7.5.

Most inverter topologies have a configuration composed of basic circuits con-
nected in parallel. However, inverters for high-power applications often employ
another basic circuit with four switches connected in series as shown in Fig. 7.6.

In an inverter topology composed of the basic circuit as shown in Fig. 7.4, the
waveform of the output voltage has a two-level, i.e., 0 and + V,, so it is called a
two-level inverter. On the other hand, in an inverter topology composed of the
basic circuit as shown in Fig. 7.6, the waveform of the output voltage has a three-
level, ie., 0, —V,., and + V., so it is often referred to as a three-level inverter.
A neutral-point clamped (NPC) inverter is a typical example of the three-level
inverter [1]. An inverter circuit can even be expanded to four- or five-level topol-
ogy configurations. These inverters are called a multilevel inverter. In this chap-
ter, only the typical two-level inverter will be discussed.

Basic circuit

5 _a KF

IGBT MOSFET GTO

FIGURE 7.5

Switching devices for an inverter.
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7.1.1.1 The output voltage of the basic circuit

The output voltage of the basic circuit, i.e., pole voltage, vp, is determined
by the switching states of two devices, S+ and S —, but is independent of the
load. The pole voltage of an inverter normally is not equal to the load voltage.

There are four different situations of the basic circuit according to the
on-/off-state of the two switches. When the two switches are both turned on, the
DC power source is short-circuited (called shoot-through condition) as shown in
Fig. 7.7, and this causes a current large enough to destroy the switching devices
to flow. This situation should be inhibited at all times.

Hence, the two devices switch alternately, i.e., while one is on, the other one
is off. Even in this case, there is still a possibility of a shoot-through when the
switching devices are changing their on/off states because the turn-off time of a
device is always longer than its turn-on time. Thus, to prevent a shoot-through
during the switching transients, a gating signal of the turning-on device is applied
after a certain delay. This is to ensure that the turning-on device is turned on after

‘ O OJ

L AC output

A
/l

\l

FIGURE 7.6
Basic circuit used in a three-level inverter.

DC source
+
short ! S
‘/dc T
lshort S—
-

FIGURE 7.7
Shoot-through condition.
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the turning-off device is completely turned off. This delay time is called dead
time. The required value of the dead time differs depending on the type and the
power rating of the device used. The dead time will be explained in more detail
in Section 7.6.

Except in the case when both switches are turned on, there are three possible
situations of the basic circuit. When the upper switch S+ is turned on and the
lower switch S — 1is turned off as shown in Fig. 7.8A, the pole voltage becomes a
positive voltage as

vP= - (7.1)

On the other hand, when S + is turned off and S — is turned on as shown in
Fig. 7.8B, the pole voltage becomes a negative voltage as
Ve

2

Vp =

(7.2)

Lastly, even if S+ and S — are both turned off, the pole voltage can be pro-
duced if a current is flowing through the load. In this case, the pole voltage
depends on the direction of the current as shown in Fig. 7.9. For example, if the

(A

Vie
T
FIGURE 7.8

Circuit configurations according to the switching states. (A) S+ On, S— Off and (B) S+
Off, S— On.

FIGURE 7.9

Circuit configurations when both switches are turned off. (A) i,>0 and (B) i, <O.
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switch S+ is turned off when a positive current (i, >0) is flowing as shown in
Fig. 7.8A, then the current flows through the lower diode so the pole voltage vp
becomes —V,./2 as shown in Fig. 7.9A.

On the other hand, if the switch S — is turned off when a negative current
(i, <0) is flowing in Fig. 7.8B, then the current flows through the upper diode so
it becomes V. /2 as shown in Fig. 7.9B.

From the switching situations stated above, the pole voltage of the basic cir-
cuit of an inverter can be expressed using a switching function S describing the
states of switch as

vp = Ve (s - 1) (7.3)

2

Here, the switching function S is defined as “1” when the upper switch S + is
turned on and as “0” when it is turned off.

An inverter has two operation modes depending on which device the current
flows through: powering mode and regeneration mode. If the current flows
through the switching device, then the inverter operates in the powering mode in
which the AC power is supplied into the load from the DC power source. In con-
trast, if the current flows through the diode, then it operates in the regeneration
mode in which the AC power is returned into the DC source from the load.

SINGLE-PHASE HALF-BRIDGE INVERTERS

The simplest inverter that generates single-phase AC voltage from a DC source is
a single-phase half-bridge inverter. This inverter consists of one basic circuit as
shown in Fig. 7.10.

We can simply produce a single-phase AC voltage from this inverter by turn-
ing the two switches on and off alternately every half a period 7/2. An inverter
that uses this modulation is called a square wave inverter. In this case the inverter
produces the maximum output voltage. In this half-bridge inverter the pole
voltage vp is equal to the voltage v, applied to the load.
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FIGURE 7.10

Single-phase half-bridge inverter and its output voltage.
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The pole voltage is not a pure sinusoidal but a square wave, which contains
many harmonics. To evaluate the fundamental and harmonic components included
in the pole voltage, the Fourier series expansion of the pole voltage is written as

2le i sin nwt (7.4)

n=135..

FOURIER SERIES

Any periodic waveform of any shape can be represented as the sum of a sine wave (so-called
fundamental component) that has the same frequency as the original waveform and other sine
waves (so-called harmonics) that have frequencies of integral multiples of the fundamental
frequency. To find out these frequency components, we can decompose the periodic waveform
into the sum of a set of sines and cosines by using a Fourier series. We can see the change of the
shape in the waveform by combining other frequency components from the following figure.

Nemaluesdsl [ [ L]
waveform \/\/ \/V\/ \NVJ J
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» Fourier series representation for a periodic waveform is given as

o0
f@®)=ap + Z(a,, cos nwt + b, sin nwt)

n=1

S a,
=ap + Zc,, sin(nwt + ¢,) | =1/a: +b2, ¢, = tan~! b_n

n=1 n

Here, the Fourier coefficients are computed as follows:
T

T T
1 2 2
ay = ?J fdt, a, = T J f(#)cos nwtd, b, = ?J f(#)sin nwtdt
0 0 0
e Periodic waveform is expressed as:
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These frequency components are depicted in Fig. 7.11. Out of all the
frequency components, only the fundamental component voltage can supply
effective power to the load. For the square wave output of a half-bridge inverter,
the fundamental rms voltage is given from Eq. (7.4) as

1% _ 12 Vae
Pl_rms —
- \/E ™

Thus this inverter can provide the load with AC rms voltage corresponding to
45% of the DC input voltage V.. Unlike the fundamental component, the harmo-
nics will be converted into unnecessary losses such as heat or noise. Thus it is
desirable for harmonics included in the output voltage to be fewer. Besides,
because the harmonics cause waveform distortions, if the output AC voltage
includes fewer harmonics, their shape approaches a pure sinusoidal wave.

From Eq. (7.4), we can see that the pole voltage contains only odd order har-
monics, whose amplitudes are inversely proportional to the order of the harmo-
nics. Thus low-order harmonics such as the third, fifth, and seventh components
can cause a problem. This is because they have large amplitude, so they are a
major source of waveform distortions. Furthermore, a large-sized, low-pass filter
is required to filter them.

To measure the amount of distortion of voltage or current waveforms, we
commonly use the total harmonic distortion (THD) defined as

=0.45 Vg (7.5)

o0
Z erm.s
Total harmonic distortion (THD) = 4 | "1 —— % 100% (7.6)
1,rms
%Harmonics A
ZVdc
1.0+ e _.-» Fundamental —
0.8t
0.6 1
0471 T Harmonics
0.2} T T
T T T hd p Order
7 9 3

FIGURE 7.11
Harmonics in pole voltage vp.
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Here, fi_ms and fi_ms denote the rms values of the fundamental and harmonic
components, respectively. A higher THD value indicates a more distorted wave-
form, i.e., the waveform deviates from the pure sinusoidal wave.

EXAMPLE 1
Calculate the THD of the output AC voltage of the single-phase half-
bridge inverter.
Solution
To calculate the THD of the output voltage of the single-phase half-bridge
inverter, we need to evaluate the harmonic components included in its out-
put voltage as shown below.

v, A Vi

712 T

—Vac

Its output voltage, i.e., pole voltage, has odd quarter-wave symmetry,
and thus we need to calculate only the Fourier coefficient b,(n = odd) as

o0
vp(t) = ap + Z(a,,cos nwt + b,sin nwt)

n=1
ap = 0, an = 0, bn*even =0

/2
2 4 [ Vi 2V
Bo—vdd = = |f()sin nwtdt = — |~ sin nwtdr = =%
T us 4 nm
0 0
Thus Fourier series representation for the output voltage is given as

2 Vae

1 1 1
Lovp(t) = {sin wt + gsin 3wt + gsin5 wt + $sin Twt + ---

* Fundamental component:
2V,
vpi(t) = % sin wi
™

e Harmonic components:

- 2Vdc 9
vu(t) = ——sin nwt
The THD of the output AC voltage can be calculated as

0 2
Zh >1 Vh,rms
V2

1,rms

GGG e

2 2 2
VZHV2ZHV2+ .

THDv = X 100% = 2 - X 100%
1
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SINGLE-PHASE FULL-BRIDGE INVERTERS

As can be seen in the Section 7.1.2, a half-bridge inverter has a poor DC voltage
utilization of 0.45 V.. Therefore a commonly used inverter topology for producing
a single-phase AC voltage is the full-bridge inverter as shown in Fig. 7.12. This
inverter consisting of two basic circuits can produce an output voltage twice as
much as that of the half-bridge inverter using the same DC voltage.

In the single-phase full-bridge inverter, the load voltage v, is the difference
between two pole voltages, vy and vy, as

Vo =VHg — VL (76)

Here, each pole switches independently. The available load voltages of the full-
bridge inverter according to the state of four switches Q) ~ Q4 are shown in Table 7.1.

To produce the effective load voltage in this inverter, the phase difference
between two pole voltages needs to be 180 electrical degrees as shown in Fig. 7.13.
In this case, the voltage of the full-bridge inverter is double the pole voltage.

For inductive loads, the operation of the inverter is shown in Fig. 7.14. The
inverter operates alternately in the powering mode and regeneration mode.

H pole L pole

FIGURE 7.12

Single-phase full-bridge inverter.

Table 7.1 Pole Voltage and Load Voltage According to the State of
Four Switches

Pole Voltage
Switch State Load Voltage
VH 73 Vo=VH—VL
Q1, Q2 On 2 2 Ve
Ve Vae
Q4, Q3 On 2 2 —Vge
Q1, Q3 On 2 2 0
_ Vdc _ Vdc
Q4, Q2 On o o 0

275



276 CHAPTER 7 Pulse width modulation inverters
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FIGURE 7.13
Load voltage of single-phase full-bridge inverter.
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FIGURE 7.14

Operation of single-phase full-bridge inverter for inductive load.
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The load voltage in a full-bridge inverter is a square waveform like the pole
voltage, so it contains a lot of harmonics. Its harmonic orders are the same as
those of the pole voltage. Using Fourier series expansion, the load voltage can be
presented as

4V = sin nwt
v() =
Z n

(n=1,3,5,...) 17
T =135

This inverter can provide the load with AC rms voltage corresponding to 90%
of the DC input voltage V. as

14V,

Vo, . =
ol _rms \/i p

This voltage is double the voltage of the half-bridge inverter under an equal
DC voltage.

We can express the output voltage v, of this inverter using the switching
function S. Assume that the switching functions for H and L poles are Sy and
Sy, respectively. As described previously, the switching function § is defined
as “1” when the upper switch is turned on and as “0” when it is turned off.
As in Eq. (7.3), the pole voltages vy and v can be expressed using switching
functions as

=0.9V4 (7.8)

v = Ve (SH - 1) (7.9)
2
1

ve = Ve (SL - z) (7.10)

From these pole voltage expressions, the output voltage v, is given as
Vo =VH — VL = VdL(SH - SL) (711)

The output voltage can be easily obtained by using this expression from the
states of four switches.

THREE-PHASE SQUARE WAVE INVERTERS
(SIX-STEP INVERTER)

The circuit configuration of a three-phase inverter as shown in Fig. 7.15 consists
of three poles. Each pole is switched independently of each other, and the two
switches in each pole are alternately switched.

In a three-phase inverter, each pole is in charge of the production of
one-phase voltage. To do so, the switches of each pole will be turned on and off
alternately every half period (180° conduction interval) in the same way as the
single-phase inverters.

However, to achieve three-phase voltages, each pole voltage should be
displaced from each other by 120 electrical degrees. In such switching, three of
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FIGURE 7.15
Configuration of the three-phase inverter circuit.
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FIGURE 7.16

Pole voltages of the three-phase inverter.

six switches are always turned on, and their switching sequence goes on in the
order of switch numbers shown in Fig. 7.16 such as ...123, 234, 345, 456, 561,
612 and back to 123. In this case, there are six different sections in one funda-
mental period of the output voltage. The inverter operated by this switching
scheme is called square wave inverter, in which the amplitude of output voltages
remains constant while only their frequency can be controlled.

Line-to-line voltage is the difference between two pole voltages (e.g.,
Vab = Van — Vpp) as shown in Fig. 7.17. It is a quasi-square wave and has 120° con-
duction interval.

Next we will look at the phase voltages applied to the load when a three-
phase inverter drives a load. We need to know the phase voltages to solve the
voltage equations of AC motors as described in Chapter 4.
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Line-to-line voltages.

Assume a balanced Y-connected load as shown in Fig. 7.15. In this case the
line to neutral voltage, or the phase voltage, is the load voltage. From line-to-line
voltages, the phase voltages for the three-phase loads can be obtained as

1

Vas = g(vab - Vca) (712)
1

Vps = g(vhc - Vah) (713)
1

Ves = g(vca - Vbc) (714)

We can see that the pole voltage of the inverter depends on the states of
switches in only its own pole, but the phase voltage depends on the states of
switches of other poles as well as the corresponding pole. Thus the phase voltage
is determined by the states of all switches of an inverter.

The phase voltage can be also obtained directly from the states of all the six
switches of an inverter as follows. First, consider the first section in Fig. 7.16,
where three switches of Q5, 06, and Q1, are turned on. In this section, the system
can be described as the circuit shown in Fig. 7.18A. In this case, we can readily
see that the phase voltages are given as

1 2 1

Vas = g Vdca Vbs = — § Vd{:a Ves = g

Next, consider the second section, where Q6, Q1, and Q2 are turned on. In
this section, the inverter circuit can be described as shown in Fig. 7.18B, and thus

the phase voltages can be obtained as

2 1 1
Vas = g Vdcs Vbs = — § Vdcs Ves = g Vdc (716)

In the same way we can obtain the phase voltages for all the sections as shown
in Fig. 7.19. Since there are six steps in one cycle of the phase voltage waveform,

Ve (7.15)
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(A) B)
0
i3
Vdc T Vdc ‘ +
V.
?: —
FIGURE 7.18

Phase voltages for the two different sections. (A) Q6, @5, Q1 On and (B) @6, Q1, Q2 On.

FIGURE 7.19
Phase voltages and currents.

this type of inverter is often referred to as the six-step inverter. When these square
waveform voltages are applied to inductive loads such as motors, the load cur-
rents are not a square waveform, because the harmonics of the voltage is filtered
by the inductive component of the load.

Table 7.2 summarizes the pole voltage and the phase voltage (load voltage)
in a three-phase inverter according to the states of the switches. Here, the
switching state is defined as “1” when the upper switch is in on-state and
as “0” when it is in off-state. For the six switches of a three-phase inverter,
there are only eight possible switch combinations, i.e., eight different switching
states.

As mentioned earlier, the output voltages of a three-phase inverter have the
shape of a square wave not a pure sinusoidal wave, so they include many harmo-
nics. Now we will evaluate the fundamental and harmonic components included
in the output voltages.
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Table 7.2 Pole Voltages and Phase Voltages According to the States

of Switches

Switch States Pole Voltages Phase Voltages

Sa [ S, | Sc Van Vbn Ven Vas Vbs Ves
0 0 0 _%V"C _%Vdc _%V"C 0 0 0
0 0 ’ _%Vdc _%Vdc %Vdc - %Vdc _%Vdc %Vdc
0 ; 0 - %Vdc %Vdc - %Vdc - %Vdc %Vdc - %Vdc
0 ] ’ - %Vdc %Vdc %Vdc - %Vdc %Vdc %Vdc

] 0 0 %Vdc *%Vdc - %Vdc %Vdc *%Vdc - %Vdc
] 0 ’ %Vdc - %Vdc %Vdc %Vdc - %Vdc %Vdc

; ; 0 %Vdc %Vdc - %Vdc %Vdc %Vdc - %Vdc
1 1 1 %Vd@ %Vdc %V"C 0 0 0

The pole voltage is always a square wave regardless of the number of
the phase. Hence, Fourier series for three-phase pole voltages is the same as
Eq. (7.4), but there is a phase difference as

2V = sinnwt
=& 7.17
2V X sin[n(wt — 120°
Vo = E —[ ( ) (7.18)
n=135,..
Wi I sinfn(we +120°
Vo = ol sinfn(wt + 1207)] (7.19)
T =135... n

Fourier series expansion for the line-to-line voltage, v, is expressed as

Vab = Van — Vbn

4th * ( )
cos—%lnn wt+ —
n=13.5,.. 6
= 2\/§le. sin u}t-i-z —lsmS wt+ —s1n7 cut-i—z (7.20)
T 6 6
1 T 1 s
+ i +o |+ = )+
Hsmll(wt 6) 13§1n13< 6)
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Because the line-to-line voltage is given as the difference between two pole
voltages, it does not have any harmonics that are multiples of three, which exist
in the pole voltages. Since the pole voltages have a phase difference of 120° with
each other, the harmonics of multiples of three included in these will have a phase
difference that are multiples of 360° with each other and thus they are actually in
phase with each other. Therefore the harmonics of multiples of three are absent in
the line-to-line voltages. Accordingly, the line-to-line voltage contains harmonics
of order 6n £ 1 (n = integer).

The phase voltages also have harmonics of order 6n =1 like line-to-line
voltages. From Eq. (7.20), Fourier series expansion for phase as voltage can be
written as

2Vae
V(,LS =

sinwt—lsiHSwt—lsin%ut-é— isin Hwt + --- (7.21)
5 7 11

Phase bs and cs voltages have harmonics identical to phase as voltage, but
their phases are different. Fig. 7.20 shows the frequency spectrum of the line-to-
line voltages and the phase voltages. Among harmonics, low-order ones such as
the fifth and seventh harmonic are the major cause of waveform distortions.

In a three-phase inverter with a balanced Y-connected three-phase load, the
neutral voltage vy, of the load is not zero but fluctuates at a frequency which is
three times the output frequency as shown in Fig. 7.21. This is because the
inverter output voltages are not pure sinusoidal.

Using Fourier series, the neutral voltage can be presented as

4V, “1
Vg = I lde Z —sin 3nwt (7.22)
™6 n
n=135,...
Y%Harmonics A
’ 107 @< Fundamental &Vdc
T
0.8
0.6 1
Fifth-, seventh- order harmonics : big problem
041 !

02} { I "y
T R T ? e—» Order

FIGURE 7.20

Frequency spectrum of line-to-line voltage and phase voltage.
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FIGURE 7.21
Neutral voltage in a Y-connected three-phase load.
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FIGURE 7.22

Three-phase inverter.

EXAMPLE 2

Calculate the maximum output voltage available by a three-phase inverter.
Solution

From Eq. (7.20), the maximum fundamental component of the line-to-line
voltage, which a three-phase inverter can apply to the load, is

2V 1 6
\/g d \/_

Vi—1rms = — = — V4 =078,
ll—1rms p \/i p dc dc

To support a 220-V,,, load, a three-phase inverter requires at least
282 V DC voltage.

MODELING OF A THREE-PHASE INVERTER USING
SWITCHING FUNCTIONS

As mentioned earlier, the phase voltages of a three-phase inverter depends on the
states of all six switches. These phase voltages can be expressed by using the
switching function describing the states of switches in a pole. This switching
function expression for the phase voltages are useful for analysis and simulation

of a three-phase inverter.

Let us find the expressions of the phase voltages by the switching function.
As shown in Fig. 7.22, assume a balanced Y-connected load with a floating neu-

tral point S.
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Let S,, Sy and S, be the switching functions for a, b, and ¢ poles, respectively.
Again, the switching function is defined as “1” when the upper switch is turned
on and as “0” when it is turned off.

When Kirchhoff’s voltage law is applied to the closed-loop in the circuit
shown in Fig. 7.22, the voltage equation is written as

Van = Vas T Vn (7.23)
For two other phase circuits, we can obtain the voltage equations as

Von = Vps T Ve (7.24)

Ven = Ves T Vi (7.25)

Using the corresponding switch function, each pole voltage is given as

1
Van = Vac (Sa - E) (726)

1
Von = Ve (Sb - E) (7.27)

1
Ven = Ve (S(- - E) (7.28)

The sum of these three equations is

Van + Von T Ven = Vas + Vbs + Ves + 3V,\'n (729)

Here, the sum of three-phase voltages is zero for a balanced Y-connected load
with a floating neutral point, i.e.,

Vas T Vs T Ves = Z(igs T+ ips T ics) =0 (7.30)
Hence the neutral voltage vy, is given as the average of three pole voltages, i.e.,

Vsn

1 Ve 3
g(van + Vpp T V(‘,n) = Td (Sa + Sb + SL‘ - E) (731)
By substituting this neutral voltage into Eqs. (7.23)—(7.25), we can obtain the

phase voltages. For example, by substituting Eq. (7.31) into Eq. (7.23), the volt-
age of phase as is given as

1\ Ve 3
as = Van — Vsn = Vdc a5 | T o T +8—=
v, v, v Va (S 2) 3 (S Sy + S 2)
(7.32)

Vie
= T“’(zsa — S, —S.)

Likewise, the expressions of phase bs and cs voltages can be obtained.
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The expressions of phase voltages in a three-phase inverter using switching
functions are as follows:

V(L‘

Vas = T’(zsa —8,—8.) (7.33)
Ve

Vos = 3" (28, — S — S4) (1.34)
Ve

Ves = %(2& —S,—5p) (7.35)

These expressions are also obtained directly by combining Eqs. (7.12)—(7.14)
with Eqgs. (7.26)—(7.28). Fig. 7.23 shows the voltage of phase as obtained by
using Eq. (7.33) and the switching functions.

The input DC current in a three-phase inverter can also be expressed by using
switching functions. The input DC current iy can be expressed as one-phase cur-
rent for each section as follows:

i E =wt= 21
N3 3
-1 2—7T =swt=T
C 3 - -
= 4_7r (7.36)
P\ T3
. 47 = ST
iy 3 =wt= 3
(57 = 2w
| —=wt= —
3 3
S, 1 l—
0 ! | » Wt
T 2r
Sb 1 0
0 ﬂ i » Wt
Sc | 3 3
1
; | o
20 Ar
Ve 3 3
v, = V; (28— S-58) |3 _
0 = 27 > !
& _Vae
3 2V, 3
3
FIGURE 7.23

Phase as voltage obtained by using switching functions.
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FIGURE 7.24
Input DC current and phase currents.

dc

FIGURE 7.25
Input DC current of a three-phase inverter.

As one example, Fig. 7.24 shows that the input current iy is —ip( =i, + i)
in the first section where Q5, 06, and Q1 are turned on. From Eq. (7.36),
the input current of a three-phase inverter can be expressed as switching
functions as

ide = Saia + Spip + Sei (7.37)

The input current for the six-step operation is shown in Fig. 7.25.
We can see that it has a ripple component six times the output frequency.
We need to consider this component in the filter design for reducing the DC
voltage ripple.
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MATLAB/SIMULINK SIMULATION: SIX-STEP INVERTER

Overall simulation block diagram

Six-step inverter with R—L load

Simulation conditions: V,. =300 V, R—L load, output frequency 60 Hz
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(Continued)
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MATLAB/SIMULINK SIMULATION: SIX-STEP INVERTER (CONTINUED)
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PULSE WIDTH MODULATION INVERTERS

In the Section 7.1, we illustrated a square wave inverter where only the frequency
of the output voltage could be controlled, not its amplitude. We can use this
square wave operation for producing the maximum output voltage of an inverter,
i.e., for the maximum DC voltage utilization of an inverter. To control the
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amplitude and the frequency of the output voltage of a VSI, the PWM technique
is commonly used as shown in Fig. 7.26.
For such PWM inverters, the following control is possible:

e Linear control of the fundamental output voltage
e Control of frequency of the fundamental output voltage

e Control of harmonics included in the output voltage

The ultimate goal of the PWM is to generate gating pulses of the switches for
the inverter to produce an output voltage with the desired fundamental amplitude
and frequency. In this modulation process, the switching patterns to eliminate
unnecessary harmonics and/or to minimize switching losses can be also devel-
oped. To improve these control performances, a variety of PWM techniques have
been proposed ever since the sinusoidal pulse width modulation (SPWM) was
first introduced in 1964 [2].

There are several performance criteria to evaluate the PWM techniques.
First, the range of linearly controllable fundamental output voltage under a
given DC voltage is assessed. It is obvious that a larger linear range means bet-
ter DC voltage utilization. Next, harmonics included in the output voltage is
assessed. If the output voltage contains fewer harmonics, it approaches a
pure sinusoidal AC. Thus this item is important in assessing the quality of the
inverter output voltage. Commonly a higher switching frequency leads to fewer
harmonics, and thus this item should be evaluated under the same switching
frequency. For the inverter utilized in AC motor drives, since the developed
torque of the motor depends on its current, the harmonics included in the
current instead of the output voltage is often evaluated. Finally the losses of
the switching devices and the losses of the motor generated by adopting PWM
are assessed.

Over the past 40 years, many PWM techniques, different in concept and
performance, have been developed to improve these criteria. These techniques
can be classified into three groups as follows:

* Programmed/optimal PWM

e Carrier-based PWM
e Space vector PWM

v - " Fundamental V.

de ] t 5
ST component I H { W 2

e Yo or o S

Six-step drive o PWM

Vae |

FIGURE 7.26

Output voltage control of an inverter.
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voltage v,

FIGURE 7.27
Fundamental phase voltage of a six-step inverter.

Among these, the carrier-based PWM techniques have been the most widely
used method ever since the early development of PWM technology. However, the
space vector pulse width modulation (SVPWM) is known to be the most superior
in terms of the voltage linearity range and harmonic content.

Before describing these PWM techniques, it is helpful to define the
modulation index (MI) term, which indicates the voltage utilization level as

Vl peak

8

The modulation index denotes the ratio of the fundamental component magni-
tude, Vipeak, Of the inverter phase voltage to the half of DC-link voltage, Vy./2.
For example, the M1 in the six-step inverter shown in Fig. 7.27 becomes

Modulation index: MI = (7.38)

This modulation index value is the maximum M attainable from a three-phase
inverter.

Now we will look at a detailed description of the typical PWM techniques of
the three groups.

(2de)
mp= Vi N7 ) A gs (7.39)

PROGRAMMED PWM TECHNIQUE [3]

In this technique, the PWM switching patterns for generating an output voltage
with the desired amplitude of the fundamental component are precalculated
off-line and then stored in memory for online access. Inverters are operated by
using the PWM switching patterns read in accordance with the operating condi-
tion from the memory. Thus, this technique is called programmed PWM.
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FIGURE 7.28
Programmed PWM technigue.

This PWM technique not only controls the fundamental component of the
inverter output voltage but also optimizes the desired performance criteria such as
eliminating unnecessary low-order harmonics, reducing total harmonics, reducing
harmonic torque, or minimizing the switching frequency. Thus this technique is
also called optimal PWM.

Fourier series are used to obtain the switching instants in this PWM technique.
For example, consider eliminating unnecessary low-order harmonics, while pro-
ducing the desired fundamental component. Suppose that the number of switching
angles oy in 1/4 period for the quarter-wave symmetry square wave is k (e.g.,
k=4 in Fig. 7.28). In this case, k equations, which can control k frequency com-
ponents of output voltage, can be obtained from Fourier series representation of
the waveform with k switching angles. By solving these k equations, the switch-
ing angles a4 can be obtained for producing the desired fundamental voltage
while eliminating k — 1 harmonics.

Besides eliminating unnecessary harmonics, the switching patterns can be
obtained to optimize specific performance criteria such as harmonic losses or har-
monic torque. This technique has advantages of better DC voltage utilization and
optimization of switching frequency. However, a considerable computational effort
is required to solve transcendental equations when obtaining switching patterns.
Moreover, these precalculated steady-state switching patterns are difficult to produce
the desired output voltage correctly in the transient state or DC-link voltage variation.
Thus this technique cannot be used for systems requiring a fast dynamic.

SINUSOIDAL PWM TECHNIQUE [2]

Sinusoidal PWM is a typical PWM technique. In this PWM technique, the sinu-
soidal AC voltage reference v,, is compared with the high-frequency triangular
carrier wave v, in real time to determine switching states for each pole in the
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Reference voltage Vv, Carrier wave Vv,
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FIGURE 7.29
Sinusoidal PWM technique.

inverter. After comparing, the switching states for each pole can be determined
based on the following rule:

* Voltage reference v, > Triangular carrier v.: upper switch is turned on
(pole voltage = V,./2)

* Voltage reference v, <Triangular carrier v.: lower switch is turned on
(pole voltage = —V,./2)

Here, the peak-to-peak value of the triangular carrier wave is given as the DC-link
voltage V.. In this PWM technique, the necessary condition for linear modulation is
that the amplitude of the voltage reference v,,, must remain below the peak of the
triangular carrier v, i.e., Vs = V4/2. Since this PWM technique utilizes a high-
frequency carrier wave for voltage modulation, this kind of PWM technique is called
a carrier-based PWM technique. Especially, this carrier-based technique is called
SPWM since the reference is given as the shape of a sine wave. This is also called the
triangle-comparison PWM technique since this uses the carrier of a triangular wave.
Fig. 7.29 depicts the sinusoidal PWM technique for one phase.

MODULATING WAVE AND CARRIER WAVE

In the carrier-based PWM techniques, the desired voltage reference wave-
form is referred to as modulating wave. In addition, a wave which is modu-
lated with the modulating wave is referred to as carrier wave or carrier.
The carrier wave usually has a much higher frequency than the modulating
wave. The triangular waveform is the most commonly used carrier in the
PWM technique for modulating AC voltage. On the other hand, different
forms of modulating wave can be used according to the PWM technique.
Typical SPWM technique uses the sinusoidal modulating waveform.
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Difference Between Pole Voltage and Phase Voltage References

An inverter output determined by comparing a voltage reference with the
triangular carrier wave is the pole voltage. Thus the voltage reference that
is compared with the triangular carrier wave is considered as the pole volt-
age reference. Typical SPWM technique uses a phase voltage reference as
the pole voltage reference. On the other hand, different pole voltage refer-
ence can be used according to the PWM techniques.

In this PWM based on comparison with the triangular wave, if the ratio of car-
rier frequency to fundamental frequency is large enough (greater than 21), then
the fundamental component of the output voltage varies linearly with the refer-
ence voltage v, for a constant DC-link voltage as

Vol = VyerSin wt (7.40)

In addition, the fundamental frequency of the output voltage is identical to
that of the reference voltage.

The output voltage of Eq. (7.40) can be rewritten in terms of the modulation
index MI as

v,
Vor = %M[ sinwt (7.41)

Here, since vyer = V4 /2, s0 0=MI = 1.

The range of 0 =MI =1 is called the linear modulation range because, in
this range, the inverter can generate an output voltage linearly proportional
to the reference voltage as shown in Fig. 7.30. In this case, the PWM inverter is
considered to be simply a voltage amplifier with a unit gain.

A !
Actual Ml . . Overmodulation )
Linear region ) 6-step operation
R region L -
6-step S L e R
operation
y . 1
Maximum | . id
value for MI = Vl
, SPWM 0.8f V,./2)
0.6}
04l _i..p Actualvoltage
' ’ = reference
0.2}
0 ) ‘ ‘ . Reference
0 05 1 15 2 o M
FIGURE 7.30

Voltage modulation range for SPWM.
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However, when the reference exceeds the peak of the triangular carrier (i.e.,
MI > 1), the inverter cannot produce an output voltage linearly proportional to the
voltage reference. The range of MI>1 is called overmodulation region, where
the linearity of the modulation is lost. We will discuss the overmodulation techni-
ques in Section 7.5.

The maximum linear output voltage, V,./2, attainable by the SPWM tech-
nique corresponds to 78.5% of the maximum output voltage, 2V,. /7, by the six-
step inverter. Therefore, when using the PWM technique, the attainable maximum
limit of the linear modulation range is inevitably less than the maximum output
voltage of an inverter.

Fig. 7.31 shows the SPWM technique for a three-phase inverter.

In the SPWM technique, the switching frequency of an inverter is equal to
that of a carrier wave. From Figs. 7.29 and 7.31, we can see that the switch is
turned on/off once every period of the triangular carrier wave. Thus the SPWM
technique has an advantage of having a constant switching frequency. A constant
switching frequency makes it possible to calculate the losses of switching devices,
so the thermal design for them becomes easier. In addition, since the harmonic
characteristics will be well-defined, the design of a low-pass filter to eliminate
the harmonics will become easier.

FIGURE 7.31

SPWM technique for a three-phase inverter.
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Now we will evaluate which harmonics are contained in the output voltage gen-
erated by the SPWM technique. First, we will investigate the harmonic components
of the pole voltage vp as shown in Fig. 7.29. It is widely known that the pole volt-
age contains harmonics at the carrier frequency f. and frequencies of its integer
multiples (M), and the sidebands (N) of all these frequencies [4]. Thus these harmo-
nics, which are known as switching frequency harmonics, can be expressed as

Vo—i = Vpsin[2n(Mf, = Nf,)t + ¢,]

. (7.42)
= Vpsin[27f,(Mmy = N)t + ¢,,]

Here, f; is the fundamental frequency of the output voltage and miy is the fre-
quency modulation index, which denotes the ratio of the carrier frequency to the
fundamental frequency, i.e., my =f./f,. M and N are integers, and M + N is odd.
¢y, denotes the phase of harmonic component. From Eq. (7.42), the orders of har-
monics are given as

my, Wlfiz, mfi4, I’I’lfi6,...
2my = 1, 2my £ 3, 2me =5, 2me =7, ..
! ! ! ! (7.43)
3mf, 3mf + 2, 3mf + 4, 3Mf + 6, ‘e
4I’Hfi1, 4mfi3, 4I’Hfi5, 4mfi7,...

Among the harmonics, the component of order m, has the largest magnitude.
This means that the harmonic with the frequency equal to the switching frequency
/. is the largest one.

As an example, Fig. 7.32 shows the frequency spectrum for the pole voltage
of f, =50 Hz and my = 21. In this case, the harmonic of 1050 Hz(=21 X 50 Hz),
i.e., the switching frequency is the largest component.

AT T A
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f.* s |
0.8+ fe
0.6
04t 2f~f, 2t
f.=2f, | f.+2f,
0.2+ T T I I
T . T » f(Hz)
0 1050 2100

FIGURE 7.32
Frequency spectrum of the pole voltage for the SPWM.
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The higher the switching frequency is, the higher the order of the major har-
monic is. Thus, when a higher switching frequency is used, the quality of the
voltage waveform can be improved and filtering can be made easier. However,
this leads to greater switching losses. Therefore it is important to consider the
overall performance of the system when selecting the switching frequency.

Next we will examine the harmonic components for the line-to-line and phase
voltages. Since the line-to-line voltage is the difference between the two pole vol-
tages, they do not have any harmonic at multiples of three, which exist in the
pole voltages. As mentioned earlier, this is because the harmonics at multiples of
three included in the pole voltages will have no phase difference with each other.
Hence, if we select the value of m; as multiples of three, then the total harmonics
will be reduced in the line-to-line voltage due to the elimination of the harmonics
at multiples of three. For this reason, the value of my is usually selected as multi-
ples of three. Furthermore, among these values, only the odd values can eliminate
the even harmonics for the symmetry of three-phase PWM patterns. In that case,
the harmonic of order 2m; = 1 becomes the largest component for the range of
MI1<0.9, while m; =2 around MI=1. For example, Fig. 7.33 depicts the har-
monic spectrum for the line-to-line voltage in the case of my =21 and MI =0.8.
In this case, unlike that of the pole voltage, the largest harmonic component
becomes the order of 2m; = 1. The phase voltages have harmonic components
identical to those of the line-to-line voltages, but their magnitudes are different.

%Harmonics A
101
08 _"f“ Largest
’ harmonic
061 ¥ )
041 2f.~1, 2f.+1,
fo=2f,  f.+2f,
0.2+
al 1]
T = T = T » f(Hz)
0 1050 2100

FIGURE 7.33
Frequency spectrum of the line-to-line voltage for the SPWM (M/= 0.8, m;=21).
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The SPWM technique has been widely popular due to the simplicity of
its principle and analog implementation. In the analogue implementation of
the SPWM (referred to as naturally sampled PWM), an analog integrator is
used to generate a triangular carrier wave, and an analog comparator is used to
determine the intersection instants of the triangular carrier wave and modulat-
ing signal.

In contrast, its software-based implementation using a digital technique or
microprocessor is not easy because this requires solving the transcendental equa-
tion, which defines points of intersection used to determine the switching instants.
Instead, as shown in Fig. 7.34, the so-called regular-sampled PWM is used in
which the sinusoidal reference is held at a constant sampled value for the carrier
interval, and the sampled value is compared with the carrier wave to determine
the switching instants [5]. In the regular-sampled PWM, there are two types of
sampling, symmetric and asymmetric. In the symmetrical sampling of Fig. 7.34A,
the sinusoidal reference is sampled once at the peak of the triangular carrier
wave, whereas in the asymmetrical sampling of Fig. 7.34B, it is sampled twice at
both the positive and negative peaks of the triangular carrier wave. Nowadays, its
digital implementation can be easily done by using microcontrollers supporting
the dedicated module for the PWM signal generation.

Since the SPWM technique can perform voltage modulation every sampling
interval with a fixed switching frequency, it exhibits a better dynamic perfor-
mance than the programmed PWM. However, this technique has a limited
voltage linearity range (only 78.5% of six-step operation) and a poor waveform
quality in the high modulation range. To overcome these problems, many
improved PWM techniques have been developed. Improvements to extend the
voltage linearity range have been mainly done through the modification of the
modulating signal, resulting in nonsinusoidal modulating signals. As a typical
example of the improvement, the third harmonic injection PWM makes it possi-
ble to increase the fundamental component of the output voltages by 15.5%
more than the conventional SPWM technique. Now we will discuss the third
harmonic injection PWM.

(A

]
I

FIGURE 7.34

Regular-sampled PWM technique (A) Symmetrically sampling and (B) asymmetrically
sampling.
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THIRD HARMONIC INJECTION PWM TECHNIQUE [6]

The SPWM technique operates properly when the sinusoidal voltage reference v’
remains below the peak of the triangular carrier. This limits the range of linear
modulation in the SPWM technique. When the peak of the voltage reference v’
exceeds the peak of the triangular carrier (i.e., MI > 1) as shown in Fig. 7.35, a
pulse dropping, which indicates no intersection between the voltage reference and
the triangular carrier, happens. As a result, the linear relationship between the
voltage reference and the output voltage cannot be maintained.

Recall that the only effective voltage to a load is the fundamental component
contained in the output voltage. Thus, if we select the voltage reference of whose
fundamental component exceeds the peak of the triangular carrier but its own
peak does not, then it can be expected that the linear modulation range can be
extended. By adding a third harmonic to the voltage reference waveform, this
improvement can be attainable. This is because when a third harmonic is added to
the voltage reference waveform, the peak of the resultant waveform becomes less
than that of the original waveform as shown in Fig. 7.36. The technique that
adopts this principle is the third harmonic injection pulse width modulation
(THIPWM). By using the THIPWM, the fundamental of the output voltage can
be increased by 15.5% more than the conventional SPWM technique.

This deliberate third harmonic voltage is not present on the line-to-line
and phase voltages for a three-phase load with a floating neutral point such as AC

| Reference voltage v~ |

Pulse dropping | | Pulse dropping
. 20 _
0 g

< - > < - >
Overmodulation Overmodulation

FIGURE 7.35
Overmodulation in the SPWM technique.
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FIGURE 7.36
Principle of THIPWM.

FIGURE 7.37

Third harmonic injection pulse width modulation.

motors. Thus the injected third harmonic voltage does not cause any distortion on
the line-to-line and phase voltages.

Let us find the third harmonic voltage that gives an optimal performance in
the THIPWM. Assume that the voltage reference of phase as is v, = Vjsinwt as
shown in Fig. 7.37.

By adding the third harmonic to this voltage reference, the resultant voltage
reference becomes

v, = Vysin wr + V3sin 3wt (7.44)

For Eq. (7.44), the optimum value of V; that maximizes the fundamental of the
phase voltage is V; /6 [6]. The addition of a third harmonic with an amplitude of 1/6 of
the voltage reference can reduce the peak value of the voltage reference by a factor of
0.866 without changing the amplitude of the fundamental component. Accordingly, the
fundamental component of the phase voltage can be increased by 15.5% (= 1/0.866).
This value corresponds to 90.7% of the output voltage for a six-step inverter.

Instead of the factor of 1/6, it is known that a third harmonic with an ampli-
tude of 1/4 of the voltage reference can lead to a minimum harmonic distortion
on the output voltage. However, this amplitude incurs a slight decrease in the
maximum linear modulation value to MI=1.12. The THIPWM technique has a
disadvantage of implementation complexity of the third harmonic and steady-
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state current harmonic characteristics inferior to the SVPWM method. In addition
to the third harmonic, there is another THIPWM technique that uses a higher
order triple harmonic such as the ninth harmonic.

SPACE VECTOR PWM TECHNIQUE [7]

In the PWM techniques mentioned previously, the three-phase voltage references
are modulated individually. Unlike these, there is a PWM technique that uses a
different approach based on the concept of a space vector, called SVPWM. In the
SVPWM technique, the three-phase voltage references are represented as a space
vector v, in the complex plane, and this voltage reference vector is modulated
by output voltage vectors available from an inverter. The SVPWM technique is
now widely used in many three-phase inverter applications because it produces
fundamental output voltage 15.5% more than the one produced by the SPWM
technique and gives less harmonic distortion of the load current, lower torque rip-
ple in AC motors, and lower switching losses.

The concept of the space vector required in this PWM technique was discussed
in Section 4.3. For this PWM technique, since the three-phase voltage references are
given as a voltage space vector, the possible output voltages of an inverter also need
to be expressed as a space vector. In the Section 7.1.4, we saw that there are eight
possible switching states in a three-phase inverter. The output voltage vectors,
V, — V3, corresponding to the eight possible switching states, are shown in
Table 7.3. Refer to Example 3, which shows how to obtain these vectors. Fig. 7.38
depicts these output voltage vectors of a three-phase inverter in the complex plane.

Table 7.3 Output Voltage Vectors Corresponding to Switching States

Switch States Phase Voltages Space Voltage Vector
Sa Sp Sc Vas Vbs Ves Va(n=1-7)
0 0 0 0 0 0 Vo=0,0°
2 1 1 2
=V, ~V, — =V, V==V, °
1 0 0 3 /de 3 Vac 3 Ve 1= gV L0
1 1 2 2
1 1 0 g Ve 5 Ve - § Ve Vo= é Ve £.60°
1 2 1 2 R
0 1 0 7§Vdc §Vdc 7§Vdc V3—§Vch120
2 1 1 2
0 ’ ’ —§Vdc §Vdc §Vdc V4:§VacL180°
1 1 2 2
0 0 1 - g Vdc - § Vdc g Ve Vs = § Ve L 240°
1 2 1 2 R
1 0 1 é Vdc - § Vdc § Vdc V6 = § Vdc £.300
1 1 1 0 0 0 V;=0.,0°
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FIGURE 7.38

Output voltage vectors in the complex plane (or d—q axes stationary frame).

Six of these vectors, Vi — Vi, which are called active voltage vector, offer an
effective voltage to the load. The magnitude of all active vectors is equal to
2V,./3. However, they are 60° out of phase with each other. By contrast, the two
vectors, Vy and V5, are called zero voltage vector, which cannot yield an effective
voltage to the load.

EXAMPLE 3
Express the output phase voltage of a three-phase inverter as a space vector.
Solution
As an example, we will find the voltage vector V, for the switching state
of S,=1,5,=1,S.=0.

Voltage space vector definition:

2 1
V= g (Vas + AVps + azvcs) = Vas + ] T(th - vcs)

—en/3 — _ 1, .3 2 _ /3 _1 _ .3
(Here, 4= == +j8, a?=d*P=—2 i
_1 _1 _ 2
* Phase voltages: Vas = ngc; Vs = gvdc: Ves = _gvdc

Voltage vector V, = (% +j %) Vie = 3Vae £.60°

We can obtain voltage vectors for the remaining switching states in a
similar manner as shown in Table 7.3.
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7.2.4.1 Principle of space vector pulse width modulation technique

As the three-phase voltage references vary with time, the voltage reference vector
V" rotates in the counterclockwise direction in the complex plane as illustrated in
Fig. 7.39. This vector completes one revolution per electrical period of the refer-
ence voltage.

In the SVPWM technique, a voltage reference is given as a space vector of V"
and this voltage reference vector V' is generated by using the output voltage vec-
tors of a three-phase inverter. By using the two active voltage vectors adjacent to
V" and the zero vectors among the available eight voltage vectors, the SVPWM
technique produces a voltage that has the same fundamental volt-second average
as the given voltage reference vector V' over a modulation period 7.

Now we will describe how to generate a voltage reference vector. The voltage
reference vector V' is assumed to be inside a hexagon, which is formed by six
output voltage vectors of a three-phase inverter. Only when this condition is satis-
fied, the voltage reference vector can be modulated properly.

For example, consider a voltage reference vector V' given in sector @ of the
six segments in the hexagon shown in Fig. 7.39. In this case, the inverter cannot
generate the required voltage reference vector directly because there is no inverter
output vector that has the magnitude and the phase equal to those of the voltage
reference vector. Thus as an alternative, of the six active vectors, the two voltage
vectors adjacent to the voltage reference vector and the zero vectors are used to
generate a voltage that has the same fundamental volt-second average as the
given voltage reference vector V'. This modulation repeats each modulation
period T depending on the switching frequency.

Let us now examine this modulation process in more detail. The voltage refer-
ence vector V' is assumed to remain constant over the modulation period T;. The
process to synthesize the voltage vectors for generating the reference vector V'
consists of three steps as shown in Fig. 7.40.

V, | Phasevoltage |}
i reference vector }

Three-phase voltage references

* ; . Vs . 'V . .V

FIGURE 7.39

Rotation of voltage vector.
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In the first step, one of the two adjacent active voltage vectors, Vi, is applied
first during time 7). As a result, an output voltage with the magnitude of
Vi-(Ty/Ty) in the direction of the vector V| is generated. Next, another vector V,
is applied during time 7, to meet the magnitude and the phase of the voltage ref-
erence vector V. Through these two steps, it is possible to generate the same out-
put voltage as the voltage reference vector over the modulation period 7. Lastly,
if T} + T, <T,, then one of the zero vectors, Vy or V7, is applied during the
remaining time To( =T, — T — T).

The duration time (T, T, and Ty) of each voltage vector for generating a
given reference vector V' can be calculated as follows. The above modulation
process can be expressed mathematically as

T | Ty T\ +T T;

J Vidi= J V,dt + [ Vii1dt + J Vodt (7.45)

0 0 T Ti+T,

Assuming a constant DC-link voltage during 7, Eq. (7.45) can be rewritten as
VT =V, Ty + Vot - T (7.46)

As an example, if the voltage reference vector V' is given in the first sector @
(0=60=060°), Eq. (7.46) can be decomposed into two components as

. 2 2
T |V |cosO=T;- (gvdc> + T <3Vdc>cos 60°

) (7.47)
T, |V |sin0=T," (ngc) sin 60°
Solving Eq. (7.47) yields the duration times as
sin(60° — 0)
T, =T -aq — "~ 7.48
L T 60° 7:4%)
sin 0
T=Tya —— 7.4
27 in 60° (749)
TO = TS - (T] + T2) (750)
Apply effective vector 1 Apply effective vector 2 Apply zero vector
VZ,‘\ \ 2N 2
SN SN SN
\ \ \
\
\
\
\
\
\
\
7_I L
" v Y
FIGURE 7.40

Modulation process for voltage generation.
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Here, a = |V"| /%Vdc. The duration times for the voltage reference vector in the
other sectors @—® can be calculated in a similar manner.

Let us examine the achievable range of the output voltage by using the
SVPWM technique. In the SVPWM technique, the sum of the duration times for
the two active voltage vectors should not exceed the modulation period, i.e.,
T, + T, =T;. Using Eqgs. (7.48) and (7.49), the magnitude of the voltage reference
to meet this requirement can be obtained as

T+ =T, — v*s%m (7.51)

This equation indicates that the possible range of the voltage reference vector
V" is inside the hexagon formed by joining the extremities of the six active vec-
tors as shown in Fig. 7.41. However, for a voltage reference vector over one elec-
trical period, the range of the voltage reference vector should be inside the
inscribed circle of the hexagon to obtain the equal magnitude. Therefore the
radius of the inscribed circle, Vy./ /3, is the maximum fundamental phase voltage
in the SVPWM technique. This value is about 15.5% larger than that of the
SPWM technique and is equal to that of the THIPWM technique. The value cor-
responds to 90.7% of the output voltage in the six-step operation.

7.2.4.2 Symmetrical space vector pulse width modulation technique

In the Section 7.2.4.1, we described how to obtain the duration times of the active
and the zero voltage vectors to produce a given voltage reference vector. For
given selected vectors and their duration times, there are many ways to place
them within the modulation interval Tj.

£ 8

Maximum
phase voltage

v, v,

FIGURE 7.41
Possible range of the voltage reference vector in the SVPWM.
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The placement of these vectors does not affect the average value of the output
voltage over the interval Ty, but it significantly influences the linear modulation
range and harmonic characteristics of the output voltage. In particular, the place-
ment of the effective voltage vectors is important. Fig. 7.42 compares how the
magnitude and frequency of the current ripple of the load can vary with the place-
ment of the effective voltage vectors. Fig. 7.42A shows a case where the effective
voltage vector is placed in the middle of the modulation interval. Compared with
Fig. 7.42B, this placement results in a smaller current ripple and a higher ripple
frequency. Thus the placement of Fig. 7.42A can give a better harmonic perfor-
mance than that of Fig. 7.42B.

It was known that placing the effective voltage vectors at the center of the
modulation interval shows superior harmonic characteristics as shown in
Fig. 7.42A [8,9]. The SVPWM technique of this placement scheme is called sym-
metrical SVPWM technique. Moreover, this centering can increase the pulse width
further to modulate the effective voltage, resulting in an improved voltage modu-
lation range. The placement of the zero voltage vectors determines the position of
the effective voltage vectors within the modulation interval 7. Thus, in the sym-
metrical SVPWM technique, the two zero vectors, Vy and V5, during an equal
time of Ty /2 are distributed at the beginning and the end of the modulation inter-
val T; as shown in Fig. 7.43. Furthermore, in this case, to obtain the minimum
switching frequency, it is necessary to arrange the switching sequence in the order
of V(000) — V(100) — V,(110) — V4(111).

For this purpose, the two zero vectors of V and V7 are used alternately in the
interval T;. In such a switching sequence, the transition from one vector to
another vector can be performed by switching only one switch. In the next inter-
val, the switching sequence is reversed, i.e., V; - V, - V| — V; as shown in
Fig. 7.44 [9]. This interval also requires only one switching for the transition.

FIGURE 7.42

Current characteristics according to the placement of active voltage pulses. (A) Best case
and (B) worst case.
D.G. Holmes, The significance of zero space vector placement for carrier-based PWM schemes, IEEE Trans.
Ind. Appl., 32 (5) (1996) 1122—1129.
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T.: Voltage modulation period
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FIGURE 7.43
Switching sequence.
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FIGURE 7.44

‘«—— Switching beriod 2T, —

Alternate switching sequence.

Such alternating switching sequences at every modulation interval allow the

switching frequency to be reduced.

Fig. 7.45 shows the switching sequences in all six sectors for the symmetrical

SVPWM technique.

For this alternate switching sequence, the two modulation intervals 27}
become one switching period. For example, the modulation interval Ty of 100 ps
indicates a switching frequency of 5 kHz. Commonly, the modulation interval T
refers to the current control period. This is because a new voltage reference is

given at every current control period.
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Switching sequences in six sectors.

EXAMPLE 4
Describe the pole voltage for the symmetrical SVPWM technique.
Solution
From the vector duration times calculated for each sector as shown in
Fig. 7.45, we can obtain the pole an voltage for the SVPWM technique.

The pole an voltage for a given command vector V' in the first sector @
(0°=60=60°) from Eqs. (7.48) and (7.49) is

T, +T Vdc_\/g . (%_9)

In a similar manner, the pole voltages for the remaining sectors can be
obtained as:

Sector @ (60° =60 =120°):

Tl T2 Vdc * ™ _
Van = —Ts 5 = E'V |COS(E 9)
Sector @ (120° =6 = 180°):
_—TI—TQ_VdC__3 * 7T_
Van3 = 77} > 2|V |cos(6 0)
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Sector @ (180° = 6 = 240°):

0D Va3 00s(T -
M= >~ 2V 'COS(6 0)
Sector ® (240° = 6 = 300°):
_—h+T Ve 3 m_
Vans = T, 2 2|V |cos<6 0)
Sector ® (300° = 6 = 360°):
_ Tl + T2 . Vdc \/— ™ _
Van6 = —Ts 5 = T'V |cos(g 9)

The following figure shows the pole an voltage obtained in all sectors
for MI=1 (i.e., |V'| = V. /v/3).

A

y
A/ Q Phase voltage L

Pole voltage

® @

T

As can be seen in Example 4, it is interesting to note that the pole voltage is
not a pure sinusoidal wave but a waveform that contains a third harmonic compo-
nent similar to the modulation waveform of the THIPWM technique. In the
THIPWM technique, we can see that the addition of a third harmonic to the volt-
age reference can increase the fundamental of the phase voltage. Since the
SVPWM technique also exploits the third harmonic component, it can also be
considered to extend the linear modulation range more than the SPWM technique.

Fig. 7.46 compares the output torque and the harmonic distortion of the
load current for the SPWM and the SVPWM techniques [7]. It can be readily
seen that the SVPWM technique allows a value of M/ up to 1.15 and can produce
a harmonic distortion lower than that of the SPWM technique in the high modula-
tion range.

Contrary to the symmetrical SVPWM technique, the effective voltages in the
SPWM technique are not placed at the center, resulting in harmonic characteris-
tics inferior to those of the symmetrical SVPWM technique.



7.2 Pulse Width Modulation Inverters

(A) B)
0.003 0.16 : —
SPWM
~ 7
SPWM 0.12
0.002
/ /
0.08
SVPWM / SVPWM
0.001
0.04
0.0 0.2 0.4 0.6 0.8 1.0 1.15 0.0 0.2 0.4 06 08 1.0 1.15

Ml

FIGURE 7.46

Mi

Comparison between the SPWM and the SVPWM techniques. (A) Square of rms harmonic

current and (B) torque harmonic.

H.W. Van Der Broeck, et al., Analysis and realization of a pulse width modulator based on voltage space

vectors, |IEEE Trans. Ind. Appl., 24 (1) (1988) 142—150.
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FIGURE 7.47

Frequency spectrum of the phase voltages for the SPWM and SVPWM.

The harmonic orders contained in the SVPWM technique are similar to those
of the SPWM technique expressed in Eq. (7.42). However, from Fig. 7.47, it can
be seen that the relative magnitude of the switching frequency harmonics for the
SVPWM technique is smaller than that of the SPWM technique, and the SVPWM
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technique spreads its switching harmonic energy effectively into the sidebands.
Consequently, the THD of the SVPWM technique is less than that of the SPWM
technique, even though the harmonic of the double switching frequencies for the
SVPWM technique increases.

The disadvantage of the SVPWM technique is that it requires trigonometric
calculations and a greater computational effort to calculate the switching times of
active voltage vectors. However, nowadays, this method can be simply implemen-
ted by the carrier-based PWM technique using an offset voltage. This technique
will be discussed in more detail in Section 7.4.

The SVPWM technique described above uses the symmetrical modulation
method in which the two zero vectors are distributed during an equal duration
time. In this case, all switches in three poles operate at every modulation period.
Thus this is called three-phase modulation or continuous modulation. By contrast,
we can select different duration times for two zero vectors. Depending on the
selection, we can obtain various modulation methods, which differ in modulation
performances such as harmonic characteristics, voltage linearity, and switching
losses. Thus the placement of the zero vectors is a degree of freedom for modula-
tion in the SVPWM technique. A typical example of having unequally distributed
zero vectors is a modulation technique in which switches in only two of the
three poles operate to reduce the switching frequency. This is called two-phase
modulation or discontinuous modulation in which the switches of one leg are kept
inactive in the modulation interval as shown in Fig. 7.48. In this discontinuous
modulation technique, only one zero vector, either Tj or 77, is used. Accordingly,
this causes a loss of symmetry in the placement of effective voltage vectors.
However, due to switching in only two of the three poles, the overall switching
frequency can be reduced by 1/3 compared to the three-phase modulation. In the
higher modulation range, the discontinuous modulation produces a lower har-
monic distortion because of its higher net switching frequency. However, in the
low modulation range, due to a loss of symmetry, the discontinuous modulation
has a harmonic distortion higher than the continuous modulation.

T, T,
T T, L T, T
S, 1 i1 1 1 1 i1
S, 0 | 1 1 1 1|0
S0 0 1 1 0o 0
Vi Z v; , Y

FIGURE 7.48

Switching sequence in two-phase modulation.




7.3 Discontinuous PWM Techniques

DISCONTINUOUS PWM TECHNIQUES [10]

The PWM techniques described previously use a continuous modulation in
which the switching actions occur in all the three poles of an inverter. By con-
trast, in a discontinuous modulation (or two-phase modulation) that reduce the
switching frequency, the switching actions occur in only two of the three
poles. Though the aim of the discontinuous modulation is to reduce the switch-
ing frequency, some characteristics such as switching losses, harmonics, and
voltage linearity vary according to the location of the interval of the switches
being kept inactive (i.e., unmodulated section). Thus there could be various
discontinuous PWM (DPWM) techniques according to the location of the
unmodulated section. Here, six popular discontinuous PWM techniques will be
described.

For the symmetry in a three-phase system, the scope where the modulation
ceases can be a total of 120° section at most per fundamental cycle as shown
in Fig. 7.49. This indicates that, by using the unmodulated section fully, the
effective switching frequency can be reduced to 66.7% of the frequency of
the continuous PWM (CPWM) methods. Though the unmodulated section can
be placed at any position, it is normally placed around the peak of the
phase current to reduce the switching losses effectively. This is because the
switching losses are proportional to the magnitude of the current. Thus it is
necessary to place unmodulated sections differently according to the power
factor of a load.

60° DISCONTINUOUS PWM TECHNIQUE

This 60° discontinuous pulse width modulation (DPWM) technique ceases to switch
each switching device for two 60° sections around both the positive and the negative

v, Unmodulated region

Ve
2 Unmodulated region

FIGURE 7.49

Unmodulated sections.
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V,

dc

FIGURE 7.50
60° discontinuous PWM technique: pole voltage and phase voltage.

peaks of each phase voltage waveform. This DPWM technique shows the minimum
switching loss characteristic for near unity power factor loads such as utility inter-
face, UPS applications, and permanent magnet synchronous motors.

Fig. 7.50 shows the waveforms of the pole and phase voltages for MI=0.9
and 1.15, respectively, by using the 60° DPWM technique. In the 60° DPWM
technique, the pole voltage reference vjm is clamped to the positive DC rail
(V4:/2) for the 60° section around the positive peak of the phase voltage wave-
form v;s. So, the upper switch is kept on the “on” state for that section as shown
in Fig. 7.50. In addition, the pole voltage reference is clamped to the negative DC
rail (—V,./2) for the 60° section around the negative peak of the phase voltage
waveform. So, the lower switch is kept on the “on” state for that section.
Otherwise, the magnitude of the pole voltage reference v;n is adjusted to produce
the desired fundamental voltage.

We will discuss how to obtain the pole voltage reference for the DPWM
technique in the next section.

60° (£ 30°) DISCONTINUOUS PWM TECHNIQUE

To achieve the minimum switching losses for lagging power factor loads such as
induction motor drives, it is desirable that the modulation cease for the 60°
section shifted by + 30° phase with respect to the peaks of the phase voltage as
shown in Fig. 7.51A. On the other hand, the minimum switching losses for
leading power factor loads such as induction generators will need the 60° unmod-
ulated section shifted by -30° with respect to the peaks of the phase voltage
waveform as shown in Fig. 7.51B.

+ 120° DISCONTINUOUS PWM TECHNIQUE

For simplicity, there is a 120° DPWM technique in which the modulation ceases
for a total of 120° section. The unmodulated section can be either the largest or
the lowest 120° section of the phase voltage waveform as shown in Fig. 7.52.
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60°

FIGURE 7.51

60° (= 30°) DPWM technique: pole and phase voltages (M/=0.9) (A) 60° (+30°) DPWM
and (B) 60° (—30°) DPWM.

(A) B)

_ Jdc|

FIGURE 7.52

120° DPWM technique: pole and phase voltages (M/=0.9). (A) +120° DPWM and
(B) —120° DPWM.

However, these techniques have nonuniform thermal stress on the switching
devices.

30° DISCONTINUOUS PWM TECHNIQUE

This 30° DPWM technique has less harmonic distortion than other DPWM techni-
ques. As shown in Fig. 7.53, the 30° DPWM technique has four unmodulated sec-
tions, each equal to 30° section.

It should be noted that, as shown in Fig. 7.50—7.53, the pole voltage refer-
ences in the DPWM techniques become a nonsinusoidal waveform whose shape
depends on the position of the unmodulated section.

The DPWM techniques can lead to a reduction in the switching losses and an
improved waveform quality in the high modulation range. However, a poor low
modulation range performance and its implementation complexity have limited
the application of these DPWM techniques. In addition, they exhibit a nonlinear
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FIGURE 7.53
30° DPWM technique: pole and phase voltages (M/=0.9).
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HDF comparison with different voltage modulation technigues.
A.M. Hava, R.J. Kerkman, T.A. Lipo, A high-performance generalized discontinuous PWM algorithm, |EEE
Trans. Ind. Appl., 34 (5) (1998) 1059—1071.

relation between the reference and output voltage in very low modulation range.
Fig. 7.54 shows harmonic distortion factor (HDF) curves of all the discussed
PWM techniques under an equal inverter average switching frequency (thus the
HDF of the DPWM methods is multiplied by (2/3)2) [10]. We can see from the
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HDF curves that the CPWM methods have a better HDF in the low modulation
range, while the DPWM techniques are superior in the high modulation range
of MI>0.8.

LINEAR PULSE WIDTH MODULATION TECHNIQUES

—— Programmed PWM

Sinusoidal PWM
Linear PWM —— Carrier- based PWM —[
Third harmonic injection PWM

— Symmetrical PWM

Continuous

PWM ——+— Minimum THD PWM

‘— Random PWM

— Space vector PWM — 60° DPWM
— 60°(+30°) DPWM
Discontinuous __|  gpo(_3p°

PWM 60°(-30°) DPWM
— 30° DPWM

— 120° DPWM

L— Minimum loss PWM

The DPWM techniques explained above can be equivalently implemented by
changing the duration time of zero vectors, Vj and V7, in the SVPWM technique.
This implies that modifying the pole voltage in the triangle-comparison PWM (or
carrier-based PWM) technique is considered to be equivalent to changing the
duration time of zero vectors in the SVPWM technique. Like this, we can see that
there is a correlation between the SVPWM and the triangle-comparison PWM
techniques.

Fig. 7.55 shows the six discontinuous PWM techniques and their distribution of
zero vectors [11,12]. Here, p denotes the distribution factor (or apportioning factor),
which indicates the distribution of zero vectors inside the modulation interval as

p= T (7.46)

fo_vo T 1o_y7
where #p_,0 and fy_,7 are the duration times of zero vectors, V and V7, respec-
tively. The distribution factor has a range of 0 =y =1. The range of 0 < <1
results in a continuous modulation, while ;=0 or 1 results in a discontinuous
modulation. The best choice is p=0.5 (e., f w0 =t 7 =7To/2), which
results in the conventional symmetrical SVPWM technique. The use of =1
(i.e., to_w =0 and ty_,7 = Tp) in which only the zero vector of V; is employed,
results in +120° DPWM technique. On the other hand, the use of ©=0 (.e.,
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FIGURE 7.55

Several DPWM techniques and their distribution of zero vectors. (A) +120°

DPWM, (B) —120° DPWM, (C) 30° DPWM, (D) 60° DPWM, (E) 60°(+30°) DPWM,
(F) +60°(=30°) DPWM.

E. Silva, E. Santos Jr., C. Jacobina, Pulsewidth modulation strategies nonsinusoidal carrier-based PWM and
space vector modulation techniques, IEEE Trans. Ind. Electron. Mag. (2011) 37—45.
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FIGURE 7.56

to_vo = To and #y_,7 =0) in which only the zero vector of V, is employed, results
in —120° DPWM technique. The alternating use of =0 or 1 for each 60°
section can realize other four DPWM techniques as shown in Fig. 7.55C—F. In
all the PWM techniques discussed above, it is interesting to note that all the phase
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voltage references are a pure sinusoidal waveform. However, they are different in
the pole voltage references, i.e., the modulating signals, resulting in a different
modulation performance.

PWM TECHNIQUE BASED ON OFFSET VOLTAGE [13,14]

In the Section 7.3.4, we saw that there is a correlation between the SVPWM and
the triangle-comparison PWM techniques. In this section, we will discuss a new
PWM technique as shown in Fig. 7.56, which allows the SVPWM technique to be
implemented easily based on the triangle-comparison PWM technique.

In addition to the SVPWM technique, this generalized PWM technique
can actually allow almost all the PWM techniques to be implemented based
on the triangle-comparison PWM technique. This technique can reproduce the
existing PWM techniques by modifying the pole voltage with the offset voltage
(or the zero-sequence voltage).

Prior to explaining this technique, it should be noted that the output voltage of
an inverter is the pole voltage. Thus, in the triangle-comparison PWM techniques,
the modulating wave, which is compared with the triangular carrier wave, is the
pole voltage reference. The SPWM technique use the phase voltage reference as
the modulating wave as shown in Fig. 7.57. Thus, in the SPWM technique, the
pole voltage reference is equal to the phase voltage reference.

On the other hand, in the THIPWM technique, the voltage reference, which is
produced by adding a third harmonic to the phase voltage reference, is compared
with the triangular carrier wave as shown in Fig. 7.37. Thus the pole voltage ref-
erence is not equal to the phase voltage reference. In addition, we can see from
Section 7.3 that the DPWM techniques use pole voltage references that are differ-
ent from the phase voltage reference.

Pole voltage reference [ Carrier Wave |
Phase Phase Phase i 7 ’
a c ) Phase

Pole
voltage . voltage ;
£ ; ; ; v _

1 an

Ve
2

FIGURE 7.57
SPWM technique.
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Based on this knowledge, we can generalize that the pole voltage reference in
the PWM techniques can be given by adding an offset voltage vy, to the phase
voltage reference as

* *
Van = Vas + Von

V;m = st + Vg (7.52)

« «
Vep = Ves T Ven

This is based on the fact that the added offset voltage disappears in the line-
to-line voltages and the phase voltages for the three-phase inverter. Since the
line-to-line voltage is given as the difference between two pole voltages, this off-
set voltage is canceled in both the line-to-line voltages and the phase voltages as

Vab = Van = Vi (1.53)

Vi = 5 (i = v (7.54)

Therefore, although the phase voltage reference in an inverter is always given as
a pure sinusoidal waveform, the pole voltage reference can be modified by the
applied offset voltage. According to the applied offset voltage, the modulation per-
formance such as voltage linearity, harmonics, and switching losses can be changed.

The choice of this offset voltage vy, is completely arbitrary. However, there is
a limitation on the value of the offset voltage. For the linear modulation, since
the reference voltage should not exceed the peak of the triangular carrier wave,
the value of the offset voltage should be chosen so that the resultant pole voltage
references v, w vzn, v, satisfy the following condition.

a
Ve ek 1%
—— SVam’vbn’vcns &
2 2

cn

(7.55)

By adding the arbitrary offset voltage within the allowed range, various pole
voltage references can be obtained. Therefore the offset voltage is considered to
be the degree of freedom in choosing various modulation techniques.

In the SPWM technique shown in Fig. 7.58A, the output voltage is determined
by comparing the phase voltage reference with the triangular carrier wave.

(A) (B)

Phase voltage [ Pole voltage )

- y reference .
Offset voltage =0 . < g ) reference Offset voltage

A AN
TV RO

FIGURE 7.58
Offset voltage for (A) SPWM and (B) THIPWM techniques.

Pole voltage reference =
Phase voltage reference
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Thus the phase voltage reference is equal to the pole voltage reference
(e.g., v,, =v..). In this case, the offset voltage vy, = 0.

On the other hand, in the THIPWM technique shown in Fig. 7.58B, since the
pole voltage reference generated by adding a third harmonic to the phase voltage
reference is compared with the triangular carrier wave, the offset voltage vy, is
the third harmonic voltage.

Now we will discuss how the symmetrical SVPWM technique can be equiva-
lently implemented as the triangle-comparison PWM technique employing the
offset voltage.

SPACE VECTOR PWM TECHNIQUE IMPLEMENTATION BASED
ON OFFSET VOLTAGE

In the symmetrical SVPWM technique, the effective voltage vectors are always
placed at the center of the modulation interval 7;. In the triangle-comparison
PWM technique, if the absolute values of the maximum V,,,, and the minimum
Vimin 1n the three-phase voltage references are equal to each other, then the resul-
tant effective voltage generated from the comparison with a triangular carrier
wave is also placed at the center of the modulation interval as shown in Fig. 7.59.

If this requirement is met by adding the offset voltage, then the original
SVPWM can be equivalently implemented as the triangle-comparison PWM

Ve
Vma.\’ ----
lv *
Vmid
0 L4 >
TS 27}
A
Vv min
—_dc
2
Zero Effective Zero Zero Effective Zero
vector v vector vector  vector vector vector
\ P 0 1 1 1 1 1 1 0
Switching
functions *~? 0 01 1 1 110 0
\4
S.i 0 0 o0 1 1 0 0 O

FIGURE 7.59

Symmetrical SVPWM technique.
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technique. For this purpose, we establish the offset voltage to obtain the same
absolute values of the maximum and the minimum voltage references as

_ an(,l.X + Vmax

Vmax + Ven = — (Vmin + V,\'n) - Ve = 2

(7.56)

Using the pole voltage references obtained by adding the offset voltage of
Eq. (7.56) to the phase voltage references, an equivalent SVPWM technique can
be readily implemented without a complicated calculation as shown in Fig. 7.60.

Fig. 7.61 shows the pole voltage reference, the phase voltage reference, and
the offset voltage in this equivalent SVPWM technique for MI = 0.9. It can be
seen that the SVPWM technique employs the pole voltage obtained by adding the
offset voltage, which is a third harmonic in the shape of a triangular wave. This
modified pole voltage is equal to the pole voltage as shown in Example 4.

* +;f\ an + _ T
Vas O ~O—|LE Sa

* + +4 vbn + -1 T S
Vs 1\ _ O—r—C b

+4 . —X

* + cn !

Ve »() »() £ EI—» S,
+ —
Yyvyvy

FIGURE 7.60
Equivalent SVPWM technique by using the offset voltage.

FIGURE 7.61
Voltages for equivalent SVPWM by using the offset voltage (M/=0.9).
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Next gives a description on the THIPWM technique implementation by
using the triangle-comparison PWM technique. As noted in the earlier section,
the THIPWM technique uses the pole voltage obtained by adding a third har-
monic with the amplitude of 1/6 of the phase voltage reference to the phase volt-
age reference. Thus this third harmonic is considered to be an offset voltage.
From the three-phase voltage references, we can find that the offset voltage is
given as [12]

*  x %
VasVbsVes

__as'bs¥es 7.57)
BTN T (
Va% + Vbs + vc%

Ven = —

Fig. 7.62 shows the pole voltage reference, the phase voltage reference, and
the offset voltage for this case.

Likewise, other DPWM techniques can be also implemented by choosing
an appropriate offset voltage as shown in Fig. 7.63. As one example, the offset
voltage for the +120° DPWM technique is given as [13]

Vref
2

Ve = — Vinax (7.58)

In this manner, various PWM techniques can be effectively implemented
based on the modified pole voltage reference by using an offset voltage. This
modification results in the change of the distribution time of zero vectors. As
shown in Fig. 7.64, when the three pole voltage references are changed by the
offset voltage, the position of the effective voltages is changed without any
change in its duration time. Thus the SVPWM and the triangle-comparison PWM
techniques have different approaches for the modulation, but there is a close cor-
relation between the two techniques.

The pole voltage references used in each PWM technique ultimately
defines the switching instants by their comparison with the triangular carrier
wave. However, without such comparison, the switching instant of the gating
pulse for each switch can be easily calculated as follows. For example, the

Vae
2

FIGURE 7.62
THIPWM technique implementation by using the offset voltage (M/=0.9).
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(A) (B)

FIGURE 7.63

Implementation of different DPWM techniques by using the offset voltage. (A) +60°
DPWM, (B) 60° (—30°) DPWM, (C) 60°(+30°) DPWM, (D) 30° DPWM, (E) +120°
DPWM, (F) —120° DPWM.
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FIGURE 7.64

Position change of the effective voltage according to the offset voltage.
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FIGURE 7.65
Switching instant of the gating pulse for each switch.

switching instant of the gating pulse for the upper switch of phase as in
Fig. 7.65 can be calculated as:

» Off gating sequence:

Vdc + .

Ta 2 Van 1 V)S TS V*
4 £ 0 4 Can T =24 _ap 7.59
Ts Vdc 2 Vd(' - 2 Vdv * ( )

¢ On gating sequence:
T, v

7.=2 _VYayg 7.60
=5 Ty (7.60)

OVERMODULATION

A PWM inverter can correctly generate the required voltage reference by adopt-
ing any PWM technique previously explained. However, the linear modulation
range for its output voltage is limited and varies with PWM techniques. In the
SPWM technique, when the amplitude of the voltage reference wave becomes
larger than the peak of the triangular carrier wave, or in the SVPWM technique
when the voltage reference vector lies outside the hexagon boundaries as shown
in Fig. 7.66, the PWM inverter cannot correctly produce the desired voltage refer-
ence. These conditions are called overmodulation.

The beginning of the overmodulation region depends on the type of PWM
technique used as shown in Fig. 7.67. For the SPWM technique, the overmodula-
tion starts at 78.5% (V,./2) in reference to the output voltage of six-step opera-
tion (2V4/m). On the other hand, for the conventional SVPWM, the
overmodulation starts at 90.7% (V,./ «/3).
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Overmodulation. (A) SPWM and (B) SVPWM.
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Overmodulation region.

In the overmodulation region, the voltage linearity is lost because the output
voltage fundamental component becomes less than its command value.
Furthermore, the output voltage contains a lot of harmonics. As a result, the per-
formance of the current regulator will be degraded, and the vector control may
not be performed correctly. When a voltage reference exceeds the linear modula-
tion range of an inverter output voltage, an appropriate overmodulation method is
necessary to modify the voltage reference within the linear modulation range or
to produce the output voltage equal to its reference on average.
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The overmodulation method can be classified into two groups: dynamic over-
modulation method for the transient operation and steady-state overmodulation
method for the steady-state operation.

*  Dynamic overmodulation methods [15,16]

The dynamic overmodulation methods handle the excessive voltage dur-
ing transients such as the change of speed command or load torque. This is
necessary for improving the dynamic response of a closed-loop current reg-
ulator in the high-performance AC motor drives such as vector control.

e Steady-state overmodulation methods [17,18]

The steady-state overmodulation methods handle the overmodulation
range voltage required in the steady-state operation. This method is important
for the AC motor drives that require full inverter voltage utilization such as
traction drives. In this case, the overmodulation methods should support a
smooth transition from linear PWM operation to six-step mode operation.

Several overmodulation methods for the two popular SPWM and SVPWM
techniques have been developed. However, we will describe overmodulation
methods for only the SVPWM technique.

DYNAMIC OVERMODULATION METHODS

In the SVPWM technique, if the voltage reference vector lies outside the hexa-
gon, an inverter cannot produce that vector, and thus a new voltage reference vec-
tor on the hexagon boundary must be selected instead. There are three choices for
modification of a voltage reference vector as follows.

7.5.1.1 Minimum-phase-error pulse width modulation method

This method modifies the voltage reference vector V' so that its magnitude is lim-
ited to the hexagon boundary while the phase is maintained as shown in Fig. 7.68.

FIGURE 7.68

Minimum-phase-error PWM method.
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This method is widely used due to its simplicity in implementation. However,
since the new reference vector, V,_, is selected irrespective of the magnitude of
the original reference vector as shown in Fig. 7.68, this method has sluggish tran-
sient dynamics. In addition, it is impossible to carry out six-step operation with
this method, and thus full DC input voltage utilization of an inverter cannot be
achieved. For implementation of this method, the switching times of active vec-
tors for generating a voltage reference vector can be simply modified as

T

T, = T 7.61

T, ! (7.61)
T

T, = ‘T 7.62

2T+ 2 (7.62)

7.5.1.2 Minimum-magnitude-error pulse width modulation method

This method focuses on maintaining the magnitude of the voltage reference
vector V' rather than its phase. To minimize the magnitude error between the
modified and the original voltage reference vector, the modified voltage vector,
V;ew, which is perpendicular to the hexagon boundary, is selected as shown in
Fig. 7.69.

For implementation of this method, the switching times of active vectors for

generating a voltage reference vector can be modified as

T\ +T,—T,
T\ =T —-——>2 = (7.63)
2
T, +T,—T,
T’2=T2—% (7.64)

This overmodulation strategy has a better dynamic performance than the
minimum-phase-error pulse width modulation method (MPEPWM) and also
enables a smooth transition to six-step operation.

FIGURE 7.69
Minimum-magnitude-error pulse width modulation method.
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7.5.1.3 Overmodulation method considering the direction of current [16]

This is an overmodulation strategy that is focused on the transient performance of
the current controller in the high-performance AC motor drives. The voltage ref-
erence vector V' for regulating motor currents consists of the PI output voltage
vector V,; and the back-EMF vector as was described in Chapter 6. The direction
of the PI output voltage vector V;,, determines the transient response of the cur-
rent. Thus this method selects a modified vector V. that can maintain the direc-
tion of the PI output voltage vector as shown in Fig. 7.70. Even though this
overmodulation strategy shows a better dynamic performance, its implementation

is complex and needs information on back-EMF.

STEADY-STATE OVERMODULATION METHODS

Here, we will introduce two techniques to handle the overmodulation range volt-
age required in the steady-state operation.

First, we begin with the steady-state overmodulation method by using the
compensated modulation technique [17]. An inverter can be considered as a volt-
age amplifier with unit gain, which can produce a fundamental component of the
output voltage equal to its reference value. However, as the modulation index
increases in the overmodulation region, the voltage gain reduces sharply in a non-
linear manner. In other words, the output voltage becomes less than its reference
value. The reduction of the voltage gain G of the inverter depends on the modula-
tion technique as shown in Fig. 7.71. Here, since the modulation index MI in the
overmodulation region becomes greater than 1, we redefine the modulation index
M= v,y /(2V,. /) as the ratio of the fundamental output voltage to the fundamen-
tal voltage of six-step operation. Thus, the output voltage of six-step operation,
2V /7, corresponds to M = 1.

FIGURE 7.70

Method considering the direction of current.
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FIGURE 7.71
Voltage gain G for various PWM techniques [17].

A.M. Hava, R.J. Kerkman, T.A. Lipo, Carrier-based PWM-VSI overmodulation strategies: analysis, comparison,
and design, IEEE Trans. Power Electron., 13 (4) (1998) 674—689.

For the SPWM method, the overmodulation begins at M = (0.785, and its non-
linear voltage gain G in the overmodulation region can be expressed in terms of

the modulation index as
2. /1 1 [
G= = |:sm (1171) + i 1—- W] (7.65)

The compensated modulation technique compensates for the reduced gain in
the overmodulation region. In this method, after calculating the voltage gain for
each PWM technique, the voltage reference is multiplied by its inverse function
so that the nonlinearity is canceled as shown in Fig. 7.72. However, the drawback
of this method is that the online computation of the gain function and its inverse
are very difficult.

Next we will discuss another steady-state overmodulation method, which
modifies the voltage reference vector in the SVPWM technique. In the SVPWM
technique, when the voltage reference vector V' lies outside the hexagon bound-
aries, a PWM inverter cannot correctly produce the required voltage. Thus this
method modifies the magnitude and/or the phase of the voltage reference vector
to produce an output voltage equal to its reference on average per fundamental
cycle [18]. As shown in Fig. 7.73, the phase and the magnitude of the voltage
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Steady-state overmodulation by using compensated modulation technique.

Vi L% pwm

Controller » Preprocessor » —» 7
Inverter

)

FIGURE 7.73
Steady-state overmodulaion method for the SVPWM technique.

reference vector is changed by a preprocessor. The modified reference vector is
then fed to the modulator.

In this method, the overmodulation region is subdivided into two different
modes: mode 1 (0.907 =M = 0.952) and mode 11 (0.952 <M = 1.0).

7.5.2.1 Overmodulation mode | (0.907 <M < 0.9523)

In this range, the preprocessor modifies the magnitude of the voltage reference
vector V' while its phase is transmitted without any change. Although the
SVPWM technique utilizes a linear modulation range limited up to V./ V3, it
can modulate more voltage according to the position of the voltage vector. For
example, a voltage of 2V,./3 can be achieved at the vertex of the hexagon.
Exploiting this fact, the reduced fundamental component around the center por-
tion of the hexagon sides can be compensated by producing more fundamental
around the vertices as shown in Fig. 7.74.

Accordingly, it is possible to produce an output voltage equal to its reference on
average per fundamental cycle. In Fig. 7.74, the dashed circle represents the trajectory
of the the required reference vector V' and the solid line represents the trajectory of
the new reference vector V:,ew modified by the preprocessor. The limit of the overmo-
dulation mode I is reached when the modified trajectory fully coincides with the hexa-
gon. The maximum modulation index of this mode is M = 0.9523. This value can be
calculated from the radius of a circle with an area equal to that of the hexagon as

2
Vinax = 1 | —=Vac = 0.606 V4. 7.66
/;z ¢ : (7.6

Fig. 7.75 depicts the actual phase voltage reference according to the modula-
tion index M in the overmodulation mode I. As the modulation index M increases,
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Overmodulation mode |I.
J. Holtz, W. Lotzkat, A. Khambadkone, On continuous control of PWM inverter in the overmodulation range
including the six-step mode, in Conf. Rec. IEEE IECON, 1992, pp. 307—312.
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FIGURE 7.75

Phase voltage reference in the overmodulation mode |I.

the actual phase voltage reference is turned into a nonsinusoidal waveform.
This implies that the harmonics are increased along with the fundamental content
of the voltage reference.

7.5.2.2 Overmodulation mode Il (0.9523 <M= 1)

In this range from M >0.9523 to six-step operation mode, the preprocessor
changes both the magnitude and the phase of the voltage reference vector V'. In
the six-step operation producing the maximum output voltage, the six output vec-
tors placed at the vertices of the hexagon are held sequentially within each dis-
crete 60° interval. Based on this fact, in this mode, an output voltage equal to its
reference on average can be achieved by adjusting the duration time for which
the six vectors are held. Fig. 7.76 illustrates this more in detail. Although the volt-
age reference vector V' moves along a circle with the fundamental angular fre-
quency, the modified reference vector V:, remains fixed at the vertex for a
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FIGURE 7.76

Overmodulation mode I
J. Holtz, W. Lotzkat, A. Khambadkone, On continuous control of PWM inverter in the overmodulation range
including the six-step mode, in Conf. Rec. IEEE IECON, 1992, pp. 307—312.
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FIGURE 7.77

N4

Actual phase voltage reference in the overmodulation mode II.

particular interval (is called a hold angle «) and moves along the side of the
hexagon for the rest of the fundamental period. Here, o and ap are the angles of
the voltage reference vector and the modified reference vector, respectively.

The hold angle oy, controls the fundamental voltage and is given as a nonlinear
function of the modulation index M [18]. Fig. 7.77 depicts the actual phase voltage
reference according to the modulation index M in the overmodulation mode II. As
the modulation index M increases, the actual phase voltage reference turns into a
typical square waveform of the six-step operation. In this method, the waveform
of the phase voltage is adjusted according to the modulation index M, as can be
seen in Figs. 7.75 and 7.77, while Ref. [19] proposed a overmodulation method by
adjusting the waveform of the pole voltage directly according to M.

DEAD TIME [20—23]

When both switches in an inverter leg are turned on simultaneously, the DC
source is short-circuited, resulting in a current dangerous enough to destroy
switches. Hence, this switching state should be inhibited at all times. Therefore,
the pair of switches in a leg always changes their switching states in a
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complementary manner. Nevertheless, there is a possibility of an unexpected
short-circuit of the leg. The main reason is that, due to the storage time in the
turn-off process, the turn-off time of a switching device is always longer than the
turn-on time. For example, Fig. 7.78 clearly shows a difference between the turn-
on and the turn-off times from device characteristics for an IGBT [24].

Therefore, when the gating signals for changing the switching states are given
at the same time, a momentary short-circuit is likely to happen. This is because
one of the devices is being driven “on” while the other one may be still conduct-
ing. To prevent such undesirable short-circuit of the DC-link, the incoming switch
is turned on after a sufficient time has passed to allow the turn-off of the outgoing
switch as shown in Fig. 7.79.

Such small time delay, which is inserted prior to the gate signal of the
turning-on device, is called dead time or blanking time. The dead time depends
on the type and the size of a semiconductor device. A value of 1—3 ps is typical
for a medium-power IGBT.

Gate
voltage

Switch
voltage &
current

i ———————>!

Turn-on .time Turn-off timé
FIGURE 7.78
Switching characteristics of an IGBT.
"""" S+ On Off
Command
S— Off On
DC
source @ g nil td('ud

Actual
switching

2 :
------- Tlefol T

FIGURE 7.79

Dead time injection.
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DEAD TIME EFFECT

During the dead time, there is a problem of which the output voltage of the
inverter may be different from the voltage command. Thus we need to examine
the effects of the dead time on the output voltage. During the dead time, since the
load current does not conduct through a switching device but through a diode, the
output voltage of the inverter is different according to the direction of the current.
For example, examine the output voltage for section @ of the dead time as shown
in Fig. 7.79. In this section, the lower switch § — changes from on-state to off-
state, and the upper switch S+ changes from off-state to on-state. In addition,
the turn-on signal of S+ is delayed by the dead time. During the dead time, if
the load current is negative, then the current will flow through the upper diode
D + . This results in an output voltage of V,./2 equal to the desired voltage com-
mand. On the other hand, if the load current is positive as shown in Fig. 7.80,
then it flows through the lower diode D —. In this case, the output voltage

S+
Command

¥

Actual
Switching

Ve
2
Output

Voltage

Error
voltage

-V,

de

S-
Command

4

Actual
Switching

Off On

N ? St t{[ea{[

ldeud

Off On

S+

Output
Voltage

dc

Error
voltage

FIGURE 7.80

Voltage error due to the dead time.
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becomes —V,. /2, and thus there is an error value of —V, when
compared with the voltage command. On the other hand, in Section 7.2, the lower
switch S- changes from off-state to on-state in order to produce the output voltage
of —V,./2 and the turn-on signal of S- is delayed by the dead time. In this case,
if the load current is negative as shown in Figure 7.80, then the current will flow
through the upper diode D + during the dead time. The output voltage becomes
Va/2, and thus, there is an error value of V,;. when compared to the voltage
command.

Fig. 7.81 shows the voltage errors due to the dead time over one cycle of the
voltage reference. The magnitude of each error is V. and its width is the dead
time #4.,4, and its polarity depends on the direction of the current. Although each
error is small, the accumulation of these errors over a half cycle is often sufficient
to distort the output voltage. The average magnitude of the voltage error V., is
expressed as [20]

Verr = ldead Vdcfsw (767)

where f§,, is the switching frequency.

This voltage deviation causes fundamental voltage drop and voltage waveform
distortion. The distorted voltage induces the low-order harmonics of fifth and sev-
enth in motor currents, causing current waveform distortion. This also results in
torque pulsations as well as additional losses. Moreover, due to the dead-time
effect, the estimated flux angle for the vector control of an induction motor
includes the sixth-order harmonic. Fig. 7.82 shows that the phase currents and the
estimated flux angle are distorted due to the dead-time effect. In particular, the
dead-time effect becomes more significant at low speeds. Since the motor voltage

A — 7\ A-A _A‘ A A
vV oV V VY Wiy
Reference 1 ’f I w ] ]
voltage

>t
V, . dead 1 i | i | 1 N
Actual
voltage
0
Vdc' B
i(?
Error
voltage 0 T R —
H H »“$ tdead H
_Vd<' =
FIGURE 7.81

Actual output voltage and voltage error due to dead time.
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in the low-speed region is low, it is susceptible to the distortion voltage. In the
open-loop AC motor drives, the instability problem may occur at a light load or
no load (implying low current) [21]. Thus it is necessary to compensate the volt-
age deviation due to the dead time.

In addition to the dead time, the nonlinearity caused by the turn-on/off delay and
the voltage drop across power switches and diodes as shown in Fig. 7.83 can distort

(A) (B)

i

FIGURE 7.82

Dead-time effects. (A) Phase currents and (B) flux angle.

Voltage reference

v, —» Dead time

» Turn-on time —» Turn-off time

Voltage drop of switch

o I P y Voltage drop of diode

Voltage reference __ __ Actual voltage

0

FIGURE 7.83

Nonlinearity of an inverter.

N. Urasaki, T. Senjyu, T. Funabashi, A novel method utilizing trapezoidal voltage to compensate for inverter
nonlinearity adaptive dead-time compensation strategy for permanent magnet synchronous motor drive, |EEE
Trans. Energy Conv., 22 (2) (2007), 271-280.



336

CHAPTER 7 Pulse width modulation inverters

the output voltage of an inverter [22]. Thus it is necessary to compensate the voltage
distortion due to the nonlinearity of an inverter in addition to the dead-time effect.
There are two types of dead-time compensation techniques. One is feedforward
compensation technique that adds the error voltage to the voltage reference and the
other is the pulse-based compensation technique that corrects the pulse errors due
to the dead-time effect on a pulse-by-pulse basis. The feedforward compensation
technique has a better performance than the pulse-based compensation technique.
However, the pulse-based compensation technique can be easily implemented.
Now we will discuss the pulse-based dead time compensation technique in detail.

DEAD TIME COMPENSATION [23]

In the pulse-based dead time compensation technique, the voltage distortion is
corrected by adjusting the switching instants. Since the voltage error due to the
dead time is different depending on the direction of the current, the voltage error
needs to be compensated according to the sign of the operating current as follows.
Now we will examine the dead time compensation for a switching sequence with
a dead time added to the turning-on pulse.

7.6.2.1 Positive current: i, >0

If i, > 0 during the dead time f4.,4, then the current conducts through the lower
diode, and thus the output voltage always becomes —V,./2. Hence, as shown
in Fig. 7.84, when S+ is turning on and S — is turning off, the actual voltage

| T,—>a—— T, ‘
§ : ; ! Voltage
Triangular / | / reference

carrier wave

Desired voltage

Actual | Ly [
voltage } ‘
in >0 :—‘ ~.  Error
! voltage
| . J
! Viae !
! 2 ]
Actual | ot e
| \ “dead
voltage -
| .
i(, <0 | Error |

| voltage

FIGURE 7.84
Dead-time effect.
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of —V,4./2 is less than the voltage reference of V,./2 during the dead time. The
resultant error is — V.. On the other hand, if S — is turning on and S + is turning
off, then the actual voltage during the dead time is equal to the voltage reference.

The left side of Fig. 7.85 shows the compensation for the voltage error by the
dead time when S + is turning on and S — is turning off. In this case, the pulse
transition time is advanced by the dead time f#4,4 to obtain the actual voltage
identical to the voltage reference.

7.6.2.2 Negative current: i, <0

If i, <O during the dead time 74,4, then the current conducts through the upper
diode, and thus the output voltage always becomes V,./2. Hence, when S+ is
turning on and S — is turning off, the actual voltage during the dead time
becomes equal to the voltage reference of V,./2. On the other hand, when § — is
turning on and S+ is turning off, the actual voltage of V,./2 during the dead
time becomes greater than the voltage reference of —V,./2. The resultant error is
Vic. The right side of Fig. 7.85 shows the compensation for the voltage error by
the dead time when S — is turning on and S+ is turning off. In this case the

I—e—T, >
) | | ’ | Reference
Triangular .+~ | | » voltage
carrier : : 1|
| \/ '
| |
I S-On S+10n S-0n | V.
| T 2
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FIGURE 7.85

Dead-time compensation.
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pulse transition time is advanced by the dead time f4,,, to obtain the actual volt-
age identical to the voltage reference.

As explained above, the dead-time compensation technique is based on
information of the polarity of the phase current. Hence, an accurate measure-
ment of the polarity of the current is needed to correctly compensate for the
dead time. In particular, it is important to detect the current exactly around the
zero crossings, where the detection of the current polarity is susceptible to noise
and switching ripple.

CURRENT MEASUREMENT [25,26]

The current regulator is essential for accomplishing the torque control of
AC motors. The torque control performance greatly depends on the performance
of the current regulator. As described in Chapter 6, since the current regulation
is performed using a feedback current, an accurate current measurement is the
most important. In addition, the attainable current control bandwidth depends on
the current sampling method. The motor current driven by a PWM inverter con-
tains not only the fundamental component but also ripple components due to the
switching action. We need to detect only the fundamental component, which
produces effective torque and flux.

For measuring the fundamental component, the instantaneous sampling
method has gained a wide acceptance [25]. This method demonstrates that it is
possible to detect the fundamental component of current by sampling the current
at the midpoints of zero vectors in the pulse patterns of the SVPWM technique.
The typical waveforms of the voltage and phase current in the symmetrical
SVPWM technique are shown in Fig. 7.86. It can be seen that the instantaneous
value sampled at the midpoints of zero vectors in the PWM pulse patterns is equal
to the fundamental current component. As we discussed in Section 7.4, the mid-
points of the zero vectors in the SVPWM technique correspond to the peaks of
the triangular carrier wave. Thus an instantaneous current sampling synchronized
with the triangular carrier wave is normally used. The current can be sampled at
the two peaks of the triangular carrier wave, i.e., top and bottom points (i.e., twice
per switching period) or only at one peak (once per switching period). The attain-
able bandwidth of the current control depends directly on the number of sampling
[26]. When sampling the currents twice per switching period, which is called the
double sampling, the maximum attainable bandwidth of the synchronous refer-
ence frame current regulator is about 1/10 of the switching frequency.

Even though the current is sampled at the midpoints of the zero vectors, it
may deviate from the fundamental component due to a delay in the feedback
loop. When the current is being measured from a sensor, the signal of the sensor
is first filtered to eliminate the noise on the signal and then converted into a digi-
tal value. Due to the phase delay caused by the low-pass filter, the sampled cur-
rent through the filter may be different from the actual current at the desired
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FIGURE 7.86

Typical waveforms of voltage and phase current in the symmetrical SVPWM.

instant. Moreover, a ripple component rather than the fundamental component of
the current may be sampled. In Ref. [25], the delayed sampling method was used
to reduce the current sampling error caused by the filter delay.
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CHAPTER

High-speed operation of
alternating current motors

In variable speed drive applications such as alternating current (AC) servo and
traction drive systems, a high-speed operation capability as well as a fast torque
response of motors are needed. For example, for spindle drives in machine tools,
a high-speed operation of more than several 10,000 r/min is required for enhanc-
ing cutting efficiency and accuracy. Traction drives such as electric cars, electric
trains, electric forklifts, and dehydration of washing machines also require a high-
speed operation of several times the rated speed. In addition, motors for driving
compressors or motors for driving a torpedo and a missile need to be operated at
a high-speed region of several 10,000 r/min. In this chapter, we will discuss the
high-speed operation of AC motors. We introduce the field-weakening methods,
which achieve the maximum torque capability of motors as well as a high-speed
operation.

In the variable speed drives, the voltage applied to the motor should be
increased with the operating speed. This is to maintain the current needed for
the torque production of the motor. Since the back-EMF increases with the
operating speed, the motor voltage should also be increased to control the cur-
rent properly. As the speed increases, the motor reaches a speed (commonly
called base speed) at which the applied motor voltage is equal to its rated
value. From this speed, since the motor voltage is fixed at the rated voltage,
we need to limit the back-EMF to a suitable level despite the increase in the
speed.

For this purpose, a field-weakening control to reduce the field flux of the
motor is necessary. As can be seen from Chapter 2 and Chapter 3, the back-
EMF of direct current (DC) motors and AC motors is directly proportional to
the operating speed w,, (or frequency f) and the field flux as

EDCOC(f)‘wm or EACOC(ZS'f (81)

If the field flux of a motor decreases with the increased speed, then the back-
EMF is limited to a suitable level. Thus the voltage margin to control the current
correctly can be maintained.

As an example, consider a high-speed operation in the DC motor drives. First,
we will assume that the field flux ¢ is constant and the torque production to drive

Electric Motor Control. DOI: http://dx.doi.org/10.1016/B978-0-12-812138-2.00008-8 34 1
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a load requires an armature current /,. From the voltage equation of Eq. (2.1), the

armature current in the steady-state is given as

_ Vu_Ea — Va_ ed)wm
R, R,

1, (8.2)

Since the back-EMF increases as the operating speed increases, the armature
voltage V, applied to the motor should be increased with the increase in the speed
to achieve the required current I,. However, there is a limitation to the voltage
applied to the motor because the motor voltage should not be greater than the
rated voltage. Therefore the motor voltage required to regulate the command cur-
rent may be insufficient in the high-speed region. As shown in Fig. 8.1, when the
back-EMF is close to the full voltage of the motor as the speed increases, the cur-
rent (thus output torque) of the motor is decreased rapidly. As a result, the speed
no longer increases.

However, as shown in Fig. 8.2, if we limit the back-EMF to a constant value
over the high-speed region by using the field-weakening control, which reduces
the field flux in proportion to the inverse of the speed, then the voltage margin
that regulates the current can be maintained and the output torque can be devel-
oped adequately. As a result, the speed of the motor can increase more than the
rated speed.

For DC motors, the back-EMF can easily be maintained at a constant by
reducing the field flux in proportion to the inverse of the speed so that the high-
speed operation can function properly. However, the high-speed operation of AC
motors cannot be achieved by such a simple method, and the high-speed

med ......................... ¢ oy

‘ No voltage margin

T(=K¢l,)
V —E Current & torque

1 (: £ ") -~ decrease
a R,

¢
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Base speed
FIGURE 8.1

Motor characteristics according to speed (without field-weakening control).
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FIGURE 8.2
Motor characteristics according to speed (with field-weakening control).

operation method is different depending on the type of AC motor. Now we will
discuss the field-weakening method for the high-speed operation of vector-
controlled AC motors. We will start with an induction motor.

FIELD-WEAKENING CONTROL FOR INDUCTION
MOTORS [1,2]

Induction motors are beneficial for high-speed operations due to their mechanical
robustness. In addition, the output torque characteristic of induction motors in the
constant power region matches well with a load (i.e., load torque inversely pro-
portional to speed) requiring high-speed operation. Moreover, since the field flux
of the vector-controlled induction motor can be easily weakened by reducing the
d-axis current as the rotor speed increases, high-speed operations can be done eas-
ily. However, even though the same voltage and current are used, the developed
torque capability of the motor at high speeds can vary according to the applied
field-weakening strategy.

The field-weakening control method for induction motors can be classified
into two methods: the feedforward method [1], which derives the flux command
required for high-speed operation from the steady-state voltage equations of an
induction motor, and the feedback method (2], which obtains the flux command
from the voltage feedback. Now we will discuss the feedforward field-weakening
control method in the vector control based on the rotor flux of induction motors.



344 CHAPTER 8 High-speed operation of alternating current motors

CLASSIC FIELD-WEAKENING CONTROL METHOD

The method that was previously used for the field-weakening operation of induction
motors was to simply vary the flux-producing current, i.e., d-axis stator current i, in
proportion to the inverse of the rotor speed w, in the same way for DC motors as

.ot Wr-base
lf]s = 'Id-rated (83)
wy
where 1;-,qq 18 the rated d-axis current and w,-p. 1S the base speed.
From this d-axis current command, the rotor flux command according to the

speed in the field-weakening region is given as

Ny = Lui%y =Ly, (“’w—b) ierated (8.4)
.

However, the flux command )\j; given by Eq. (8.4) cannot properly retain the
voltage margin required for current control in the high-speed region. This is
because the command flux level is too high to reduce the back-EMF appropriately.
As a result, it is impossible to regulate the current commands required to perform
the vector control properly, and thus the output torque capability of the induction
motor is degraded. Moreover, the drive system may even fail to operate.

In Ref. [1], the authors introduced the optimal field-weakening method, which
achieve the maximum torque capability of the induction motor and the high-speed
operation. Now we will discuss this feedforward field-weakening method in more
detail.

Since the developed torque of a motor depends on the available voltage and
current, we need to begin with investigating the range of voltage and current
available for an induction motor. The voltage applied to the motor is never
greater than the rated value. On the other hand, the current often has a short-
time rating, being two to three times greater than the rated current for a high-
acceleration/high-deceleration torque production. Therefore we need to consider
the available motor voltage and current for deriving the effective field-
weakening method.

VOLTAGE- AND CURRENT-LIMIT CONDITIONS

In this section, we will examine the boundary of the current available for the tor-
que production of an induction motor. This boundary can be obtained from the
available voltage and current as follows.

8.1.2.1 Voltage-limit condition

For an inverter-driven motor, the motor voltage is supplied by an inverter. The
maximum output voltage Vi ... of an inverter is determined by the available DC
input voltage V.. Even under the same DC voltage, the maximum output voltage
depends on the pulse width modulation (PWM) technique used. For example, as
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stated in Chapter 7, the space vector pulse width modulation (SVPWM) technique
can produce a maximum voltage of V,./+/3, while the sinusoidal pulse width
modulation (SPWM) technique can produce that of V,./2.
For the maximum voltage V.. of a motor, the d—¢g axes stator voltages
should always satisfy the following relation.
Vi T e = V2 (8.5)

§ max

This is called voltage-limit condition. Here, the selection of the value of the
maximum phase voltage V.. has a strong influence on the field-weakening
operation performance. Considering the voltage drops of the switching devices,
dead-time effects, and control stability, it is desirable to set this value at 90—95%
of the maximum attainable voltage by a PWM technique in an inverter. If the
value of Vi .., is inappropriately selected, then it can cause degradation or even a
failure of high-speed operations.

The synchronous d—g axes voltage equations of a vector-controlled induction
motor based on the rotor flux are rewritten from Eqgs. (6.16) and (6.17) as

. . L .
Vo, =R +p ((TLSld'S + L—T /\;r) — weoLyipy, (8.6)
¢ = Ryi%, + poLyity + we oLty + X 8.7)
Vgs = Rslyg T POLslyg T We | OLglyg L dr '
When considering high-speed operations, the voltage drops on the stator resis-

tance is negligible compared to the back-EMFs, so the above equations can be
simplified in the steady-state as

Vi A — weoLyip (8.8)
e AU e Lm e A~ 3
Vs N We | 0Lglg, + L_)\d' A weLgif 8.9
r

By substituting these equations into Eq. (8.5), the voltage-limit condition can
be expressed in terms of d—q axes stator currents as

2
(weaLsigs) + (weLyiS S = V2,0 (8.10)

This expression illustrates the boundary of the controllable d—g axes currents
by using the maximum available voltage Vi ... This voltage-limit boundary is
expressed as an ellipse equation, which is a function of operating frequency w, as
shown in Fig. 8.3. The inside of the ellipse indicates the controllable current
region. Any d—gq current command inside the ellipse is controllable by using
the given voltage Vi ... Thus the current commands should remain inside the
voltage-limit ellipse given at each operating frequency. The radius of the ellipse
becomes smaller as the operating frequency increases. This means that, under a
given voltage, the boundary of controllable currents becomes smaller. This is
because the back-EMF increases as the operating frequency increases. Unlike DC
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FIGURE 8.3
Voltage-limit condition. (A) Small leakage factor and (B) large leakage factor.

motors, the back-EMF of induction motors increases with the operating frequency
rather than the rotor speed.

Fig. 8.3A and B shows several ellipses for different operating frequencies. We
can see from Eq. (8.10) that the leakage inductance (or leakage factor o) has a sig-
nificant influence on the shape of the ellipse at a specific operation frequency. The
area of the ellipse is smaller for an induction motor with a large leakage factor as
in Fig. 8.2B than for one with a small leakage factor as in Fig. 8.2A at the same
operating frequency. This implies that for an induction motor with a large leakage
factor, more voltage is necessary for regulating an equal value of current com-
mands. As stated in Chapter 3, an induction motor with a large leakage factor has a
narrow range of the constant power region. This is because the leakage factor has
an influence on the maximum values of the slip. Fig. 8.3 explains this phenomenon.
Hence, the leakage factor is an important factor in the design of an induction
motor.

Next, we will discuss the current-limit condition for a motor.

8.1.2.2 Current-limit condition

The motor current is usually limited by the rated current. A 150—300% rated cur-
rent, however, is often allowed for a short period of time to produce a high-accel-
eration/high-deceleration torque, given that it does not exceed the motor thermal
rating. The current rating of an inverter should be selected so that it can provide
the maximum motor current.
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Current-limit condition.

Under the maximum available stator current I .., the d—g axes stator cur-
rents of an induction motor are restricted to the following condition.

8.11)

RN A

This is referred to as current-limit condition. This current-limit boundary can
be expressed as a circle in the d—q axes current plane as shown in Fig. 8.4, whose
radius is the maximum stator current /g 4. To satisfy this current-limit condition,
the d—q axes stator current commands should always be inside this circle. Unlike
the voltage-limit condition, the boundary of the current-limit condition remains
constant regardless of the operating frequency.

When we drive an induction motor, the two conditions of the voltage- and
current-limit should be always satisfied. Considering both the voltage- and the
current-limit conditions, the region of the controllable currents is the common
area between the current-limit circle and the voltage-limit ellipse for a given oper-
ating frequency, which is the dark area shown in Fig. 8.5.

Thus the d—gq axes stator current commands in the induction motor drive must
be inside this area for a given operating frequency.

Now we will find out the optimal flux under the voltage- and the current-limit
conditions for the field-weakening control, which can obtain the maximum output
torque capability of an induction motor over the whole high-speed region.

FIELD-WEAKENING CONTROL FOR PRODUCING THE
MAXIMUM TORQUE

In a vector-controlled induction motor, the output torque can be expressed as a
function of d—g axes stator currents as

3PL; 3PL;
T, = EEL—”’ifﬁigs = ki, s, (k = ———’") (8.12)
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The value of the output torque varies according to the chosen combinations of
d—q axes stator currents, iy and ip.. Fig. 8.6 illustrates numerous combinations of
the stator currents to produce an equal output torque, along with the voltage- and
the current-limit conditions. Here, we will consider only Quadrant 1, which indi-

cates the motoring operation mode for the forward driving.
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FIGURE 8.7
Optimal operating point in the constant torque region.

In the available region under both the voltage- and current-limit conditions,
the optimal current combination maximizing the output torque becomes the value
at the intersection (M point) of the circle and the ellipse at a given operating fre-
quency. This operating point indicates the minimum stator current for producing
the required torque. Thus this is the maximum torque per ampere (MTPA) operat-
ing point. This optimal operating point varies according to the operating speed,
and it can be obtained as follows.

8.1.3.1 Constant torque region (we < wpase)

In the low- and mid-speed range, the d-axis stator current at the optimal operating
point M is usually greater than rated d-axis current /-4 for producing the rated
rotor flux linkage XJ,_,,., as shown in Fig. 8.7. Even if the d-axis current is
increased above the rated value, the flux level does not increase accordingly
because of the saturation of the iron core. For this reason, in this speed range, the
d-axis stator current command (thus, rotor flux command) is maintained at the
rated value as

ls; = ]ds-rated (8 13)
)\Zj = )‘fjr-mtgd = Lmlf[i = LmIdA'—rute([ (814)

In this case, the available output torque depends only on the available g-axis
stator current. The available g-axis stator current is limited by the d-axis current
command as

€

ie* = 2 _ e*2 — 2 _71n
lqs—max \/Is max Lds \/15 max Ids-rated (815)
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Thus, in this speed range, the operating point is given as M’ point as shown in
Fig. 8.7. This condition is still held at operating speeds below the rated speed
(more accurately, the base speed).

Next, we will examine the optimal flux for producing the maximum torque in

the high-speed range. The high-speed region, which is called field-weakening
region, has two subregions as follows.

8.1.3.2 Constant power region (wpase = we < wpr): Field-weakening
region |
In the constant torque region as stated earlier, when the operating frequency is
increased, the boundary of the voltage-limit ellipse will be reduced. This indicates
that, due to a limited Vi ,,., the controllable current region is reduced as the
back-EMF increases with the operating frequency.

Even though the voltage-limit ellipse is reduced by the increase in operating
frequency, the rated d-axis current can still be used, provided that the controllable
current region includes the rated d-axis current. As the operating frequency is fur-
ther increased, the d-axis stator current at the intersection of the circle and ellipse
will coincide with the rated d-axis current as shown in Fig. 8.8. The operating fre-
quency at this moment is the onset frequency at which the constant power region
begins. The speed at this onset frequency is called the base speed wpys. For the
operation above the base speed, the d-axis stator current should be lowered below

the rated d-axis current. In other words, the field-weakening operation should start
reducing the flux level.

e A

. \
lqs \
\
\ Operating frequency
i increase
& \
\
\
__________________ \ (
. .‘ . Voltage-limit Ellipse
1\ at base speed a)base
‘ \\ A
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FIGURE 8.8

Onset of field-weakening operation.
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From Eqgs. (8.10) and (8.11), the base speed is given as

V VLl + (0L PF + [Rlaly(Li=L)F = Rolal,(Ls = oL,)
Whase = 2 2
(led) + (ULqu)

here, Ij = Ijs-rarea and I, = \/Iszmax - Iﬁzi are the d—q axes stator currents used in
the constant torque region, respectively.

The base speed depends heavily on the motor parameters, and thus, varies
with motors. Even for the same motor, the base speed varies according to the flux
level used in the constant torque region and the available stator voltage and cur-
rent. A higher flux level, low Vj ., or high I ., results in a lower base speed,
and thus in such cases, the field-weakening operation should start at a lower
speed.

From the base speed and the slip frequency, the base rotor speed is obtained
by

(8.16)

Wr-base = We — Wyl (8.17)

This base rotor speed may be different from the rated rotor speed according to
operating conditions.

In this field-weakening region, the optimal current combination (i.e., optimal
current vector) producing the maximum output torque is always given as the
value at the intersection (M point) of the circle and ellipse. The optimal current
vector moves along the current-limit boundary as shown in Fig. 8.9 because the
voltage-limit ellipse dwindles as the operating frequency increases. This means
that the d-axis stator current, and thus the rotor flux linkage AJ, should be reduced
as the operating frequency increases.

.c A
qu

A

) Field-weakening region |
(MTPV point: X)

Optimal
operating point
VA

Operating frequency
increase

Ly
FIGURE 8.9
Optimal current trajectory in the field-weakening region |.
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The d-axis stator current at this optimal point can be derived from the voltage-
and current- limit conditions as

Vs max :
(T) - (UL.YIV max)2
0 = ‘ 8.18
las 2(1—-0) (8.18)

In this case, the available maximum g-axis stator current can be increased by
the decreasing amount of the d-axis current to use the allowable stator current
I max fully as

i =\[12, — 092 (8.19)

qs-max § max

From the optimal d-axis stator current, the optimal rotor flux command is
given as

VS max
We

2
) - (O—LS‘IS max)2

Ny, =LyiS =L, (
drTmds 12(1-0)

(8.20)

It is important to note that the magnetizing inductance L,, varies due to the
flux reduction in this region. Thus the optimal flux should be obtained by consid-
ering this inductance variation. Also, as stated in Chapter 5, since the relation
between the d-axis stator currents i, and the rotor flux linkage \J, is a first-order
lag, a flux controller should be used to control the flux accurately for an effective
field-weakening operation.

In this region the stator voltage and current are maintained at a constant as
Vs max and I 4y, respectively. Thus this region is referred to as constant power
(constant VA) region. In this region, as we can see from the slip equation of
Eq. (5.32), the slip frequency increases as the operating frequency increases
because the d-axis stator current decreases and the g-axis stator current increases.
As the operating frequency is further increased, the slip frequency reaches its
maximum value, and then the field-weakening region II begins.

8.1.3.3 Breakdown torque region (w. > wgr): Field-weakening region Il
As the operating frequency is further increased in the field-weakening region I,
the voltage-limit ellipse will be reduced further, and a large portion will be
included in the current-limit circle as shown in Fig. 8.10. This implies that the
voltage-limit condition is included in the current-limit condition.

Furthermore, if the optimal current for producing the maximum torque subject
to only the voltage-limit condition (point X on the voltage-limit ellipse) is
included inside the current-limit circle, we can consider only the voltage-limit
condition for obtaining the optimal flux. This situation corresponds to field-
weakening region II. This optimal point subject to only the voltage-limit condi-
tion is called the maximum torque per voltage (MTPV) operating point.
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FIGURE 8.10
Maximum torque operation point for the field-weakening region I

The onset speed of the field-weakening region II is the frequency wpy, at
which the optimal current vector for the MTPV operation is just on the circumfer-
ence of the current-limit circle, and can be given as

1+ 02 (Vs mar)
wpr = | ———= X - (8.21)
BT 2(0'145)2 Is max

This onset frequency wpr depends on the leakage inductance as well as the
maximum values of the voltage and current. Induction motors with a large leak-
age factor will begin the operation of the field-weakening region II at a lower
speed. Thus they have a narrow range of the constant power region.

In this field-weakening region II, the optimal stator currents for producing the
maximum torque are given as

|8

i = —"= 8.22

ds \/zweLs ( )
VS‘ max

i = =" 8.23

x \/iw,_,aLs ¢ )

From the optimal d-axis stator current, the optimal rotor flux command is
given as
V&' mame
V2w, L,

In this region, the optimal stator vector moves into the origin as the frequency
increases as shown in Fig. 8.10. Thus, unlike the field-weakening region I, 125 is

X = L6, = (8.24)
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Optimal currents and flux in the field-weakening regions | and Il.

also decreased along with the reduction of i%. As a result, the total stator current
will be reduced, and the output power will also be reduced. Fig. 8.11 shows the
optimal d—q currents and the rotor flux command according to the speed in the
field-weakening regions I and II.

From the optimal d—q axes currents of Eqs. (8.22) and (8.23), we can readily
see that the slip frequency remains constant over this region as its maximum
value, which is given as

Qi _ 1
T,i4 To

(8.25)

Wsl-max =

The maximum torque developed by an induction motor in this region is
quickly reduced by 1/w? as

3P 1 (Viwa)
Te-max: 5520_11?( We ) (826)

Fig. 8.12 compares the high-speed performance of the optimal field-
weakening operation with that of the “I /w,” method.

Since the level of the rotor flux command given at each operating frequency
is inappropriate in the “1/w,” method, the drive system does not exploit the out-
put torque capability of the motor fully. Moreover, it will be hard to regulate the
g-axis stator current command as the speed increases, so the vector control cannot
be carried out in the high-speed region. As a result, the drive system will lose its
controllability.
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Comparison of the performance of the field-weakening methods (5-hp, 4-pole).

Fig. 8.13 shows a vector-controlled induction motor drive system with the
field-weakening control for high-speed operations. The optimal flux reference can
be given from Eq. (8.20) or (8.24) according to the operating speed.

Fig. 8.14 shows the experimental results on a 6-pole, 2.2-kW induction motor
for the vector control system as shown in Fig. 8.13 [1]. The induction motor was
accelerated up to 3000 r/min in the field-weakening region II by using the optimal
strategy just described. The d-axis stator current is regulated to reduce the rotor
flux according to the operating speed. Here, since the flux linkage is estimated by
the voltage model, we can see that the estimated flux is inaccurate below the
mid-speed range. While the g-axis current is increased in the field-weakening
region I, it is decreased in the field-weakening region II.

To successfully carry out the optimal field-weakening operation, the optimal
rotor flux reference at each operating frequency needs to be calculated correctly.
In this feedforward field-weakening control method, the accuracy of the calcu-
lated optimal flux reference depends on the motor parameters such as the mag-
netizing inductance and leakage inductance. The magnetizing inductance will
especially vary significantly due to the variation of the rotor flux level in the
field-weakening operation. Therefore the variation of the magnetizing
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Vector control system of an induction motor with the field-weakening control.
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FIGURE 8.14
Optimal field-weakening operation (6-pole, 2.2-kW IM).

inductance should be considered. On the other hand, the leakage inductance is
not dependent on the variation of the rotor flux level but on the magnitude of
the stator current.

Unlike the feedforward field-weakening method sensitive to motor para-
meters, Kim and Sul [2] proposed another field-weakening control strategy that
uses the feedback of the motor voltage without any motor parameter as shown
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Field-weakening control strategy using the voltage feedback.

in Fig. 8.15. The feedback field-weakening control strategy is insensitive to
motor parameters but cannot give dynamic response as fast as the feedforward
strategy can.

The concept of the optimal field-weakening control methods of induction
motors can be also used for high-speed operation of permanent magnet synchro-
nous motors (PMSMs) as follows.

FLUX-WEAKENING CONTROL FOR PERMANENT MAGNET
SYNCHRONOUS MOTORS [3—61]

As stated in Section 4.6, surface-mounted permanent magnet synchronous motors
(SPMSMs) with magnets mounted on the surface of the rotor are unsuitable for
high-speed operations with a higher centrifugal force. Furthermore, a reduction in
stator inductance due to the magnets on the surface of the rotor hinders the flux-
weakening operation, which reduces the magnet flux. On the contrary, interior
permanent magnet synchronous motor (IPMSMs) are favorable for the high-speed
operation since their magnets are inserted inside the rotor core and have a large
inductance. For these reasons, IPMSMs are widely used for applications requiring
a high-speed operation. Now we will discuss the flux-weakening control for the
high-speed operation of PMSMs in more detail.

For motors such as an induction motor, separately excited DC motor, and syn-
chronous motor with a field winding on the rotor, the field flux can be reduced
directly by controlling the field current for high-speed operation. This technique
is referred to as field-weakening control. By contrast, for PMSMs such as IPMSM
or SPMSM, the field flux cannot be controlled directly because it is generated by
a permanent magnet. As can be seen from Eq. (4.113), the stator flux linkage of
PMSMs is given by

Nis = Lasiy, + & (8.27)
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Operation region of PMSMs.

For PMSMs, if we produce the flux in the direction opposite of the magnet
flux by using the negative d-axis stator current as shown in Fig. 8.16, we can
reduce the effective stator flux linkage. This technique is referred to as flux-
weakening control. From Eq. (8.27), we can see that a large d-axis inductance is
desirable for an effective flux-weakening control.

The operation region of PMSMs can be normally divided into the following
two speed regions.

* Constant torque region: Speed range below base speed

* Constant power region: Speed range above base speed (flux-weakening region)

Fig. 8.17 shows the characteristics in two speed regions.
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The speed regions of PMSMs are basically similar to those of separately
excited DC motors. However, PMSMs may have an additional flux-weakening
region similar to the breakdown torque region of induction motors depending on
their magnetic system design. This is determined by the magnitude relation
between the magnet flux ¢, and the maximum d-axis stator flux linkage (i.e.,
Lyl max). More practically, Fig. 8.18 shows the output power characteristics of
the PMSMs according to the design. In the case of qbf = Lyl max, PMSMs have a
characteristic nearly similar to the ideal characteristic as shown in Fig. 8.17. The
characteristics according to the magnetic system design will be explained in more
detail in the Section 8.2.1.

(A)
Power A Constant Flux-weakening
|€--- torque --Pi€- region »
region
0 » Speed
Base speed
B)
Power A constant Flux-weakening
€ torque ----3 S S region " >
region
»
Speed
0 Base speed o P
©
Power A Constant - .
[€-- torque oo Pideeeeee- FlueréZ?;(:nlng ------- >
region
» Speed
0 Base speed > op

FIGURE 8.18

Output power according to speed regions of PMSM. (A) ¢¢ > Las/s max, (B) ¢ = Lasls max,
and (C) be < Lysls max-
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The flux-weakening control techniques for the high-speed operation of
PMSMs can be divided into three methods: feedforward method, which obtains
the current commands required for the high-speed operation from steady-state
voltage equations, feedback method, which obtains the current commands from
the voltage feedback, and a combined method of these two techniques [3—5].
Here, we will explore the feedforward flux-weakening control method for
IPMSMs and SPMSMs, separately.

HIGH-SPEED OPERATION OF AN INTERIOR PERMANENT
MAGNET SYNCHRONOUS MOTOR

Before examining the high-speed operation of an IPMSM, we will first review the
operation of an IPMSM in the constant torque region.

8.2.1.1 Constant torque region (we < wpzse)

For the operation of an IPMSM in the constant torque region, which indicates an
operating range below the base speed, the MTPA control is used as shown in
Fig. 8.19.

In Section 5.5, we discussed how to obtain the optimal currents for MTPA
operation. In the MTPA operation, the output torque of an IPMSM is mainly lim-
ited by only the maximum available stator current I ,,,,. However, for the high-
speed range, where the back-EMF voltage becomes large, the voltage margin is
insufficient to control the current commands for the MTPA operation. Thus the
output torque of an IPMSM is limited by the available voltage rather than the
available current.

Now we will examine the speed attainable under the maximum available stator
voltage V; 4. In the vicinity of rated speed with a large back-EMF, since the

.7 .r
lqs » A lq.\'
Torque
increase
b 4
MTPA )
trajectory
0 » Torque
.r T .r
- |
l Las ¢ Las 0
FIGURE 8.19

d—q axes current commands for MTPA operation.
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voltage drops on the stator resistance is negligible, the d—q axes stator voltages
of an IPMSM in the steady-state are given from Egs. (6.24) and (6.25) as

Vo = = wLgsil, (8.28)
v;S = wy(Lasiy, + @) (8.29)

These stator voltages should satisfy the following relation, which is the
voltage-limit condition stated in Section 8.1.

vtV sV; (8.30)

From Egs. (8.28)—(8.30), the maximum speed w,-p4 Of the constant torque

operation region can be obtained as

V.
Wr-base = : m;vc 2 (83 1)
\/(Ldslgs + d)f) + (Lqé'[(;.\‘)

where I and I/ are the d—gq axes currents used for MTPA operation, respectively.
The speed w;-pase 1S the base speed at which the flux-weakening control should
start for the constant power operation. The base speed varies with the required
current (or torque) and the available voltage.
Next, we will discuss the flux-weakening control method in the constant
power region.

8.2.1.2 Constant power region (we > wpase)

Similar to induction motors, the IPMSM operation is also confined to the voltage-
and the current-limit conditions, which was explained in Section 8.1.2. Thus we
need to find out the optimal flux-weakening control method that ensures a maxi-
mum torque production in the high-speed region under the voltage- and the
current-limit conditions.

To begin with, we will express the voltage- and the current-limit boundaries
for an IPMSM in the d—gq axes current plane. Similar to an induction motor,
under the maximum available stator current I ..., the d—g axes stator currents of
an [PMSM are restricted to the following condition.

PR S . (8.32)

The current-limit boundary in the d—q axes currents plane is shown in
Fig. 8.20. This current-limit boundary is expressed as a circle, whose radius is

I max- On the other hand, the voltage-limit boundary can be expressed from
Egs. (8.28)—(8.30) as

(WrLgsil ) + (wrLasily, +w, ) < V2 (8.33)

max
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Voltage- and current-limit boundaries.

This voltage-limit boundary as shown in Fig. 8.20 is an ellipse equation,
whose center is given as

i) = (~12-0) (834)

This expression illustrates the boundary of controllable d—q axes currents by
using the given maximum stator voltage Vi .. The inner region of the ellipse
reduces as the operating speed w, increases. This indicates that the boundary of
controllable currents becomes smaller as the operating speed increases. This is
because the back-EMF increases as the operating speed increases.

The IPMSM drives should always satisfy both the voltage- and the current-limit
conditions. Considering these two limit conditions, the region of controllable currents
is the common area between the current-limit circle and the voltage-limit ellipse for
a given operating speed, which is the dark area shown in Fig. 8.20. Thus the d—q
axes stator current commands must be inside this area for a given operating speed.

Now let us investigate the optimal operating point for producing the maximum
output torque under these voltage- and current-limit conditions. For an IPMSM, as
can be seen in Fig. 8.18, the maximum operating speed and the output power charac-
teristic vary according to the magnitude relationship between the magnet flux ¢, and
the maximum d-axis stator flux linkage (i.e., Lys; mqy). This relationship can also be
expressed by whether or not the center of the voltage-limit ellipse is inside the
current-limit circle. According to this relationship, a different flux-weakening control
strategy is required [6].

The maximum attainable operating speed of an IPMSM can be given by let-
ting i = — I jpax, i;; =01in Eq. (8.31) as

Vs max
romax = ¢f - Lds[.\' max (835)
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Current-limit circle and MTPA trajectory.

In the case of qu > Lusls max 1t can be seen from Eq. (8.34) that there is a limi-
tation on the operating speed at which the magnetic flux can be reduced by using
the stator current, i.e., this type of motor has a finite maximum speed. On the
other hand, in the case of ¢f < Lyl max, the maximum operating speed is theoreti-
cally infinite because the magnetic flux can be reduced fully by using the stator
current, i.e., this type of motor has an infinite maximum speed. In this case, the
operating speed is limited only by the mechanical strength. For these two cases,
we need to use different flux-weakening control methods. First, let us take a look
at the flux-weakening operation in the case of ¢y > Lyl max-

Fig. 8.21 illustrates numerous combinations of the current commands to pro-
duce an equal output torque, along with the voltage- and current-limit boundaries
in the d—q axes current plane.

In the low- and mid-speed range, the voltage-limit ellipse is large enough to
encompass the current-limit circle. Thus we do not have to be concerned about
the voltage-limit constraint, and the output torque depends only on the available
current. In this case the optimal operating point is on the MTPA trajectory
according to the given torque command. The maximum torque 7-,,, is produced
at the intersection A of the current-limit circle and the MTPA trajectory. As the
rotor speed increases, the boundary of the voltage-limit ellipse will be reduced.
The boundary of the voltage-limit ellipse will encounter the MTPA operation
point A at a specific speed as shown in Fig. 8.22. This specific speed is the base
speed wy-pase at which the flux-weakening control begins. When the operating
speed is further increased above the base speed w,-p4, the voltage-limit ellipse
shrinks more, so the operation point A will be outside the ellipse. As shown in
Fig. 8.22, at speed wp( > w;-pase), it can be readily seen that the currents at point
A can be no longer regulated because it deviates from the region of controllable
currents, i.e., the voltage is insufficient to regulate those currents.
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Onset of flux-weakening operation.

Thus the current command should be moved to the controllable operating
point. Considering both the voltage-limit and the current-limit conditions, the
optimal point for producing the maximum output torque is the intersection (point
B) of the circle and the ellipse. The developed torque T rw at this point is less
than the maximum torque 7,-,,, in the constant torque region.

In such operation, the d-axis current increases in the negative direction. This
is the flux-weakening control that reduces the effective stator flux linkage. The
optimal d—gq axes currents for the stator current command /; given as a torque
command are expressed as

r

2
Lisdy = | Lasdp)* + (L = L) (aﬁf + (Lol — (Vw m) )

"= (8.36)
¢ (Lzziv - Ltzis)
lng =\ 2 e — 47 (8.37)

The trajectory of the optimal point moves along the current-limit boundary
in a counterclockwise direction as the operating speed increases as shown in
Fig. 8.23. Accordingly, the d-axis stator current increases in the negative direction
while the g-axis stator current decreases.

This operation continues until ig; = I o and i;; = 0, at which the operating speed
reaches its maximum. Thus we can identify that this type of motor has a finite maxi-
mum speed. In such a flux-weakening operation, the stator voltage and current of an
IPMSM remain constant, resulting in constant power operation. Fig. 8.24 shows the
optimal currents in the flux-weakening operation of an IPMSM.

Next, let us take a look at the flux-weakening operation in the case of
¢ < LisIs max- In this case the center of the voltage-limit ellipse is inside the current-
limit circle as shown in Fig. 8.25, and the trajectory of the optimal current
is somewhat different from the case of gbf > Lysls max- In the beginning of
the flux-weakening operation, the trajectory of the optimal point moves along the
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Optimal currents in the flux-weakening operation (¢; > Lgs/s max)-

current-limit boundary as the speed increases as in the case of ¢f > Lasds max-
However, above a certain speed, the voltage-limit ellipse is gradually included in the
current-limit circle. This means that the voltage-limit condition is included in the
current-limit condition. If the optimal currents for the maximum torque subject to
only the voltage-limit condition are included inside the current-limit circle (e.g.,
point C), then only the voltage-limit is the constraint that should be considered for
obtaining the optimal currents. In this case the optimal point should move into the
center of the ellipse as the speed increases instead of moving along the current-limit
circle as shown in Fig. 8.25. Thus the optimal point is not point D, but point C. This
flux-weakening operation is called as the MTPV (the maximum torque per voltage)
operation. This operation region corresponds to the field-weakening region II of an
induction motor.
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Flux-weakening operation of an 800-W IPMSM.

Fig. 8.26 shows the experimental results on the flux-weakening control for a
800-W, 8-pole IPMSM when the speed command is given as 3500 r/min. For this
IPMSM, gbf > Lyols mar and the base speed is 2500 r/min.

8.2.2 HIGH-SPEED OPERATION OF A SURFACE-MOUNTED
PERMANENT MAGNET SYNCHRONOUS MOTOR

Unlike IPMSMs, the typical operating range of SPMSMs is the constant torque
region. However, the high-speed operation of SPMSMs is often required in
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several applications such as washing machines. The flux-weakening operation of
SPMSMs is almost similar to that of IPMSMs. Now we will study the flux-
weakening operation of SPMSMs. Similar to other motors, we will find out the
optimal flux-weakening control method that ensures the maximum torque opera-
tion under the voltage- and the current-limit conditions.

The current-limit condition of an SPMSM is given as

+it=r (8.38)

lqs s max

The current-limit boundary in the d—q axes currents plane can be expressed as
a circle whose radius is the maximum stator current /g ., as shown in Fig. 8.27.

As stated in Section 5.5.1, for the MTPA operation of SPMSMs in the con-
stant torque region, all the available current should be assigned to the g-axis stator
current i, while making the d-axis stator current iy, zero. Thus the optimal cur-
rents for the MTPA operation of the SPMSM under a given available stator cur-

rent I .. become

o =0 (8.39)

¥

lqsn

= I max (8.40)

Fig. 8.27 depicts point M of the optimal currents under the current-limit condi-
tion. Similar to other motors, the possibility of the operation at this optimal point
M depends on the following voltage-limit condition.

vtV sV; (8.41)

§ max

For an SPMSM, neglecting the voltage drop of the stator resistance, from Eqs.
(6.24) and (6.25), the steady-state d—q axes voltage equations are expressed as

Vs = — wrLsiyg (8.42)

vfp = wr(Lyiy, + ¢p) (8.43)
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Voltage-limit condition for an SPMSM.

Thus the voltage-limit condition of Eq. (8.41) can be expressed from
Eqs. (8.42) and (8.43) as

(WrLsihy)? + (WLl +wry)’ = V7 (8.44)

max

Unlike an IPMSM, the voltage-limit condition is expressed as a circle with the
center (— ¢ /Ls,0) in the d—q axes currents plane as shown in Fig. 8.28. Under a
given maximum stator voltage Vi ..y, the boundary of this circle becomes smaller
as the operating speed increases.

The voltage- and current-limit conditions for a certain speed below the base
speed are shown in Fig. 8.29. In this case, the optimal currents for producing the
maximum torque (i.e., point M) are inside the voltage-limit circle, so they are
controllable.

8.2.2.1 Constant power region (we > wpase)

The voltage-limit circle dwindles with the increase in the speed. When point M
begins to move out of the voltage-limit circle, the operating point should be chan-
ged. This indicates that the flux-weakening operation starts and the speed
becomes the base speed.

In that case, the optimal point for producing the maximum output torque is the
value at the intersection of two circles. From Eqs. (8.38) and (8.44), the optimal
currents at this point are given as

Vi ma )
( s max) — ¢% — (LI max)2

N
ds 2 L, ¢f

(8.46)



8.2 Flux-Weakening Control for PMSMs 369

Voltage-limit - i

circle LT qs
‘ a Current-limit
circle
Controllable
region
.7
lds
[+
L.\‘
FIGURE 8.29
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The trajectory of the optimal point moves along the current-limit boundary in
a counterclockwise direction as the operating speed increases as shown in
Fig. 8.30. Accordingly, the d-axis stator current increases in the negative direction
while the g-axis stator current decreases.

Similar to an IPMSM, the maximum operating speed and the output power
characteristic of an SPMSM vary according to the magnitude relationship
between the magnet flux ¢, and the maximum d-axis stator flux linkage (i.e.,
Ly 0y). In the case of gbf>LSIS max> the center of the voltage-limit circle is
outside the current-limit circle, and there exists a limit on the operating speed
(finite maximum speed motor). On the other hand, in the case of ¢f < Ll jnax,
there is no limit on the maximum operating speed theoretically (infinite maxi-
mum speed motor) and also, there exists a speed range, which corresponds to
the field-weakening region II of an induction motor. The optimal d-axis cur-
rent of Eq. (8.46) corresponds to an SPMSM with ¢)f > Lyl nac- This optimal
d-axis current can be applied up to the maximum speed. The maximum oper-
ating speed is obtained when the d-axis current is equal to the stator maxi-
mum current, i.e., if;s = I nax. However, in this case, the g-axis current
becomes zero, so the maximum attainable speed will actually be less than that
speed.



370 CHAPTER 8 High-speed operation of alternating current motors

| Flux-weakening region Speed increase |
---------------------- qs
Voltage-limit M Current-limit
circle ~._ /T e circle
{ Maximum torque {5,
i\operation trajectoryj
o i
—(L’() 0 ds
L

FIGURE 8.30

Trajectory of the optimal current vector (in case of ¢f >

LS /5 max)-

Flux-weakening |

Flux-weakening regions | & II

region trajectory

(MTPV point: X)

Current-limit
.......... circle
X Voltage-limit
Speed circle
increase <
° lds
_ ﬁ 0 Flux-weakening Il
L, ’ region trajectory
FIGURE 8.31

Trajectory of the optimal current vector (in case of ¢¢ < Ls/s max)-

Next, we will discuss the case of (bf < LI oy In this case, the trajectory of

the optimal current is identical to that in the case

of gf)f > Ll jnay in the beginning

of the flux-weakening operation. However, if the optimal current for producing
the maximum torque subject to only the voltage-limit constraint (the MTPV oper-
ation point X) is included inside the current-limit circle as shown in Fig. 8.31,

then the MTPV operation needs to be carried out.

increases.

In this operation, the d-axis sta-
tor current remains constant, while the g-axis stator current reduces as the speed
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CHAPTER

Speed estimation and
sensorless control of
alternating current motors

For the position/speed control of a motor, it is necessary for its speed/position
information to be used as a feedback signal for the speed/position control loop.
As it can be seen in Chapter 5, for the vector control of alternating current
(AC) motors, the information on the rotor position is also necessary. To
measure the position/speed of the motor, an analog or a digital position sensor
is used. Resolver, synchro, and tacho-generator are well known as analog
position sensors. A rotary encoder is the most widely used as the digital
position sensor.

In this chapter, we will introduce position sensors used in the motor drive
systems and examine the speed estimation method from the position sensor signal.
Finally, we will introduce the sensorless control methods of AC motors, which do
not use position sensors.

POSITION SENSORS

Besides the position/speed control of a motor, for the vector control of AC
motors, a position sensor is needed. In the vector control, a different type of posi-
tion sensor is used according to the motor used. As discussed in Chapter 5, the
absolute position of the rotor (i.e., permanent magnet) is required for the vector
control of permanent magnet synchronous motors (PMSMs). Among analog posi-
tion sensors, a resolver, which can provide information on the absolute position
of the rotor, is commonly used for PMSM drives. On the other hand, since the
vector control of induction motors does not require the absolute position of the
rotor, an incremental encoder is usually used among digital devices.
Now we will explore the resolver and rotary encoder.

RESOLVER

A resolver is a type of rotary electrical transformer connected to the rotating
shaft. The resolver produces signals that vary sinusoidally as the shaft rotates.
It is commonly used for measuring the absolute position of the rotor. Fig. 9.1

Electric Motor Control. DOI: http://dx.doi.org/10.1016/B978-0-12-812138-2.00009-X
© 2017 Elsevier Inc. All rights reserved.
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depicts the configuration of a resolver, which consists of a stator, a rotor, and a
rotary transformer [1].

The primary winding of a resolver, called reference winding, is located in the
rotor and is excited through a rotary transformer. The two secondary windings,
called SIN and COS Windings, are located in the stator and mechanically
displaced 90° from each other. In the resolver operation, a shaft angle 6 can
be measured from signals induced in the secondary windings after injecting
AC voltage signal into the primary winding as shown in Fig. 9.2.

When the primary winding is excited by an AC voltage V, through a rotary
transformer, voltages in the secondary windings are induced differently depending
on the angle # of the rotor shaft. The induced voltages vary as sine or cosine of
the rotor angle, respectively. From an arctangent function of these signals, we can
know the absolute angle 8 of the rotor connected to the shaft as

V. V,sin 0
f=tan"' (=) =tan' [ —— .1
an (Vs> an <V,cos 0) ©.D
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9.1 Position Sensors

The resolver usually uses a resolver-to-digital converter to provide resolver
excitation and convert angular analogue signals of the resolver into a digital form
(a serial binary output or pulses equivalent to an incremental encoder) that can be
more easily used by digital controllers. The resolver is a rugged device, which
can provide a reliable performance in high temperatures, vibration, and contami-
nated environments. However, resolvers are costly and require complex excitation
and signal processing circuits that are susceptible to noise. In practice, a periodi-
cal position error may exist due to amplitude imbalance, inductive harmonics, ref-
erence phase shift, excitation signal distortion, and disturbance signals [2]. The
position error causes a torque ripple with twice the electrical frequency, and thus
should be corrected by a compensation method [3].

ROTARY ENCODER

A rotary encoder is a sensor of mechanical motion that generates digital signals in
response to the rotational motion of the shaft. There are two main types of rotary
encoder according to output forms: the absolute encoder, which can provide the abso-
lute value of the rotation angle, and the incremental encoder, which provides only
the incremental value of the rotation. Incremental encoders are the most widely used
for most adjustable motor drive systems because absolute encoders are much more
complicated and expensive. There are two sensor types used in encoders to generate
digital signals such as magnetic and optical. The latter is more commonly used.

The incremental encoder generates a series of pulses as its shaft moves. These
pulses can be used to measure the position, speed, and direction. The resolution
of an incremental encoder is frequently described in terms of pulse per revolution
(PPR), which is the total number of output pulses per complete revolution of the
encoder shaft. An encoder with 512 or 1024 PPR is popular in the motor drive
systems. The rotary encoders come in two configurations as shown in Fig. 9.3:
a shaft type that connects the shaft of a rotor with a coupling, and a hollow type
into which the shaft of a rotor is inserted into.

FIGURE 9.3

Incremental encoders.
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The encoders are a device that is sensitive to the surrounding environment
such as temperature, shock, vibration, and contamination. To prevent noise from
affecting encoder signals, it is preferable to use a shielded twisted pair cable for
encoder output lines. Now we will explore how the incremental encoders work.

9.1.2.1 Operating principle of the optical incremental encoder

Fig. 9.4 shows the simple configuration of an optical incremental encoder, which
consists of a moving disc mounted to the rotating shaft, light sources (LEDs), and
light receivers (phototransistors). The moving disc has the same number of slits
as PPR. The light of LEDs passing through the slits on the disc is transmitted to
phototransistors, and in turn, is converted to square wave—shaped electric signals.

Commonly, the encoder has three outputs called A, B, and Z. The total number
of A and B pulses per revolution is equal to PPR, with which the angular position
and speed can be calculated. The A and B pulses are 90° out of phase, which allows
the identification of the direction of rotation as shown in Fig. 9.5. For example,
when rotating in the forward direction, pulse A is ahead of pulse B. There is another
pulse Z known as the index or reference pulse besides pulses A and B. Pulse Z is
generated once per revolution and can be used to set the reference position.

The absolute encoder is used when there is a need of an absolute position of
the rotor. Since an absolute encoder generates a unique code (or multibit digital
words) for each angular position of the rotor, we can find the actual position
directly from the output signals. This output can be in binary code, binary coded
decimal code, or gray code. The absolute encoder requires a complicated disc
with many slits to generate the output code, resulting in a higher price.

Incremental encoders are the most widely used in motor drive applications.
Since the incremental encoder produces a series of pulses as the rotor moves, we
cannot measure the rotor speed directly from the encoders. Thus we will next dis-
cuss a method to estimate the speed from the output pulses of an encoder.
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Pulse multiplication.

SPEED ESTIMATION USING AN INCREMENTAL ENCODER

We usually directly use the encoder pulses A or B themselves to calculate the speed.
However, when more resolution is needed, we often increase the number of pulses
by using a pulse multiplication. For a low-cost encoder with a low PPR, such multi-
plication can generate pulses more than the original pulse number, and thus results
in a higher resolution. Fig. 9.6 shows that the PPR of an encoder can be doubled or
quadrupled by counting the rising and falling edges of one or both pulses. In this way
a 1000-PPR encoder can act like a 4000-PPR encoder by a 4 X multiplication.

Now we will discuss how to calculate the speed of a rotor with pulses of an
encoder mounted to the shaft of the rotor.
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The angular velocity can be defined as the rate of change of the angular
displacement X rad over the time interval 7 second as

Wy = ; (rad/s) 9.2)

Here, the angular displacement X is obtained by counting the pulses produced
from the encoder. The angular velocity can be often expressed in terms of

revolution per minute unit as
60\ X .

There are three typical methods to obtain the angular velocity from the encoder
pulses: M method, T method, and M/T method. In the M method, the angular
velocity is obtained by measuring the displacement for a constant time interval. In
the T method, the angular velocity is obtained by measuring the time interval for a
constant displacement. Now, we will examine these methods in detail as follows.

M METHOD

In this method, the angular velocity is obtained by counting the pulses produced
from the encoder during the constant sampling time interval 7, as shown in Fig. 9.7.

Assuming that the number of encoder pulses during the sampling time interval
T, is m, the angular displacement X over the T, is given as

m

Thus the angular velocity is given from Eqs. (9.2) and (9.3) as

Wy = F( = Tcm (rad/s) (95)
60 60 m .

For example, if an encoder with a resolution of 1024 PPR produces 2048
pulses for 0.1 s, then the angular velocity can be calculated as

_60-2048

|
l«——— Sampling period 7, ——————>
I

m
| |
[ A [
..... | [
oo L LTI
ulse I by
P i L Time
|
|

FIGURE 9.7
M method.
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Since the M method is simple and easy to be implemented, it can be
widely used in many applications where high precision in speed is not required.
In addition, in this method, since the speed calculation time, i.e., the sampling
time of the speed is constant, it is easy to design the speed controller where the
speed is periodically controlled. The sampling period is commonly chosen within
1—3 ms according to the required control bandwidth. However, if the sampling
time interval is not synchronous with pulses, as it is true in most cases, there
exists a speed error. The maximum pulse error is one pulse, resulting in a maxi-
mum speed error of 60/(T, PPR) (r/min). For example, for PPR = 2000, 4 X mul-
tiplication, and 7, = 1 ms, the maximum speed error is (60/(1 ms X 4 X 2000)) =
7.5 r/min. Thus in this case, it is impossible to identify a speed less than 7.5 r/min.
In particular, this absolute pulse error of one pulse deteriorates the accuracy of
the calculated speed in the low-speed region. It is because, in the low-speed
region, the number of pulses becomes low as shown in Fig. 9.8. Thus this method
is more effective in the high-speed region where there is are a large number of
pulses. To reduce the speed error, it is necessary to use a large PPR or a long
sampling time interval. However, a long time interval reduces the speed control
bandwidth as we discussed in Chapter 2. Thus it is desirable to use an encoder
with a large PPR, but it is an expensive solution.

T METHOD

In this method, the angular velocity is obtained by measuring the time interval T,
between two consecutive pulses to eliminate the pulse error as shown in Fig. 9.9.
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|

FIGURE 9.8
Pulse error in the low-speed region.
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FIGURE 9.9
T method.
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In the T method, the angular displacement X is always fixed as

X= % (rad) 9.8)

The time interval T, between two pulses is estimated by counting a reference
clock, whose frequency is high enough compared to that of the encoder pulse.
Assuming that the period of the reference clock is 7, and the number of the
reference clock generated for the time between two pulses is m,., then the time T,
is given as

Tc =me - T('Iock (S) (99)

Thus the angular velocity is given as

X 2w 1
“m T T PPR moTeek (rad/s) 10
60 60 60 .
N o = opR e T /™) ©-10

Unlike the M method, the T method has an advantage of enabling an accurate
calculation in the low-speed region because it has no pulse omitting. On the other
hand, in the high-speed region, the frequency of the reference clock should be
high enough to calculate the pulse period accurately. However, when such high-
frequency reference clock is used, a clock counter with large bits is required for
the operation in the low-speed region. Besides these, the calculation of Eq. (9.11)
requires a division, which takes a long calculation time for a digital controller.
Moreover, since the speed calculation time 7, varies with the speed, this method
is not preferable for use for a speed controller, which carries out the speed control
at each constant time interval.

M/T METHOD

The M/T method combines the two methods explained previously, which
improves the accuracy of the speed calculation. The M/T method is now widely
used in many motor drive applications for obtaining the speed information with a
high resolution.

In the M/T method, similar to the M method, the encoder pulses are first
counted in the constant sampling time interval 7,.. However, if the sampling
time does not synchronize with the last pulse, the extra time AT to the last
pulse is additionally measured to eliminate the pulse error by adopting the
T method as shown in Fig. 9.10. Thus in this method, the angular velocity
can be calculated accurately by measuring the total time 7(= T, + AT) for the
encoder pulses .
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For the number of the encoder pulses m,, the angular displacement X is given as

2w
X= ﬁml (rad) 9.12)

If the period of the reference clock is T, and counts of the number of the clock
pulses is m;, the total duration time for the pulses m, is given as

T=T,+AT=T,+Tom (s) 9.13)

Then the angular velocity is given as

_X_2r om
“n =TT PPR Tt R4/ .14
60 60 m .
N= 2y = M 15
3 T PR Tty /I ©.15)

The speed calculation based on the M/T method is more accurate than the
other two methods, but its implementation is quite difficult. The M/T method has
a problem in the very low-speed region. Since, in the very low-speed region, the
number of the encoder pulses is too small, the extra time AT may be larger than
the sampling time interval T,. Thus the period for the speed calculation can vary
with the speed.

The speed estimation methods introduced above cannot inherently estimate
the true instantaneous speed, but only a discrete average speed over the sample
interval. Since the actual speed within the sampling period interval cannot be
identified, the speed control cannot work properly for a system with a long sam-
pling period. In addition, a system with a high bandwidth of speed control may
become unstable in the low-speed region, where the speed detection delay time is
long. To overcome this problem, we need to estimate the instantaneous speed by
using a position observer or a state filter with the discrete average speed obtained
from the encoder pulses [4.5].



382

CHAPTER 9 Speed estimation and sensorless control

SENSORLESS CONTROL OF ALTERNATING
CURRENT MOTORS

The vector control of AC motors requires the position of the rotor flux. The
knowledge of the rotor position is used for identifying the position of the rotor
flux. For this purpose, a position sensor such as an encoder or a resolver is
installed at the rotor shaft as shown in Fig. 9.11.

A resolver is usually used for PMSM drives that require an absolute position
of the rotor for start-up and vector control. On the other hand, an incremental
encoder to measure the angular displacement of the rotor is commonly used for
induction motor drives. When an incremental encoder is used for PMSMs, the ini-
tial rotor position should be provided [6].

Such position sensors cause several problems. Above all, these sensors
increase the cost of the whole motor drive system. These sensors are also sensi-
tive to the surrounding environment. The DC power lines and interface lines for a
sensor increase the complexity of the system and are susceptible to noise. This
may degrade the system reliability. In addition, the sensor attached to the shaft of
a motor increases its size and requires maintenance periodically.

To solve this problem, a control technology without any position sensor,
referred as sensorless control, has emerged and become an important research
subject in the field of AC motor drives. The vector control using a sensor can
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Position sensor for AC motor drive systems.
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provide the speed accuracy of = 0.01% and the speed control range of 1:1000.
These days, the sensorless vector control can provide a speed accuracy of
*0.5% and a speed control range of 1:150. The performance of the sensorless
vector control exceeds that of the scalar control such as the V/f control, which has
a speed accuracy of * 1~2%. Nowadays, sensorless control techniques to
achieve a performance comparable to that of the sensored vector control have
been investigated continuously.

Understanding the sensorless control techniques requires a comprehensive
knowledge of the motor control that was stated in the previous chapters 4—8.
Now we will review briefly the sensorless control techniques of AC motors.

TYPES OF SENSORLESS CONTROL

For more than two decades, many efforts have been made to develop a sensorless
drive of AC motors. These sensorless techniques are subdivided into two major
groups according to their method of deriving the rotor position as shown in
Fig. 9.12. One typical group is based on back-electromotive force (EMF) retain-
ing information on the rotor speed [7—17]. The technique of this group is that the
rotor position can be obtained through an estimator or observer using mathemati-
cal equations of a motor. Another group obtains the rotor position from the char-
acteristics of a motor itself [18—24]. In this technique, a special signal to extract
the rotor position-dependent characteristics from a motor is injected into the
motor. High-frequency voltage is commonly used as the special signal.

9.3.1.1 Sensorless technique using the motor model

The basic concept of this sensorless technique is to use the back-EMF retaining
information on the rotor speed to obtain the rotor flux position [7—17]. This
sensorless technique usually uses an estimator or observer to obtain the rotor flux

Sensorless
technique
Using Using motor
motor model characteristics
Back-EMF Observer-based| | MRAS-based Continuous Discontinuous
(voltage-model) estimator estimator signal signal

FIGURE 9.12

Different types of sensorless control methods.
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position or the rotor flux linkage by using mathematical equations of a motor
with its measured voltage and current.

We have already seen one example of the sensorless control of an induction
motor based on this concept in Chapter 5. In the voltage model of Section 5.3.1,
it was seen that the rotor flux angle could be estimated from the rotor flux linkage
obtained by using the stator voltage equations. We will now review this process.
The stator flux linkages are obtained first by the integral of back-EMFs, and in
turn, the rotor flux linkages are estimated from the stator flux linkages as

L

Mgy = J(v;qs — Ryl )dt = jejlqsdt = Ny = 7 Cgs = 7Lsli) (9.16)

From the rotor flux linkages, the rotor flux angle @E and the rotor speed w, can
be estimated as

., X
0, =tan ' | 2 9.17)
)\dr
L db _d (N,
= — = — |t A .18
@ . 7 |:an (z\;,, (9.18)
O =G0 — wy 9.19)

Likewise, for a PMSM, the rotor flux angle ér and the rotor speed @, can be
estimated by using the stator voltage and the stator flux linkage equations as

X,qx = J(v;q‘\, — Ryl )dt

(9.20)

= [equdt (efiqs = Vfiqs - R»Yifiqs)

. X, Ny — Lyt

O, =tan” 'L | =tan ! L —& (9.21)

)\dr /\ds - LS lZs

db

by = —t 9.22
@ dt ( )

As we can see, the sensorless control technique based on the motor model is
simple compared to the other methods using the characteristics of a motor and
is capable of providing a satisfactory estimating performance in the medium- to
high-speed range. However, since it is based on the back-EMF proportional to a
rotor speed, its performance is inevitably limited in the low-speed range. A satis-
factory performance cannot be obtained 10% below the rated speed. Especially, at
zero speed where the back-EMF is equal to zero (or at zero stator frequency for
an induction motor), no information on the rotor flux can be acquired, so this
technique will fail to control the motor. Therefore this sensorless control tech-
nique is not an easy task to improve the performance in the low-speed range and
at zero speed.
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The accuracy of the estimation obtained from the sensorless control tech-
nique based on the motor model depends on the accuracy of motor parameters
and input values used in the model as well as the accuracy of the model itself.
The motor parameters can vary easily according to operating conditions such as
winding temperature and flux level. The variation of parameters has influence
on the accuracy of the estimation. For example, it can be readily seen that an
accurate information on the stator resistance is required to estimate the stator
flux linkage accurately from Eq. (9.16) or (9.20). Thus for an accurate sensor-
less control, an algorithm which provides real-time adaptation for motor para-
meters is necessary. The input values used in the model such as the current and
voltage of the motor should also be measured precisely. Mostly, the motor cur-
rents are directly measured by using current sensors. However, since the vol-
tages applied to the motor are generated as a pulse width modulation (PWM)
waveform, it is hard to be directly measured. Thus voltage commands or output
voltages calculated reversely by the switching pattern of an inverter are com-
monly used instead. In this case, as stated in Chapter 7, nonlinearity of an
inverter due to a voltage drop on the switching devices and the dead time effect
should be considered.

As a type of this sensorless control method for induction motors, the model
reference adaptive control (MRAC) method, which estimates the rotor speed by
comparing outputs of two models that estimate the rotor flux linkage, is a classic
example [7,8]. Besides the MRAC, several techniques using the advanced control
theory, such as the adaptive speed observer or Kalman filter, have been developed
[9,10]. The stable operation region for such sensorless control methods is limited
to 1—-3 Hz due to insufficient back-EMF information in the low-speed range.
However, some researches to further lower the available operating range have
been proposed [11].

Several approaches used for induction motors are also adopted for the sensor-
less control of PMSMs such as a method estimating the rotor position from the
flux obtained by an integral of back-EMF [13], a method adopting the MRAC
using the error between outputs of two motor models [13,14], and a method using
the advanced control theory such as the state observer or Kalman filter [15—17].

9.3.1.2 Sensorless technique using the characteristics of a motor

Sensorless control methods using the motor model mentioned previously cannot
inherently avoid performance degradation in the low-speed range and at zero
speed due to their dependency on back-EMF. Thus sensorless control methods
using a different concept have been researched. These methods derive information
on the rotor position from secondary effects of a motor such as eccentricity of a
rotor, magnetic saliency, and slot harmonics [18,19]. Since these characteristics
appear regardless of the rotor speed, they can be exploited for sensorless control
even in the low-speed range and at zero speed.

Most of these sensorless methods exploit spatial magnetic saliency, which
indicates the spatial variation of the inductance according to the rotor position
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[20—25]. In this case, a special signal is injected into the motor to extract the
magnetic saliency. A discontinuous pulse signal or modified PWM signal can be
used as the injected signal, but a continuous high-frequency signal of a sinusoidal
waveform is mainly used. Voltage rather than current has been mainly used as a
type of high-frequency injection signal. The high-frequency injection voltage is
added to the output of the current controller. The rotor position can be estimated
from the motor’s response to the injected voltage signal because the motor’s
response varies according to the magnetic saliency. The high-frequency signal
enables us to estimate the magnetic saliency for a surface-mounted permanent
magnet synchronous motor or an induction motor without magnetic saliency on
its rotor as well as an interior permanent magnet synchronous motor with mag-
netic saliency on its rotor.

Fig. 9.13 shows a block diagram of a typical sensorless drive based on the
high-frequency signal injection. The sensorless drive system consists of three
parts. First one is a high-frequency signal injection part, which injects a special
signal continuously to obtain the saliency information of the motor. Another is a
signal processing part, which decomposes the current induced by the injected
voltage and extracts the rotor position-related value. Finally, there is a position
observer part, which estimates the rotor position and speed from the extracted
rotor position-related value.

In the high-frequency signal injection, it is known that the voltage signal
injection into the d-axis of the estimated rotor reference frame can result in a
simpler signal processing and a better performance, even though the signal can be
injected into any reference frame. The signal processing part often requires
low-pass filters to extract the fundamental current and band-pass filters to extract
the injected frequency component current from the measured motor current.
Time delay by these filters limits the control bandwidth of the sensorless drives.
The bandwidth of the speed controller is usually only about several Hertz.
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FIGURE 9.13

Typical sensorless drive system based on the high-frequency signal injection.
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Recently, instead of the conventional sinusoidal-type signal injection, a square
wave—type voltage injection has been proposed to eliminate the low-pass filters
for the signal processing and enhance the control bandwidth of the sensorless
drives. In these methods, the control bandwidth is very close to the value avail-
able in sensored drives [22—24].

The sensorless control methods using magnetic saliency and high-frequency
voltage injection give a complex signal processing to estimate the rotor position
information, requiring a high-performance microprocessor. In addition, the volt-
age injected to extract the rotor position produces an additional loss, acoustic
noise, and torque ripple. Another problem is that there is a voltage shortage in the
high-speed operation because an extra voltage is used to generate the injection
signal. Thus this leads to a loss of high-speed operation. To overcome this prob-
lem, hybrid sensorless methods combing the two techniques mentioned above
have been proposed for operation in the entire speed range [25]. The hybrid sen-
sorless methods use the high-frequency signal injection technique at low-speed
region and at zero speed but the back-EMF technique at a higher speed region, in
which sufficient back-EMF information is available. In the hybrid methods, a
transition between the two techniques is an important issue.
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CHAPTER

Brushless direct current
motors

As explained in Chapter 2, direct current (DC) motors need mechanical commuta-
tion devices consisting of brushes and commutators that change the direction of
the current of conductors to produce an average torque for continuous rotation as
shown in Fig. 10.1. However, this mechanical commutation causes an electromag-
netic and acoustic noise. The commutators and brushes also need a periodical
maintenance and replacement due to wear-out and flashover. Small DC motors
with a radius of ¢25—¢34 can operate about 1000 hours, whereas ones with a
radius of ¢37—¢60 can operate about 2000 hours. Specially designed DC motors
are capable of operating about 3000 hours.

DC motors have been widely used for speed or position control applications
because of their control simplicity when compared with alternating current (AC)
motors. However, since they require periodic maintenance of brushes and commu-
tators, their utilization has been reduced in many motor drive applications, which
require continuous running and enhanced system reliability.

To overcome this problem of DC motors, a motor called brushless direct cur-
rent (BLDC) motor was developed in 1962 [1]. This motor has similar electrical
characteristics to a DC motor, but it has an enhanced reliability by replacing
mechanical commutation with electronic commutation. To implement the elec-
tronic commutation, BLDC motors use sensors and driving circuits. The sensors
detect the position of magnets on the rotor. By using the detected magnet posi-
tion, the driving circuits excite a specific winding for continuous rotation.

In BLDC motors, to eliminate the brushes of DC motors, the armature wind-
ings are placed on the stator side and the magnets are placed on the rotor side. As
a result, BLDC motors have a different configuration from that of DC motors.
Since there is a degree of freedom in the motor configuration when designing to
eliminate brushes, various BLDC motor designs to fit a wide application needs
such as a smaller or thinner configuration are possible. The BLDC motors have
many merits such as high efficiency, high-power density, high torque-to-inertia
ratio, high-speed operation capability, simple drive method, and low cost. Thus,
nowadays, they are widely used for cost-effective solution in many small and
medium motor drive applications such as home appliances, industrial, office pro-
ducts, and light vehicles.

In this chapter, we will discuss the configuration, driving principle, mathemat-
ical model, speed and current control, and sensorless techniques of BLDC motors.

Electric Motor Control. DOI: http://dx.doi.org/10.1016/B978-0-12-812138-2.00010-6
© 2017 Elsevier Inc. All rights reserved.
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; Armature current

Brush

FIGURE 10.1
Mechanical commutation devices of a DC motor.

(A) (B)

Conductors

Permanent
magnet

Rotor

FIGURE 10.2
Configurations of (A) DC motor and (B) BLDC motor.

CONFIGURATION OF BRUSHLESS DIRECT CURRENT
MOTORS

COMPARISON BETWEEN BRUSHLESS DIRECT CURRENT
MOTORS AND DIRECT CURRENT MOTORS

BLDC motors do not have the crucial weakness of DC motors because the function
of brushes and commutators is replaced with semiconductor switches operating
based on the information from the rotor position. As a result of this replacement,
the configuration of a BLDC motor becomes different from that of a DC motor,
but similar to the configuration of a permanent magnet synchronous motor
(PMSM). As shown in Fig. 10.2B, the BLDC motor has a configuration in which
the windings are placed on the stator side and the magnets on the rotor side. This
results in the reversed configuration of a DC motor as shown in Fig. 10.2A.
Instead, its configuration resembles that of a PMSM, shown in Fig. 4.8.
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However, similar to the current flowing in armature windings of a DC motor,
the current flowing in the windings of a BLDC motor is a quasi-square waveform.

Such configuration of BLDC motors has the following merits over DC motors.
Compared to the heavy rotor of DC motors consisting of many conductors,
BLDC motors have a low inertia rotor. Thus BLDC motors can provide a rapid
speed response. Moreover, windings placed on the stator side can easily dissipate
heat, allowing BLDC motors to have a better attainable peak torque capability
compared to DC motors whose maximum current is limited to avoid the demag-
netization of magnets. In addition, BLDC motors can operate at a higher speed
because of nonmechanical commutation devices.

COMPARISON BETWEEN BRUSHLESS DIRECT
CURRENT MOTORS AND PERMANENT MAGNET
SYNCHRONOUS MOTORS

Due to their structural similarity, BLDC motors are often confused with PMSMs.
Commonly, BLDC motors can be distinguished from PMSMs by their shape of
back-electromotive force (back-EMF). A BLDC motor is designed to develop a
trapezoidal back-EMF waveform as shown in Fig. 10.3A. Thus the amplitude of
the magnetic flux density generated by the rotor magnets remains constant along
the air gap. This can be achieved by using magnets with parallel magnetization.

Back-EMFs

(A)
Back-EMF (No-load) Direction of flux werey

—/ }%
rasecmen \ ||/ /

(B)

B

Back-EMF (No-load) Direction of flux
Phase current > 0

FIGURE 10.3
Comparison between (A) BLDC motors and (B) PMSMs.
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When a BLDC motor with a trapezoidal back-EMF waveform is fed with a rect-
angular stator current, a constant torque can be developed. On the other hand, a
PMSM is a type of AC motor with a sinusoidal back-EMF waveform, and thus its
current should be a sinusoidal waveform for constant torque generation as shown
in Fig. 10.3B.

A sinusoidal back-EMF waveform requires the magnetic flux density gener-
ated by the rotor magnets to be distributed sinusoidally along the air gap [2].
A PMSM is often referred to as BLAC motor, in contrast to BLDC motors.

Power density of a BLDC motor with a trapezoidal back-EMF waveform is
15% higher than that of a PMSM [3]. This is because the trapezoidal waveform
has a higher fundamental component than the sinusoidal waveform, even though
they have the same peak value. Besides the back-EMF waveform, there are sev-
eral differences between BLDC motors and PMSMs. The comparison is listed in
Table 10.1.

As shown in Fig. 10.4, a BLDC motor commonly uses concentrated stator wind-
ings, and quasi-square waveform current flows into them. In contrast, a PMSM
usually uses distributed stator windings, into which the sinusoidal waveform current
flows as shown in Chapter 3. However, recently, PMSMs often use concentrated
windings due to their short end windings and simple structure suitable for auto-
mated manufacturing.

There is a clear difference in drive methods for these two motors. In the
excitation of a three-phase BLDC motor, the phase currents flow only in two of
the three-phase windings at a time and thus, each switch of the inverter always
operates for a 120° conduction interval per fundamental operating cycle. By
contrast, as described in Chapter 7, in a three-phase PMSM, the phase currents
flow in all three-phase windings at a time and thus, each switch of the inverter
always operates for a 180° conduction interval per fundamental operating cycle.

Table 10.1 Comparison Between BLDC Motors and PMSMs

BLDC Motor PMSM

Back-EMF Trapezoidal waveform | Sinusoidal waveform

Stator winding Concentrated winding | Distributed winding

Stator current Quasi-square Sinusoidal waveform
waveform

Driving circuit Inverter (120° Three-phase inverter (180° conduction)
conduction)

Drive method Simple, using Complex (using high-resolution position
low-cost Hall effect sensor such as an encoder or a resolver)
Sensors

Torque ripple Significant torque Nearly constant torque
ripple

System cost Low cost High cost
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FIGURE 10.4

Concentrated stator windings of BLDC motors.

The BLDC motor drive is simple and inexpensive compared with the PMSM
drive, which requires a complex method of the vector control as described in
Chapter 5. However, the BLDC motors have a significant torque ripple during
the phase commutation of changing an active switch, which will be explained
later.

CONSTRUCTION OF BRUSHLESS DIRECT CURRENT MOTORS

BLDC motors can be categorized according to their number of stator windings:
single-phase, two-phase, three-phase, and multi-phase.

Single-phase BLDC motors are widely used for appliances and small machines
due to their simple structure, simple driving circuit, and low cost. However, such
motors can rotate only in one direction. Furthermore, since they have a detent point
where there is no starting torque, a motor design including an ancillary part is neces-
sary for start-up. A reluctance torque is usually used as the starting torque, resulting
in a large cogging torque. Single-phase BLDC motors are beneficial to small power
applications below 10 W such as fans and blowers that require a low starting torque.

Multi-phase BLDC motors above four-phase can be mainly applied to aero-
space and military applications requiring high reliability due to increased power
density and fault-tolerance capability. Three-phase BLDC motors are the most
widely used and our discussion will be limited to these motors in this book.

There are two BLDC motor designs which are classified in terms of magnetic
flux direction: radial-flux type, where the flux from the rotor magnet crosses the
air gap in a radial direction and axial-flux type, where the flux crosses the air gap
in an axial direction as shown in Fig. 10.5.

Traditionally the radial-flux motors have been used almost exclusively. This
type of motor can be either an inner rotor type or an outer rotor type as shown in
Fig. 10.5A and B. As the most common type, the inner rotor design has an advan-
tage of higher heat dissipating capacity, high torque-to-inertia ratio, and lower rotor
inertia. Its common application is servo drives requiring a quick dynamic response.
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(A) (B) ©)
Stator

winding |_| Rotor

Stator u

winding

Rotor

FIGURE 10.5

Classification of BLDC motors. (A) Radial-flux (inner rotor), (B) radial-flux (outer rotor),
and (C) axial-flux.

Since the rotor is cylindrical in shape with a shaft on which the bearings are
mounted, this type of motor can produce less vibration and acoustic noise. Outer
rotor motors shown in Fig. 10.5B, in which the rotor magnets rotate around the
stator windings located in the iron core of the motor, have relatively high rotor iner-
tia. Thus this motor is favorable for systems requiring constant speed operation.
The magnets affixed inside the yoke are beneficial to high-speed operation. The
outer rotor motor can use more magnetic material than the inner rotor device,
which means it is capable of more flux even though lower energy product magnets
are used. These days, this type of motor is increasingly being used in many applica-
tions such as computer disk drives, cooling fans, and washing machines.

In the axial-flux motors shown in Fig. 10.5C, a disc rotor with magnets whose
flux is in an axial direction rotates facing the stator. Permanent magnets are glued
to the surface of the rotor. In this design topology small motors often have core-
less stator windings mounted to a nonmagnetic substrate or slotless stator wind-
ings mounted to an iron core without slots. The primary advantage of such a
technology is that it has a very low ripple torque and acoustic noise since the
cogging torque associated with typical iron core motors can be eliminated due to
no variations in reluctance. Their relatively high rotor inertia is favorable to con-
stant speed operation. However, due to increased effective air gap, the available
flux is somewhat low. Common applications are VCR and CD player drives. This
axial-flux motor with a slimmer structure of shorter axial length is very
suitable for applications in which the axial length of the motor is the limiting
design parameter, or the motor is directly coupled to the driven load. Such appli-
cations include electrical vehicles in-wheel motors and elevator motors.

DRIVING PRINCIPLE OF BRUSHLESS DIRECT
CURRENT MOTORS

The basic driving principle of the BLDC motor is to change the phase windings,
which should be excited according to the position of permanent magnet on the
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Phase a Phase b Phase ¢
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T T3 5
Vit 7§ Va Vi v, ‘ :
T4 e, T2 a b
Inverter
Gating signals BLDC motor
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FIGURE 10.6

BLDC motor drive system.

rotor for producing a continuous torque. To implement this function, information
on the rotor magnet position is indispensable. The position sensing is commonly
achieved with Hall effect sensors.

A two-pole three-phase Y-connected BLDC motor drive system is shown in
Fig. 10.6. Three Hall effect sensors are displaced from each other by 120 electrical
degrees on the stator to detect the magnetic field flux produced from the rotor mag-
nets. Three output signals of Hall effect sensors enable us to recognize the rotor
position divided into six different sections. Accordingly, a basic drive (often called
six-step drive) to complete one electrical cycle consists of six different sections.

HALL EFFECT SENSOR

The Hall effect sensor is a device that can detect magnetic field by making use of the Hall effect
on the semiconductor material. As shown in the following figure, when a current /y is flowing
through the plate of semiconductor material (called Hall element) and a magnetic field density B
passes through the plate, a voltage Vy is generated in response to the magnetic field by the Hall
effect as

R
Vy = 7HIHB (V) (Ry: Hall constant, d: width of an element)

Hall B
element

(Continued)
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HALL EFFECT SENSOR (CONTINUED)

From measuring the voltage Vy, the position and polarity of a magnetic field can be detected.
Thus the Hall effect sensors are used to detect the rotor position of permanent magnet motors
such as BLDC motors and PMSMs. They are also used for current sensors as shown in the
following figure. From measuring the output voltage of the Hall effect sensor, the magnitude and
the direction of the current, which produces the magnetic field, can be detected.

Current

sensing element

The switching sequence for the six-step drive is illustrated in Fig. 10.7. In
the BLDC motor drive, only two of the three-phase windings are excited, while
the other winding is left unexcited. This is the difference from the inverter
drive method for AC motors, which is mentioned in Chapter 7. Rotor position
feedback signals can be used to determine which two of the three-phase wind-
ings should be excited to produce the continuous torque at each instant. As a
driving circuit, a three-phase inverter is used to flow the current into the
required two-phase windings. In the inverter for a BLDCM drive as shown in
Fig. 10.7, switching devices of only two phases work at any given instant.
Accordingly, each switching device has a 120° conduction interval. In the six-
step drive, a changeover of an active switch is done to the switch of the other
phase, and thus a dead time is not required for short-circuit protection in the
inverter.

Fig. 10.8 illustrates Hall effect sensor signals (H;, H,, H3) with respect to
back-EMFs of stator windings in the six-step drive as shown in Fig. 10.7, and
the relationship between the sensor signals and the phase currents. Here,
assume that each sensor outputs a digital high level for the north pole,
whereas it outputs a low level for the south pole. From the sensor signals, the
excited phase winding, i.e., an active phase winding, should be changed every
60 electrical degrees of rotation for producing a continuous torque. The transi-
tion of an active phase winding is called commutation. For the reverse rota-
tion, the switching sequence with respect to Hall effect sensor signals should
be altered.
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FIGURE 10.7
Switching sequence for two-pole three-phase BLDC motor.
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Driving principle of three-phase BLDC motor.

MODELING OF BRUSHLESS DIRECT CURRENT MOTORS

In this section, we will derive the mathematical model of a three-phase BLDC
motor [3]. The model of a BLDC motor is similar to that of a PMSM due to their

structural similarity.

VOLTAGE EQUATIONS

Let us consider a two-pole three-phase BLDC motor as shown in Fig. 10.9.
Similar to AC motors examined in Chapter 4, the voltage equation for the stator

windings of a BLDC motor can be expressed as
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Phase-bs bs-axis

Phase-cs

FIGURE 10.9
Windings of a two-pole three-phase BLDC motor.

d )\abcs
dt

Vabes = R,\'iabc.\' + (101)

where the stator voltage v pcs = [va‘vvhsvm]T, the stator current i ., = [imihsics]r, the
stator  flux  linkage  Ngpes = [AasAvs /\C‘Y]T, and the stator resistance

R, 0 O
Ri=]10 R O
0 0 R

The flux linkage Agpes of the stator windings consists of Agess) due to the
stator currents iz and Agpesr) due to the permanent magnet as

Aab(:s = Adabes(s) + Aabcs(f) (10.2)

Substituting Eq. (10.2) into Eq. (10.1) gives the following stator voltage
equation.

d b . dX b
atCS :Rslabcs + %(S) te

Vabes = Rsiab(:s + abcs (103)
where the back-EMF due to the magnet flux is expressed as eapes = d Aape(r)/dt

and is also given as

€as >\asf f (9,)
€abes = | €bs | = W >\bsf = Wm)\f f(er - 1200) (10.4)
€ac /\csf f(ar - 2400)

where A\r( = N¢y) is the amount of the magnet flux ¢, linking N turns of the stator
windings, f(,) is a unit function representing the waveform of the back-EMF and
6, is the rotor position.
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The unit function for the trapezoidal back-EMF waveform of a BLDC motor
can be expressed as

60,/m 0=6,<7/6)
1 (0=0,<n/6)

)= —60,/7  (0=0,<n/6) (10.5)
-1 0=0,<n/6)

60,/m—12 (0=0,<7/6)
The stator flux linkage Agcs(s) due to the stator currents is given by

Luu Lah Lac iax
Aabcs(s) = Lsiabcx = Lba Lbb Lbc ibs (106)
Lca Lrb Lcr ics

As can be seen in Section 4.1.1, for symmetry three-phase windings, the
self-inductances are all the same and the mutual-inductances are all the same as
in the following

Laa = Lbb = Lcc = Ls = Lls + Lm (107)

1
Lab = La(: = Lba = Lbc = L('u = ch = - ELm =M (108)
where L,3( = \/ig) expresses the winding inductance, which is the ratio of the
flux linkage A of the winding « to the current i that produces the flux. Here, the
values of leakage inductance L;; and magnetizing inductance L,, are the same as
those of a PMSM described in Chapter 4.

From Egs. (10.6)—(10.8), the stator voltage equation is rewritten as

. digpe
Vabes = Rslabcx + Lubcs ‘2’;‘(;) + €abes (109)
Vas Rs 0 0 ias Ls M M d ias €as
Vps | = 0 Rs 0 ibs + | M LS M E ibs + €hs (1010)
Ves 0 0 R Ies M M L Ics ecs

here, since i, + ipg + iy = 0, the mid-term of Eq. (10.10) is reduced as

d d
E[Lsias + Mips + Mics] = E[Lsias - Mias] (1011)

Thus Eq. (10.10) becomes the following voltage equations.

Vas R; 0 0 Las Li—M 0 0 d Las €as
vis | =10 Ry O ips | + 10 Li—M O E ips | T | eps
Ves 0 0 R; lcs 0 0 Li—M lcs €cs

(10.12)
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Voltage Equations of a Brushless Direct Current Motor
. dl'as
Vas:R.slas+(Ls_M) dt + eqs (1013)
dips
Vos = Ryips + (Ly — M)% + eps (10.14)
. diCS
Ves = Ryles + (Lx - M) dr + ecs (10.15)

Unlike AC motors that use the d—g axes reference frame to facilitate their
control, BLDC motors directly use three-phase abc quantities for their control.
The d—q transformation is necessary for the sinusoidal quantities. Since currents,
flux, and back-EMFs of a BLDC motor are nonsinusoidal quantities, the d—q
transformation on the BLDC motor is meaningless.

TORQUE EQUATION

The output torque 7, of a three-phase motor is generally calculated from the
output power P, and the mechanical angular velocity w,, as

PE = easias + ebsibs + ecsics (1016)
Te — & _ easia.\‘ + ebsih.\‘ + em‘ics (1017)
Wi Wi

here, the mechanical angular velocity w,, = w,/P. In addition, w, is the electrical
angular velocity and P is the number of pole.

From this torque equation, we can readily see that the phase current is needed
to be in phase with the back-EMF to produce the maximum torque. The drive
shown in Fig. 10.8 satisfies this requirement for maximum torque production.

Now we will discuss the output torque of a three-phase BLDC motor driven by
the 120° conduction method. In a BLDC motor, the currents of two-phase windings
are the same in magnitude but flow in the reverse direction except during the com-
mutation interval. As an example, consider Section 1 shown in Fig. 10.8. In that
section, iz =1, ips = — 1, ic; =0 and e,s = E, eps = — E. Since the phase current is
in phase with the back-EMF, the torque of Eq. (10.17) can be simply expressed as
the product of the magnitudes of the phase current and back-EMF as

Tg _ easias + ebsibs + ecsics — 2E

(10.18)
wm wﬂl
For the remaining sections, we can obtain the same result.
If I and E are constant values, the output torque of Eq. (10.18) becomes a
constant value. However, if the back-EMF is not an ideal trapezoidal waveform,
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there is a torque ripple even though the BLDC motor is fed with constant stator
currents. For a BLDC motor having arbitrary back-EMF waveforms of Eq. (10.4),
the output torque can be expressed as

Ty = Mliasf (0) + iagf (0 — 240°) + ief (6 — 120°)] (10.19)

10.3.2.1 Torque ripple during the commutation

Even though the back-EMF is an ideal trapezoidal waveform, a torque ripple may
occur due to the current ripple introduced during the commutation of phase
currents [4—8]. This torque ripple may be a major obstacle in applying a BLDC
motor for high-performance motor drives. Below is a description on the causes of
the torque ripple during the commutation of phase currents.

Consider the commutation of the phase current from Section 2 to Section 3 in
Fig. 10.10. The stator current during the commutation is assumed to be constant
and equal to I. The magnitude of back-EMF is also supposed to remain as a
constant value E.

In Section 2, the stator current / flows from phase as to phase cs, while in
Section 3, the current / flows from phase bs to phase cs. Thus the current is
commutated from phase as to phase bs during the transition from Section 2 to
Section 3. In this case the phase as current i,; decreases to zero, while the phase
bs current increases to its final value /. Meanwhile, the phase cs current i, i.e.,

O

Non commutation cs
current —I

FIGURE 10.10
Commutation of phase currents.
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noncommutation current, remains unchanged. During the transition from
Section 2 to Section 3, e, =ep, =E, e.;= — E. Thus the output torque of
Eq. (10.18) can be expressed as

Te — ea.&'im’ + ehxihs + evsic.\‘ — E(ias + ihs) - Eics - _ 2£ic.; (1020)

Wm W W

From Eq. (10.20), it can be readily seen that, during the commutation, the
torque is proportional to the noncommutation current i.. If the noncommutation
current i.; remains a constant value during the commutation, then the torque also
becomes a constant value.

During the commutation, it takes time to change the current due to the wind-
ing inductance. If the decreasing rate of the phase as current is equal to the
increasing rate of the phase bs current, then i, + i, = I, so the phase cs current
i.s remains at a constant value, —/. However, in practice, these two rates of
change are usually not equal to each other due to the back-EMF, DC-link voltage,
time constant of windings, etc. Accordingly, the noncommutation current cannot
remain as a constant value, resulting in a torque ripple. For example, Fig. 10.11
shows that the rate of change of the current varies according to the back-EMF
and DC-link voltage [4].

Fig. 10.11A shows that the phase bs current reaches the final value / before
the phase as current reduces to zero. Hence, the noncommutation current, the
phase cs current i, becomes larger than /, resulting in an increase in the torque.
On the other hand, Fig. 10.11C shows that the phase as current reduces to zero
before the phase bs current reaches the final value, I. In this case the noncommu-
tation current, phase cs current i.;, becomes smaller than /, resulting in a decrease
in the torque. Fig. 10.11B shows an ideal case where the phase as current reduces

(A) (B) ©
Commutation Commutation Commutation
<« <« «—>
I . I | I y
i \ s Las \ iy, i \\ i,
0 K Pl ol :
ics ics l.m
=1 -1 -1
Increased Decreased
Torque ~~, / Torque
T, T, T,
0 >
FIGURE 10.11

Phase currents during commutation in different cases. (A) low-speed (V. >4E),
(B) mid-speed (V. =4E), and (C) high-speed (V. <4E).
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to zero at the same time the phase bs current reaches the final value /. In this case
the noncommutation current remains constant, and thus results in the constant
torque.

For this reason, whenever the winding current is commutated from one phase
to another, a ripple in the output torque is generated. Thus this ripple of the tor-
que occurs six times per cycle. The magnitude of the torque ripple depends on
the operating current level and the operating speed. This is also different accord-
ing to the pulse width modulation (PWM) techniques used in a driving inverter.
Fig. 10.12A and B shows output torque and phase currents for the case shown in
Fig. 10.11C. Commutation torque ripples produce noise and degrade speed con-
trol characteristics especially at low speeds. Thus many methods to reduce this
torque ripple have been developed [4—8]. As an example, Fig. 10.12C shows that
the ripple of the phase currents (thus, torque) is eliminated by using a commuta-
tion ripple compensation in which the motor input voltage is adjusted to equalize
the rate of change of the current during the commutation [8]

(A)

24
2

Z 18

e ||

2
AN
L T I O I O

032 033 034 035 036 037 038
t(sec)

(B) ©

FIGURE 10.12

Ripple of output torque and phase currents. (A) output torque, (B) phase current (without
compensation), and (C) with compensation.
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MATLAB/SIMULINK SIMULATION: BRUSHLESS DIRECT CURRENT
MOTOR

The six-step drive for 4-pole, 300-V BLDC motor is simulated by using a permanent magnet
synchronous machine block in SimPowerSystems/Machines library and Mosfet blocks in
SimPowerSystems/Power Electronics library.

¢ Overall diagram for simulation
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CONTROL OF BRUSHLESS DIRECT CURRENT MOTORS

As can be seen in the Section 10.2, we can operate a BLDC motor easily by a
proper commutation of phase currents based on the information of the rotor posi-
tion. Similar to a DC motor, the operating speed of a BLDC motor is proportional
to the voltage applied to the motor, and thus its speed can be controlled by adjust-
ing the applied voltage.

SPEED CONTROL

The simplest speed control system to control the speed of a BLDC motor is shown
in Fig. 10.13. A proportional—integral (PI) controller as mentioned in Chapter 2, is
commonly used for the speed control. This PI speed controller outputs the motor
voltage reference (or PWM duty) as

. K\ | -
V= (Kp - T) (why = W) (10.21)

where Kp and K; are the proportional and integral gains of the PI speed controller,
respectively.

This reference voltage is generated by a PWM technique and then applied to
the BLDC motor. This speed control system is simple but has a big problem. In
this method, the motor current is hard to control within a proper range. This is
because when a speed command is changed, the voltage reference may be chan-
ged largely. Thus we cannot expect to obtain a good dynamic response of the
speed control. Moreover, this may incur a large transient current more than the
rated current, which may lead to a shutdown of the drive system.

-V, % Inverter @

i BLDC Motor

Gating signals T
Hall signals
PWM )
Genertator

Speed

V" or PWM duty Controller |4—— a,

FIGURE 10.13
Speed control system of a BLDC motor.




10.4 Control of Brushless Direct Current Motors 407
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FIGURE 10.14

Speed control system based on the motor current.

To obtain a better dynamic response of the speed control, it is necessary to
control the speed by controlling the torque or current of the BLDC motor. An
enhanced speed control system based on the current control is shown in
Fig. 10.14. Compared to the previous system of Fig. 10.13, this system includes a
current controller to control the speed by regulating the current (thus, torque). In
this case, the output of the PI speed controller becomes the motor current refer-
ence and a current sensor is needed to measure the actual motor current for the
current control.

For AC motor drives, both the amplitude and phase of three-phase currents are
instantaneously regulated to control the torque. However, for the BLDC motor
drive, only the amplitude of phase currents needs to be regulated. This is because,
as we can see in Eq. (10.18), the developed torque is proportional to the ampli-
tude of the phase current. In addition, when controlling the amplitude of the
current, we may regulate three-phase currents individually like in the current con-
trol of AC motors. However, since the amplitude of the phase current of a BLDC
motor is proportional to the DC-link side current I, the amplitude of the phase
current is commonly controlled by regulating /;.. In this case, the drive system
needs only one current sensor at the DC-link side, and thus is more cost-effective.

Fig. 10.15 shows the speed control system using the regulation of the DC-link
current. In this system, the speed controller produces the DC-link current reference as

. Kis .
I, = <Kp5 + T) (W, — W) (10.22)

here, K,,; and K, are the proportional and integral gains of the PI speed controller,
respectively. These values can be determined from the gains selection procedure
of a PI speed controller that was explained in Section 2.7.
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FIGURE 10.15

Speed control system using the regulation of the DC-link current.

To achieve the DC-link current reference I,. produced by the speed controller,
switching signals for an inverter are usually generated by a hysteresis regulation
technique or a PWM technique.

CURRENT CONTROL

As can be seen from Chapter 6, the hysteresis technique is simply implemented
and gives an excellent transient response because it directly determines the
switching states from the current error. However, the hysteresis technique has a
major drawback of varying the switching frequency with operating conditions,
such as the back-EMF, load condition, etc. Thus, to have a constant switching fre-
quency, a PWM technique is commonly used, but it is inferior to the hysteresis
technique in performance.

In the case of using a PWM technique, a motor voltage reference (or PWM
duty) is generated by the PI current controller from an error between the current
command I, and the actual current as

* KIL *
vV = (K,,C + T) L = Lac) (10.23)

here, K, and K. are the proportional and integral gains of the current controller,
respectively. These values can also be determined from the gains selection proce-
dure of a PI current controller that was explained in Chapter 2.

Finally, the actual active switches are determined by combining the PWM
switching signals with the operating mode signal decoded by using Hall effect
sensor signals.
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)

FIGURE 10.16
PWM techniques. (A) bipolar switching and (B) unipolar switching.

PULSE WIDTH MODULATION TECHNIQUES

In BLDC motor drives, there are two conventional PWM techniques for generat-
ing a motor applied voltage the as shown in Fig. 10.6: bipolar switching method
and unipolar switching method [9—10]. These are similar to the PWM techniques
of the H-bridge circuit for DC motor drives in Section 2.8. This similarity is due
to the facts that switches of only two phases are being driven in the three-phase
inverter for BLDC motor drives. However, there are several variations for the
unipolar switching method. Now let us examine these PWM techniques.

BIPOLAR SWITCHING METHOD

In the bipolar switching method, a PWM signal is applied to all switches of two
phases as shown in Fig. 10.16A. By contrast, in the unipolar switching method as
shown in Fig. 10.16B, a PWM signal is applied to the switches of only one phase
while one switch of the other phase is kept at an on-state. The bipolar method is
simple and can give a better transient response because +V,. or —Vj. is applied
across the phase winding. However, the current ripple (thus, torque ripple) and
switching losses are greater than those of the unipolar switching method. The
PWM gating signals by the bipolar switching method are shown in Fig. 10.17.

UNIPOLAR SWITCHING METHOD

In the unipolar switching method, switching losses can be reduced because the
PWM signal is applied to the switches of only one phase. In addition, since the
applied voltage to the phase windings is 0 and +V,. or 0 and —Vy,, the current
ripple is half of that of the bipolar switching method. Due to these advantages,
the unipolar switching method is more widely used for BLDC motor drives.
However, this method is complicated and has a slower response than the bipolar
switching method. In addition, circulating currents may occur in the inactive
phase windings. Thus this method is less favorable for precision servo drives.
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FIGURE 10.17
Bipolar switching method.

The unipolar switching method is also divided into several schemes according
to the executing switch. In the upper switch PWM scheme in Fig. 10.18A, the
PWM signal is applied to the upper switch only while the lower switch is kept at
an on-state. On the other hand, in the lower switch PWM scheme in Fig. 10.18B,
the PWM signal is applied to the lower switch only while the upper switch is
kept at an on-state. In these two schemes, however, the utilization of switches and
switching losses are biased because only one specific switch makes a continuous
switching.

As types of improved schemes through uniform switching, there are on-going
PWM scheme and off-going PWM scheme [9]. In the on-going PWM scheme
shown in Fig. 10.18C, the PWM signal is applied to each switch during the front
60° part of the 120° conduction interval. In the off-going PWM scheme shown in
Fig. 10.18D, the PWM signal is applied to each switch during the latter 60° part
of the 120° conduction interval.

These unipolar PWM schemes have a disadvantage of having an increased rip-
ple torque and a lowered efficiency because of ripple current, which occurs in the
inactive phase windings due to diode freewheeling. The magnitude and direction
of the ripple current depends on the PWM schemes. We can see, from Fig. 10.19,
the ripple current during the inactive interval for unipolar PWM schemes that
were explained above. In addition, the bipolar switching method has no ripple
current due to no diode freewheeling. The PWM scheme, which is called
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Different schemes of the unipolar switching method. (A) upper switch PWM, (B) lower
switch PWM, (C) on-going PWM, and (D) off-going PWM.
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FIGURE 10.19
Comparison of phase and torque for PWM schemes.
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PWM_ON_PWM scheme, to eliminate diode freewheeling in the inactive phase
has been developed [10]. In this scheme the switches are in PWM mode in the
beginning 30° and the last 30° zones, and in continuous on-state in the middle
60° zone of the 120° conduction interval.

As it can be seen from above, characteristics such as ripple torque during
commutation, switching losses, and sensorless control performance vary accord-
ing to different unipolar PWM schemes. The torque ripple comparison of PWM
schemes is shown in Fig. 10.19.

SENSORLESS CONTROL OF BRUSHLESS DIRECT
CURRENT MOTORS

As described in the Section 10.2, Hall effect sensors for obtaining the rotor posi-
tion are indispensable for BLDC motor drives. However, since the position sen-
sors increase the cost and size of the motor and reduce the reliability of a drive
system, a BLDC motor drive without position or speed sensors is becoming more
popular.

Various sensorless methods for BLDC motors have been seen in the literature
[11—15]. One well-known method is the back-EMF-based method [11]. There is
also a method based on the current of the freewheeling diodes of the noncommu-
tation phase [13] and a method based on a flux observer. Among these, we will
explore the back-EMF-based method, which is the most widely used for low-cost
applications such as fan, pump, and compressor drives due to its easy principle
and implementation.

SENSORLESS CONTROL BASED ON THE BACK-
ELECTROMOTIVE FORCE

The back-EMF of a motor includes information on the magnetic flux. Thus the
rotor position can be obtained by detecting the back-EMF. It is hard to measure the
back-EMF of AC motors because all three windings are excited at all times. On
the other hand, in three-phase BLDC motor drives, since only two of the three-
phase windings are conducting at a time, the back-EMF appears in the open wind-
ing of the nonconducting phase. Thus the back-EMF can be detected by sensing the
voltage of the nonconducting phase. In BLDC motors, we can consider that the
nonconducting phase winding plays the role of a sensor to detect the position.

In this case, there is no need to detect the whole waveform of the back-EMF.
Instead, the commutation instants can be identified by detecting only the zero
crossing point (ZCP) of the back-EMF. From Fig. 10.20, we can easily see that
the back-EMFs of a nonconducting phase always pass through zero (see the parts
arrows are indicating). For example, in Section 2 where phase as and cs are
conducting and phase bs is nonconducting, we can identify that the back-EMF of
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FIGURE 10.20
ZCPs of the back-EMF.

phase bs passes through zero. In addition, it can be seen that the commutations
happen 30 electrical degrees after the ZCPs of the back-EMFs.

Therefore, without any position sensor, the phase commutation is made possi-
ble by detecting the ZCPs of the back-EMFs.

For three-phase Y-connected windings, the back-EMF across a phase can be
obtained directly from measuring the phase terminal voltage referred to the
neutral point of windings as shown in Fig. 10.21. However, in most cases, the
neutral point of windings is not accessible. Thus the most commonly used method
is to create a virtual neutral point by using the three-phase terminal voltages.

The back-EMF-based methods have the following problems. When measuring
the terminal voltage, a large amount of electrical noise is induced on the sensed ter-
minal voltage due to PWM switching signals driving the motor. Low-pass filters
are usually used to remove unwanted switching noise, but the phase delay of the
low-pass filter causes a commutation delay at high speeds. In addition, attenuation
by a voltage divider will be required to lower the level of the sensed signal to an
acceptable range of the control circuit. This lowers the signal-to-noise ratio at low
speeds, resulting in degradation of low-speed operation performance. Moreover, the
commutation happens 30 electrical degrees after the ZCPs of the back-EMFs. It is
hard to obtain commutation instants precisely when the operating speed is chang-
ing. To improve these problems, the back-EMF integration the third harmonic volt-
age integration, and the method detecting the conducting current of the
freewheeling diodes in the unexcited phase have been presented [13—14].
However, they still have a low accuracy problem at low speeds.
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Back-EMF detection circuit.
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FIGURE 10.22

Back-EMFs according to unipolar PWM techniques: (A) upper switch PWM, (B) lower
switch PWM, (C) on-going PWM, and (D) off-going PWM.

We have just now discussed the ZCPs of the back-EMF waveforms for a
six-step drive in Fig. 10.20. However, BLDC motors are usually driven by using
a PWM technique. In this case, PWM signals are superimposed on the back-EMF
waveforms, as can be seen in Fig. 10.22. Thus, The ZPSs are obscured by the
PWM signals. Several improved back-EMF sensing methods linked to PWM tech-
niques, which require neither a virtual neutral voltage nor a great amount of filter-
ing, have been introduced [14].
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However, these back-EMF-based methods have intrinsic restrictions on low-
speed operations where the back-EMF becomes insufficient. In addition, since
there is no information on the back-EMF at start-up, an additional method for
start-up is needed. Commonly, a sensorless BLDC motor is first started using
initial rotor position detection method and brought up to a certain speed by an
open-loop operation. When the motor reaches a speed where the back-EMF is
sufficient to be sensed, the operation is transferred to the sensorless control.
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Absolute encoder, 375—376
Active voltage vector, 301—-304, 310
Actual efficiency and ideal efficiency, 120f
Air-gap flux—oriented (AFO) control, 212
Air-gap power, 114
distribution of, 115f
Alnico magnets, 167
Alternating current (AC) motors, 1, 2f, 4—7, 6f,
36, 39, 95
AC motor drive applications, 266
AC power supply applications, 266—267
induction motors, 95—142
characteristics of, 112—122
determining equivalent circuit parameters for,
128—131
effect of rotor resistance, 124—127
equivalent circuit of, 104—112
fundamentals of, 99—104
operating modes of, 123—124
operation regions of, 139—142
speed control of, 131—138
structure of, 96—99
position sensors, 373—376
resolver, 373—375
rotary encoder, 375—376
sensorless control of, 382—387
speed estimation using incremental encoder,
377-381
M method, 378—-379
M/T method, 380—381
T method, 379—380
synchronous motors, 143—152
cylindrical rotor synchronous motors,
144—148
salient pole rotor synchronous motors,
148—151
starting of, 151—152
Alternating current (AC) motors, current regulator
of, 247
complex vector current regulator, 263 —264
feedforward control, 259—262
for induction motors, 261
for permanent magnet synchronous motors,
261-262
hysteresis regulator, 248—250
ramp comparison current regulator, 250—251

stationary reference frame d—g current
regulator, 252—-254
synchronous frame PI current regulator, gain
selection of, 256—259
synchronous reference frame d—g PI current
regulator, 255—-256
Alternating current (AC) motors, high-speed
operation of, 341
field-weakening control for induction motors,
343-357
classic field-weakening control method, 344
maximum torque, producing, 347—357
voltage- and current-limit conditions,
344-347
permanent magnet synchronous motor, 357—370
high-speed operation of, 360—366
surface-mounted permanent magnet
synchronous motor, 366—370
Alternating current (AC) motors, vector control of,
203
conditions for instantaneous torque control of
motors, 204—206
induction motor, 206—234
combined flux estimation method, 230—232
detuning in the indirect vector control,
223-225
direct vector control based on the rotor flux,
212-220
indirect vector control based on the rotor flux,
220-223
instantaneous torque control, 207—212
proportional —integral flux controller,
233-234
rotor flux linkages estimation based on rotor
voltage equations, 228—230
rotor flux linkages estimation based on stator
voltage equations, 226—228
permanent magnet synchronous motors,
234-245
Interior Permanent Magnet Synchronous
Motor, vector control of, 238—245
Surface-Mounted Permanent Magnet
Synchronous Motor, vector control of,
236—-238
Alternating current (AC) motors modeling and
reference frame theory, 153
d—q axes model of an induction motor,
188—197
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Alternating current (AC) motors modeling and
reference frame theory (Continued)
flux linkage equations in, 190—193
torque equation in, 193—197
voltage equations in, 189—190
d—gq axes model of permanent magnet
synchronous motor, 197—201
flux linkage equations in, 198—200
torque equation in, 200—201
voltage equations in, 198
inductance between stator and rotor windings,
160—163
permanent magnet synchronous motor, modeling
of, 163—174
model of, 169—174
structure of, 164—169
reference frame transformation, 174—188
by complex vector, 185—188
d—q reference frame, types of, 175—176
by matrix equations, 176—184
rotor windings, 158—159
stator windings, 157—158
Anti-windup control, 73—74
Anti-windup controller, 73—74, 90, 262
proportional —integral current controller, gains
selection procedure of, 74
Arago’s Disk, 95—96, 96f
Armature circuit, 42
Armature voltage control, 45—46, 46f
Armature winding, 39, 41—-42, 42f, 143—144
Asynchronous motor, 6, 95
Average torque control technique, 203
Axial-flux type BLDC motor, 393—394
Axial-flux type PMSMs, 165—166

Back calculation method, anti-windup control by,
73f, 74f
Back-electromotive force (back-EMF), 13b,
42—43, 342343, 345-346, 383
sensorless control based on, 412—415
Bandwidth, 65b, 72
of speed control, 77
Base speed, 140, 142, 341, 350—351
Bipolar switching method, 83, 84f, 409, 409f, 410f
Blanking time. See Dead time
Blocked rotor test, 130—131, 130f
Breakdown torque region, 116—117, 139, 142,
1421
Brushless direct current (BLDC) motors, 1, 389
configuration of, 390—394
construction of, 393—394
control of, 406—408

current control, 408
speed control, 406—408
versus direct current motors, 390—391
driving principle of, 394—397
Matlab/Simulink simulation, 4055
modeling of, 398—405
torque equation, 401—405
voltage equations, 398—401
versus permanent magnet synchronous motors,
391-393
pulse width modulation techniques, 409—412
bipolar switching method, 409
unipolar switching method, 409—412
sensorless control of, 412—415
based on back-electromotive force, 412—415
Butterworth filter, 231, 2315

c

Carrier wave, 292b
Clark’s transformation, 178
Classification of electric motors, 1, 2f
Closed-loop control, 58—60, 58f
feedback control, 58—60
integral controller (I controller), 59, 59f
proportional controller (P controller), 58, 58f
proportional—integral controller, 59, 60f
feedforward control, 60—61, 61f
Closed-loop frequency response, 65, 71f
Closed-loop transfer function, 52b, 70, 78
Commutation, 396
of phase currents, 402f
torque ripple during, 402—405
Complex vector current regulator, 263—264
Complex vector synchronous frame current
regulator, 263—264, 264f
Compound motor, 39
Configuration of electric motors, 3—4, 3f
Constant power region, 48—50, 140—142, 141f,
350—352, 361—-366, 368—370
Constant torque region, 48, 139
operation characteristics in, 140f, 349—350,
349f, 360—361
Constant voltage constant frequency (CVCF)
inverter, 266—267
Constant volts per Hertz control, 134—136
Continuous modulation, 310—311
Continuous pulse width modulation (CPWM)
methods, 311
Critical damping, 54
Current model, 226, 228—230
Current source inverter (CSI), 265, 266f
Cylindrical motors, 26
Cylindrical rotor configuration, 23, 23f



Cylindrical rotor synchronous motors, 144—148
output power and torque for, 148f
per phase equivalent circuit of, 146f
torque of, 147—148

Cylindrical stator and rotor configurations, 23f, 96

Damping ratio, system responses according to,
53-54, 54f
Dead time, 269—270, 331338
compensation, 336—338
negative current, 337—338
positive current, 336—337
effect, 333—-336
Decoupling control. See Feedforward control
Deep-bar rotor, 125—126
effective resistance and output torque in, 126f
versus normal rotor, 125f
Detuning effects, 224, 224f
reference frame error due to, 225f
Digital controllers, 37
Direct current (DC) motors, 1, 2f, 4—5, 5f, 25, 36,
39
block diagram for, 51f
and brushless direct current motors, 390—391
capability curve of, 49f
closed-loop control, 58—60, 58f
feedback control, 58—60
feedforward control, 60—61, 61f
configuration, 39—42, 40f
control system, configuration of, 56
control system, design consideration of, 61—66
gain margin and phase margin, 63—64
response time/speed of response, 64—65
stability, 62—64
steady-state error, 65—66
current controller design for, 66—74
anti-windup controller, 73—74
PI controller, 66
proportional—integral current controller,
69—72
current control system, 68f
direct current motor drive system, simulation of,
86—-92
direct current motor modeling, 86—87
four-quadrant chopper modeling, 91-92
mechanical system modeling, 87—89
proportional—integral current controller
modeling, 89
proportional—integral speed controller
modeling, 90
equivalent circuit of, 43f
modeling of, 42—44
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armature circuit, 42
back-electromotive force, 42—43
mechanical load system, 44
torque, 43—44
open-loop control, 57—58, 57f
operation regions of, 48—50
constant power region, 48—50
constant torque region, 48
power electronic converter for, 82—85
four-quadrant chopper, 82
switching schemes, 83—85
simple driving circuit for, 82f
speed controller design, 75—81, 75f
integral-proportional
controller, 79—81
proportional—integral speed controller,
75-79
steady-state characteristics of, 45—50
armature voltage control, 46, 46f
field flux control, 47—48, 47f
transient response characteristics of, 50—55
Direct current (DC) power, 36, 95
Discontinuous modulation, 310—311
Discontinuous PWM techniques, 311—317
30-degree, 313317
60-degree, 311-312
60-degree ( = 30-degree), 312
=+ 120-degree, 312—313
Distributed winding, 97—98, 100—101, 164, 164f
Double sampling, 338
Double-cage rotor, 126, 127f
Doubly fed machine, 20, 21f, 25f
d—q axes current regulators, 252—259
stationary reference frame d—g current
regulator, 252—-254
synchronous frame PI current regulator, gain
selection of, 256—259
for induction motors, 257—258
for permanent magnet synchronous motors,
258-259
synchronous reference frame d—q PI current
regulator, 255—-256
d—q axes model
of induction motor, 188—197
flux linkage equations, 190—193
torque equation, 193—197
voltage equations, 189—190
of permanent magnet synchronous motor,
197-201
flux linkage equations, 198—200
torque equation, 200—201
voltage equations, 198
d—q transformation, 174
Dynamic braking, 33
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Dynamic equation of motion, 27—32
gears/pulleys, system with, 31—-32
translational motion and rotational motion,

combination system of, 30—31

Dynamic overmodulation methods, 325—327

minimum-magnitude-error pulse width
modulation method, 326

minimum-phase-error pulse width modulation
method, 325—-326

overmodulation method considering the
direction of current, 327

E
Efficiency, defined, 119
Electric and magnetic parts of electric
motors, 3f
Electric drive system, 35—37, 56f
configuration of, 35f
digital controllers, 37
electric motors, 36
power electronic converters, 36—37
power supply, 36
sensors and other ancillary circuits, 37
Electromagnetic induction, 1, 6, 95
Electromechanical energy conversion, 7, 7f
Electromotive force (EMF), 95—96

F

Faraday’s law, 13b, 99, 107—108
Feedback control, 58—60
integral controller, 59, 59f
proportional controller, 58, 58f
proportional—integral controller, 59, 60f
Feedforward compensation technique, 336
Feedforward control, 60—61, 61f, 259—262
for induction motors, 261
for permanent magnet synchronous motors,
261—-262
Feedforward field-oriented control, 223
Feedforward field-weakening control method,
355—-357
Ferrite (or ceramic) magnets, 167
Ferromagnetic materials, 8, 96
Field flux control, 45, 47—48, 47f
Field winding, 39, 143—144
Field-oriented control, 203—204, 209—-210
Field-weakening control for induction motors,
343-357
classic field-weakening control method, 344
feedback method, 343
feedforward method, 343
maximum torque, producing, 347—357

constant torque region, 349—350
field-weakening region I, 350—352
field-weakening region II, 352—357
voltage- and current-limit conditions,
344-347
current-limit condition, 346—347
voltage-limit condition, 344—346, 346f
Field-weakening region, 48—50, 139
Final value theorem, 65
Flux angle, 210—-212
Flux estimation method, combined, 230—232
Flux linkage equations, in d—q axes, 190—193,
198—200
Flux—current characteristic, 9f
magnetic energy in, 13f
Flux-producing current, 207—209, 214
Flux-weakening operation, 364—365
concept of, 358f
onset of, 364f
optimal currents in, 365f
optimal current vector in, 365f
Flux-weakening region, optimal current trajectory
in, 366f
Force for a current carrying conductor, 44f
Force on a conductor, 40f
Forward braking (generating) mode, 35
Forward motoring mode, 34
Four-quadrant chopper, 82, 91-92
Four-quadrant operation modes, 33—34, 33f
in elevator drive, 34f
Fractional-pitch winding, 108
Frequency modulation index, 295
Frequency response, 6156
closed-loop, 71f
open-loop, 70f, 75—76
Full-bridge inverter, 275, 275f

G

Gain margin, 62—64, 63f

Gate turn-off (GTO) thyristor, 36—37, 268
Gears/pulleys, system with, 31—-32
Generalized rotating transformation, 176
Generating mode, 32—33

H

Hall effect sensors, 37, 217—220, 226, 395—396,
395b, 408, 412

Harmonic distortion factor (HDF),
313-315, 314f

H-bridge circuit, 82, 83f

Hysteresis regulator, 248—250

operation principle of, 249f
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Ideal efficiency, 120—122, 120f
Incremental encoder, 236, 375—376, 375f
speed estimation using, 377—381
Induced voltage, 135, 106, 109
for a moving conductor, 252f
Inductance of the coil, 10f
Induction motor, 5—6, 26, 95—142
back-electromotive force of, 140
capability curve of, 143f
characteristics of, 112—122
efficiency, 119—122
input power factor, 113
output torque, 113—117
stable operating point, 117—119
stator current, 112—113
combined flux estimation method, 230—232
determining equivalent circuit parameters for,
128—131
blocked rotor test, 130—131
measurement of stator resistance, 128—129
no-load test, 129—130
detuning in indirect vector control, 223—225
direct vector control based on rotor flux,
212-220
induction motor drive system by the direct
vector control, 215—220
relation between d-axis stator current and
rotor flux linkage, 213—-214
relationship between g-axis stator current and
output torque, 214—215
d—gq axes model of, 188—197
flux linkage equations in, 190—193
torque equation in, 193—197
voltage equations in, 189—190
effect of rotor resistance, 124—127
equivalent circuit of, 104—112
rotor circuit, 109—112
stator circuit, 105—108
feedforward control for, 261
field-weakening control for, 343—357
classic field-weakening control method, 344
maximum torque, producing, 347—357
voltage- and current-limit conditions,
344-347
flux controller of, 232—234
proportional—integral flux controller,
233-234
fundamentals of, 99—104
rotating magnetic field, 100—104
generation mode, 123
indirect vector control based on rotor flux,
220—-223
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instantaneous torque control, 207—-212
flux angle, 210—212
instantaneous torque control method of, 210f
modeling of, 154—163
inductance between stator and rotor windings,
160—163
rotor windings, 158—159
stator windings, 157—158
motoring mode, 123
operating modes of, 123—124
operation regions of, 139—142, 139f
breakdown torque region, 142
constant power region, 140—141
constant torque region, 139
plugging mode, 124
power-flow diagram in, 114f
proportional—integral gains for, 257—258
regenerative braking, 123—124
rotor flux linkages estimation
based on rotor voltage equations, 228230
based on stator voltage equations, 226—228
speed control of, 131—138
closed-loop speed control, 136—138
slip control, 131—-133
synchronous speed control, 133—136
stator and rotor windings of, 154f, 155f
structure of, 96—99, 97f
rotor, 98—99
stator, 97—98
Inner rotor type, 167—169, 393—394
Instantaneous torque control, 203—204
of induction motor, 207—212
Insulated gate bipolar transistor (IGBT), 36—37,
268
switching characteristics of, 332f
Integral controller, 59, 59f
Integral windup, 73
Integral-proportional (IP) controller, 79—81
Integrated gate-commutated thyristor (IGCT),
36—37, 268
Interior permanent magnet synchronous motor
(IPMSM), 166—167, 169—170, 357—358,
360, 362
high-speed operation of, 360—366
constant power region, 361—366
constant torque region, 360—361
rotor and its equivalent of, 170f
rotor configurations of, 167f
self-inductance of, 171
surface-mounted permanent magnet
synchronous motor, 366—370
constant power region, 368—370
International Electrotechnical Commission (IEC),
127
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Inverters, 265—288

basic circuit, 267f

single-phase full-bridge inverters, 275—277

single-phase half-bridge inverters, 271—-274

switching devices for, 268f

three-phase inverter using switching functions,
283—-288

three-phase square wave inverter (six-step
inverter), 277—283

voltage source inverters, 267—271

output voltage of basic circuit, 269—271

K

Kramer drive system, 133

L

Leakage flux, 105

Lenz’s law, 13b, 100

Linear modulation range, 293

Linear motion device, 13—17, 14f

Linear region, 9

Line-to-line voltages, 278, 279f, 282

Load torque, 29, 300

Lorentz force, 95—96

Lower switch PWM scheme, 410, 411f, 414f

M

M method, 378—379, 378f
M/T method, 380—381, 381f
Magnetic energy, 8—13
in the flux—current characteristic, 13f
Magnetic field energy increment, 21
Magnetic flux, 3—4, 8-9, 11>
Magnetic system, 7, 11f
Magnetization curve, 9
Magnetizing flux, 105, 145, 157—158
Magnetomotive force (mmf), 10, 115
Magnitude invariance transformation, 178
MATLAB/Simulink, 86—92, 195b, 219b, 244b
direct current motor modeling, 86—87
four-quadrant chopper modeling, 91—-92
mechanical system modeling, 87—89
proportional —integral current controller
modeling, 89
proportional —integral speed controller
modeling, 90
Maximum torque per ampere (MTPA), 237, 348f,
349, 360
control, 238—239
current-limit circle and MTPA trajectory, 363f
d—q Axes current commands for, 360f

Maximum torque per voltage (MTPV), 352,
364—365
Mechanical load system, 27—35, 44, 87f
dynamic equation of motion, 27—32
gears/pulleys, system with, 31—32
translational motion and rotational motion,
combination system of, 30—31
operation modes of electric motor, 32—35
Mechanical system, 7, 87—89
Metal oxide semiconductor field effect transistor
(MOSFET), 268
Minimum-magnitude-error pulse width modulation
method, 326, 326f
Minimum-phase-error pulse width modulation
method, 325—326, 325f
Model reference adaptive control (MRAC)
method, 385
Modulating wave, 292b
Modulation index (MI), 290
Moment of inertia, 28, 28b
Motor characteristics according to speed, 342f,
343f
Motor control system, configuration of, 57f
Movable part, movement of, 14, 14f
Multilevel inverter, 268
Mutual-inductance, 195, 153
between stator as winding and the rotor ar
winding, 160f
between stator winding and magnet, 173f

National Electrical Manufacture’s Association
(NEMA), 127

Naturally sampled PWM, 297

Neodymium magnet, 165

Neodymium—iron—boron (NdFeB) magnets, 168

Neutral voltage, in Y-connected three-phase load,
282283, 283f

Neutral-point clamped inverter, 268

Newton’s second law of motion, 27

No-load test, 129—130, 129f

Nonfeedback control. See Open-loop control

N-turn coil, flux linkage of, 9

0

Off-going PWM scheme, 410, 411f, 414f

“l/w,” method, 354

On-going PWM scheme, 410, 411f, 414f
Open-loop control, 57—-58, 57f

Open-loop frequency response, 69—70, 70f, 75—76
Open-loop transfer function, 69, 75

Operating principle of electric motors, 3—7



alternating current motor, 5—7, 6f
configuration of electric motors, 3—4, 3f
direct current motor, 5, 5f
Operation modes of electric motor, 32—35, 33f
Optical incremental encoder, operating principle
of, 376, 376f
Optimal PWM, 291
Outer rotor type, 164, 393—394
Output torque of three-phase BLDC motor,
401—-405
torque ripple during the commutation, 402—405
Output voltage control of an inverter, 289f
Output voltage of basic circuit, 269—271
Overdamping, 54
Overmodulation, 323—331
considering the direction of current, 327
dynamic overmodulation methods, 325—327
minimum-magnitude-error pulse width
modulation method, 326
minimum-phase-error pulse width modulation
method, 325-326
overmodulation method considering the
direction of current, 327
steady-state overmodulation methods, 327—331

P

Park’s transformation, 176, 180
Permanent magnet synchronous motor (PMSM),
34, 143, 152, 163, 225, 234245,
258-259, 373, 382, 390
and brushless direct current motors, 391—393
configurations, 166f
different structures for the stator and rotor of,
164f
d—q axes model of, 197—-201
flux linkage equations in, 198—200
torque equation in, 200—201
voltage equations in, 198
feedforward control for, 261—262
flux-weakening control for, 357—370
modeling of, 163—174
rotor, 165—169
stator, 164—165
structure of, 164—169
operation region of, 358, 358f
output power according to speed regions of,
3591
proportional—integral gains for, 258 —259
rotor of, 165
rotor topologies of, 166f
speed regions of, 359
vector control of Interior Permanent Magnet
Synchronous Motor, 238—245

Index

vector control of Surface-Mounted Permanent
Magnet Synchronous Motor, 236—238
Permanent magnets, 1675
temperature effects on, 168
Phase margin, 62—64, 63f
Pole voltage, 268
and phase voltage, 2817
Fourier series, 272b
of three-phase inverter, 278f
Pole-zero cancellation, 69, 256—257, 263
Position observer, 381
Position sensors, 373—376
resolver, 373—375
rotary encoder, 375—376
optical incremental encoder, operating
principle of, 376
Power bipolar junction transistor (BJT), 36—37
Power electronic converter for DC motors, 36—37,
8285
four-quadrant chopper, 82
switching schemes, 83—85
bipolar switching scheme, 83
unipolar switching scheme, 83—85, 85f
Power invariance transformation, 178
Power metal oxide semiconductor field effect
transistor (MOSFET), 36—37
Power supply, 36
Powering mode, 271
Prime mover, 1
Programmed PWM technique, 290—291
Proportional controller, 58
Proportional —integral current controller, 59, 60f,
66, 69—72, 231
gains selection procedure of, 74
modeling, 89
selection of the bandwidth for current control,
71-72
Proportional—integral flux controller, 233—234
Proportional—integral speed controller, 75—79
drawback of, 78—79
gains selection procedure of, 77
selection of the bandwidth of speed control, 77
Proportional—integral speed controller modeling,
90
Pull-out torque, 116—117, 147—148
Pulse per revolution (PPR), 375
Pulse width modulation (PWM) inverters, 265,
288—310
current measurement, 338—339
dead time, 331—338
compensation, 336—338
effect, 333—336
discontinuous PWM techniques, 311—-317
30-degree, 313—-317
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Pulse width modulation (PWM) inverters
(Continued)
60-degree, 311-312
60-degree ( = 30-degree), 312
=+ 120-degree, 312—313
inverters, 265—288
basic circuit of, 267f
single-phase full-bridge inverters, 275—277
single-phase half-bridge inverters, 271-274
switching devices for, 268f
three-phase inverter using switching
functions, 283—288
three-phase square wave inverter (six-step
inverter), 277—283
voltage source inverter, 267—271
overmodulation, 323—331
dynamic overmodulation methods, 325—327
steady-state overmodulation methods,
327-331
programmed PWM technique, 290—291
PWM technique based on offset voltage,
317-323
space vector PWM technique implementation,
319-323
sinusoidal PWM technique, 291—-297
space vector PWM technique, 300—310
principle of, 302—304
symmetrical space vector pulse width
modulation technique, 304—310
third harmonic injection PWM technique,
298—-300
Pulse width modulation (PWM) technique, 82,
344-345
Pulse width modulation (PWM) waveform, 227,
385
Pulse-based compensation technique, 336
PWM_ON_PWM scheme, 410—412

R

Radial-flux type BLDC motor designs, 393—394
Radial-flux type PMSMs, 165—166
Ramp comparison current regulator, 250—251, 251f
Rare-earth magnets, 167—168
Reference frame transformation, 153—154,
174—188
by complex vector, 185—188
d—q reference frame, types of, 175—176
by matrix equations, 176—184
transformation between reference frames,
179—184
transformation of abc variables into dgn
variables in the stationary reference frame,
178—179

Reference winding, 374
Regeneration mode, 271
Regenerative braking, 33, 123—124
Regular-sampled PWM, 297, 297f
Reluctance, 10, 17
Reluctance motor, 4, 18, 26
Reluctance torque, 18, 238
Remanence, 168
Residual flux density, 168
Resolver, 373375, 374f
Reverse braking (generating) mode, 35
Reverse motoring mode, 35
Rotary encoder, 375—376
Rotating machine, 18—26, 18f
direct current motor, 25
induction motor, 26
synchronous motor, 26
Rotating magnetic field, 100—104, 111f
Rotating reference frame, 175—176
Rotation of electric motors, 4, 4f
Rotor, 3
Rotor equivalent circuit, 110, 110f
Rotor flux angle, 212f, 213, 216—220, 223
Rotor flux linkage, 21, 212, 214
Rotor flux linkage vector, 212
Rotor flux—oriented (RFO) control, 212
Rotor reference frame, 176
Rotor voltage equations, rotor flux linkages
estimation based on, 228—230
Rotor windings, 99, 104, 111112, 143—144
inductance of, 158—159

)

Salient pole rotor synchronous motors, 144,
148—151
equivalent circuit of, 150f
phasor diagram of, 150f
torque of, 149—151
Samarium—cobalt (SmCo) magnets, 167—168
Saturation region, 9
Scalar control method, 203
Scherbius drive system, 133
Self-excited DC motor, 39
Self-inductance, 19, 195, 19f, 153
Sensorless control, 223
of AC motors, 382—387
of brushless DC motors, 412—415
Sensorless techniques
using characteristics of motor, 385—387
using motor model, 383—385
Sensors and other ancillary circuits, 37
Separately excited DC motor, 39, 204, 205f, 206
Series motor, 39



Shaft type rotary encoders, 375

Shoot-through condition, 269, 269f

Short-pitch winding, 108

Shunt motor, 39

Silicon carbide, 36—37

Simulink block diagram of mechanical load

system, 87f

Single-phase full-bridge inverters, 275—277, 275f
load voltage, 276f
operation, 276f

Single-phase half-bridge inverter, 271-274, 271f

Single-phase or three-phase AC voltage sources,

36
Sinusoidal PWM (SPWM), 289, 291297,
344-345

line-to-line voltage for, 296f
overmodulation on, 298f
pole voltage for, 295f
voltage modulation range for, 293f
Six-step inverter, 279—280
MATLAB/Simulink simulation, 287h
phase voltage of, 290f
Slip energy, 133
Slip energy recovery system, 133
Slip frequency, 110, 136—138
Slip speed, 109
Space vector PWM (SVPWM) technique, 290,
300—-310, 344—-345
principle of, 302—304
symmetrical space vector pulse width
modulation technique, 304—310
Speed control, selection of the bandwidth of, 77
Speed controller design, 75—81, 75f
integral-proportional controller, 79—81
proportional—integral speed controller, 75—79
drawback of, 78—79
gains selection procedure of, 77
speed control bandwidth, selection of, 77
Speed estimation using incremental encoder,
377-381
M method, 378—379
M/T method, 380—381
T method, 379—-380
Speed voltages, 189, 255
Speed—torque characteristic of a DC motor in the
steady-state, 45f
Square wave inverter, 267, 271, 277—278
Squirrel-cage induction motors, 124—125
Squirrel-cage rotor, 98—99, 98f
State feedback decoupling control, 262—264, 263f
State filter, 381
Stationary reference frame, 175, 178—179
d—q current regulator, 252—254
Stator, 3
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Stator and rotor windings, 104
inductance between, 21, 160—163
Stator flux linkage, 21, 105, 144
Stator flux-oriented (SFO) control, 212
Stator phase winding, 98f
Stator voltage equations, 170
rotor flux linkages estimation based on,
226228
Stator windings, 97, 97f
equivalent circuit of, 106f
inductance of, 157—158, 159f
Steady-state overmodulation methods, 325,
327-331
Step speed command, transient response to, 50,
S51f
Stray-load loss, 119
Surface-mounted permanent magnet synchronous
motor (SPMSM), 165—166, 169, 357—358
high-speed operation of, 366—370
Switching schemes, 83—85
bipolar switching scheme, 83, 84f
unipolar switching scheme, 83—85, 85f
Switching sequence in two-phase modulation, 310f
Symmetrical space vector pulse width modulation
technique, 304—-310
Synchronous frame current regulator, 255f, 256
and stationary frame regulators, 256f
Synchronous frame PI current regulator, gain
selection of, 256—259
proportional —integral gains
for induction motors, 257—258
for permanent magnet synchronous motors,
258-259
Synchronous motors, 5—6, 26, 95, 143—152
categories of, 164f
cylindrical rotor synchronous motors, 144—148
phasor diagram for, 148f
salient pole rotor synchronous motors, 148—151
starting of, 151—152
synchronization in, 152f
Synchronous reference frame d—g PI current
regulator, 255—-256
Synchronous reluctance motor, 20
Synchronous speed, 6, 20, 104
Synchronously rotating reference, 176

T

T method, 379—-380, 379f
Third harmonic injection PWM (THIPWM),
297-300, 299f
Three-level inverter, 268
basic circuit used in, 269f
Three-phase AC voltage source, 36, 99
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Index

Three-phase inverter, 278f, 283f
pole voltages of, 278f
using switching functions, 283 —288
Three-phase load, 247, 252—253, 253f
current control of, 248f
Three-phase modulation, 310
Three-phase square wave inverter (six-step
inverter), 277—283
Three-phase windings, 102—104, 102f
Torque control system of a DC motor, 206f
Torque production, continuous, 7—26
linear motion device, 13—17
magnetic energy, 8—13
rotating machine, 18—26
direct current motor, 25
induction motor, 26
synchronous motor, 26
Torque production in the motor, 204f
Torque-producing current, 214—215
Total harmonic distortion (THD), 273—274
Traction drives, 341
Translational motion and rotational motion,
combination system of, 30—31
Two-level inverter, 268
Two-phase modulation, 310, 310f

U

Underdamping, 54

Unipolar switching method, 409—412, 409f
Unipolar switching scheme, 83—85, 85f
Unit feedback system, 65, 65f

Unsaturated region, 9

Unstable system, 64f
Upper switch PWM scheme, 410, 411f, 414f

vV

Variable Voltage Variable Frequency (VVVF)
inverter, 138, 266
Vector control, 138, 204, 217
of Interior Permanent Magnet Synchronous
Motor, 238—245
of Surface-Mounted Permanent Magnet
Synchronous Motor, 236—238
Voltage equation
in d—gq axes, 189—190, 198
for a motor, 153
Voltage model, 226—228
Voltage source inverter (VSI), 265, 266f
basic circuit configuration of, 267—271
Voltage source inverter, 267—271
output voltage of basic circuit, 269—271
Voltage vector, rotation of, 302f
Voltage-limit condition, 344—346, 346f, 364—365

w
Wound rotor, 99, 99f
‘Wound-rotor type induction motors, 99, 132—133

Z

Zero voltage vector, 301, 305
Ziegler—Nichols method, 69



